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Summary

Fast switching of high voltage with a multilevel power amplifier

A

positioning of wafers to fulfil tasks such as exposure, inspection
or dicing, is typically achieved in semiconductor manufacturing by means
of high-precision fast-moving stages. The actual required position accuracy
is sub-nanometre, which results in stringent requirements on the output current
accuracy and bandwidth of the power amplifiers that drive the various actuators.
Advances in this area, among others, have led to increasingly small feature sizes.
Additionally, semiconductor manufacturers strive to minimise machine operating
cost by maximising its throughput. As a result, the demand for electrical power
increases continuously.
CCURATE

To be able to evaluate the performance of a power amplifier in a high-precision
mechatronic system, a holistic modelling approach is proposed in the thesis that
incorporates models of the corresponding mechanical, electrical and control systems.
This modelling method is independent of the actual implementation of the amplifier,
and provides insight into the impact of various error mechanisms of a power amplifier to the position accuracy of a mechatronic system. Furthermore, the obtained
desired values for output voltage, output current, and control bandwidth are used
as system parameters for the remaining research.
To increase both the output power and accuracy of the generated output current,
this thesis proposes power amplifiers that apply a relatively high supply voltage of
2 kV at a switching frequency higher than 50 kHz across the entire operating range.
This combination of a relatively high voltage and switching frequency together with
a high output current imposes challenges for the power amplifier, as at present,
reliable fast-switching devices with blocking voltages up to 2 kV are not available.
Various high-voltage topologies have been presented in the past, such as neutralv

vi
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point clamped, modular multilevel converter and flying capacitor. In these converters, multiple switches are connected in series to be able to switch a bus voltage that
is higher than the blocking voltage of each individual switch. As multiple voltage
levels are available within the switching stage of the amplifier, more complex current
waveforms can be induced in the filter inductor in order to minimise switching and
conduction losses. Furthermore, the application of a planar stage requires force
generation in horizontal and vertical direction, demanding a power amplifier architecture that can generate both AC and DC currents. The flying capacitor converter
is the only topology that incorporates this ability without auxiliary circuitry, as the
current through the flying capacitor can be driven in both ways, irrespective of the
sign of the output current.
An analytical modelling method is introduced that incorporates trapezoidal current waveform generation for a resonant pole inverter, which is used to control
the average current through the filter inductor. To minimise the switching losses
resulting from the high switching frequency, a soft-switching multilevel modulation strategy has been devised. A charge-based analysis applied to the analytical
modelling method, ensures sufficient charge is available to achieve soft switching
of all switches over the entire operating range. This results in a complete analytic
description of the filter inductor current that can be implemented in the processor of
a control platform. Furthermore, the analysis is extended to include an increased
number of voltage levels.
Closed-loop output current control is added to the converter configuration to obtain
high accuracy. A generic modelling method of a current-controlled current amplifier,
in this case the flying capacitor resonant pole inverter, is derived. Active damping
of the corresponding resonant circuit is added, and the application of a proportionalintegral-derivative (PID) controller gives ample loop gain for low frequencies to
provide disturbance rejection, and sufficient phase margin to give a stable closedloop system.
Simulation frameworks are developed that incorporate the flying capacitor circuit
configuration, trapezoidal filter current with the charge-based soft-switching modulation strategy, and closed-loop output current control. The results obtained using
DC setpoint currents for three-level and five-level configurations indicate proper
functioning of the charge-based analysis, resulting in soft switching for all examined
cases. Furthermore, simulations were run for an AC setpoint current, and the applied spectral analysis of the generated output current indicates that a relatively
high linearity is achieved for both configurations. For three-level modulation, the
resulting spurious-free dynamic range (SFDR) is 110 dB, and the value for the total
harmonic distortion (THD) is −100 dB. For five-level modulation, an SFDR of 108 dB
is obtained, and the THD is −97.9 dB.

S UMMARY

vii

Furthermore, generated estimates of the loss distribution for the analysed modulation strategies indicate that a significant potential loss reduction is obtained when
applying three-level soft switching compared to three-level hard switching. Applying five-level modulation results in lower inductor losses and lower losses per
switch, however the absolute total switch losses increase significantly due to the
circuit containing eight instead of four switches.
To verify the simulated amplifier performance, a hardware prototype was developed
with a five-level flying capacitor configuration capable of switching 2 kV with a
switching frequency of 50 kHz to 350 kHz. Measurement results using DC setpoint
currents for both three-level and five-level modulation indicate that soft switching
is achieved for almost all commutation intervals. Several nonidealities are observed,
such as control propagation delay and parasitic inductances, resulting in diminished
performance of the prototype. This is illustrated by the spectral analysis applied to
the measured AC output current. For three-level modulation, the resulting SFDR is
49.7 dB and the THD is −43.0 dB, and their obtained equivalent for five-level modulation are 47.3 dB for the SFDR and −42.4 dB for the THD. Nonetheless, the results
indicate that for both three-level and five-level modulation, proper functioning of
the modulation strategies, and fast switching of high voltage are achieved.
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Introduction

fabrication process of semiconductor devices, as used in integrated circuits
(ICs) present in various modern-day electrical and electronic devices, is highly
complex. It consists of a repeated sequence of photolithographic and chemical
processing steps, during which multiple semiconductor circuits are gradually created
on a single silicon wafer. The photolithographic exposure steps are easily recognised
as the most demanding and therefore critical. During an exposure step, the pattern
of a reticle (photomask), containing the circuit layout of a single layer for a single
IC , is projected onto the wafer, which is repeated for all semiconductor circuits on a
wafer. As an IC contains several layers, the fabrication of a single high-end processor
for instance, might require up to 50 lithography steps. This illustrates the substantial
influence of lithography equipment on the complete production process [66].
HE

A well-known observation made by Gordon Moore states, since its revision in 1975,
that the number of transistors in a dense integrated circuit doubles approximately
every two years [62]. The semiconductor manufacturing industry has been capable
of keeping up with this historic trend by an incremental miniaturisation process
of the applied semiconductor devices. For instance, immersion lithography [95],
multiple patterning [42], and extreme ultraviolet lithography [118] are some of
the techniques applied to facilitate this. However, increased complexity in the
production process has a negative effect on the resulting cost per IC. To compensate
for this, productivity (throughput) has been increased over the years, among other
things by using higher speed and acceleration levels of the moving stages inside a
lithography machine. The resulting required peak mechanical power increases with
the third power of the throughput, giving equivalent increased power demands
1

2

C HAPTER 1

I NTRODUCTION

Ampliﬁers
Position
control

Wafer
Actuators
Output
currents
Sub-nm position
measurement

Figure 1.1

Magnet array

Outline of a high precision wafer positioning system as used in semiconductor manufacturing equipment. It comprises a moving stage
with sub-nanometre position measurement for position control, which
generates setpoints for the power amplifiers driving the actuators.
(Courtesy of ASML [66])

for the various power amplifiers driving the actuators involved. Furthermore, the
increased transistor density within an IC, and therefore decreased feature sizes of
the transistors, results in stringent requirements for the position accuracy of the
moving stages. Position errors reduce the sharpness of the projection and result in
misalignment of successive layers (reduced overlay performance) [10].
High-precision fast-moving stages, used for accurate positioning of wafers in a lithography machine, employ planar motors, where three-phase linear actuators of the
moving-coil type are applied to provide long-stroke displacement [18]. An outline of
the corresponding system is shown in Fig. 1.1, where two wafer stages are depicted
over a (large) magnet array [66, 67]. A second actuation system, incorporated in
the moving stage, provides the required high accuracy of the wafer positioning,
resulting in a dual-stage topology [40]. The actual position of a stage is measured
and fed to a position control system that generates setpoints for the power amplifiers
driving the various actuators [12]. The required position accuracy of the complete
system is in the sub-nanometre range, as it corresponds with approximately 10 % of
the cross-machine overlay [120]. This results in stringent requirements on the output
current accuracy and bandwidth of the power amplifiers [79].

1.1

Power amplifiers

The digital current setpoints, as generated by the position control system, are converted to (analogue) output currents by the power amplifiers to drive the linear
actuators of a stage. This thesis focuses on the three-phase power amplifiers, which
each drive an individual three-phase long-stroke actuator. Due to the relatively high

1.1

P OWER AMPLIFIERS

3

output power requirements, the respective amplifiers are implemented as switchedmode power converters. To increase the generated output power with respect to the
currently available amplifiers, the output voltage and/or output current are/is to
be raised. Furthermore, to obtain a high accuracy of the generated output current,
a high bandwidth and high switching frequency are required. The main challenge
for the three-phase power amplifier is to combine high output power with high
accuracy and bandwidth.

1.1.1

High voltage and high current

Since the actuators of the moving stages operate in a dynamic environment, it is
desirable to keep the weight and rigidity of the actuator cables low, as resulting
chaotic disturbance forces are cumbersome to model and compensate. Therefore,
increasing the processed power by facilitating a rise in operating voltage instead
of the operating current is favourable, as the resulting impact on cable mass is
significantly smaller. A substantial step up in output voltage of the amplifier is
therefore required.
Current power amplifiers have a supply voltage of around 600 V and employ MOS FET s as switching devices. In order to meet the requirements for future generation
semiconductor manufacturing equipment, a supply voltage of 2 kV is proposed.
The generated output current capability per phase is proposed to be raised only
marginally to an RMS value of 30 A and peak value of 80 A. Concurrent research
has been conducted towards the application of the relatively high voltage in linear
actuators [108], and the impact on the connectivity between the power amplifiers
and actuators [24].

1.1.2

High switching frequency and high precision

Due to the ongoing decrease of the feature sizes of transistors in ICs, the requirements
for the position accuracy of the moving stages become more stringent. This results
in increased accuracy requirements for the generated output currents of the power
amplifiers. For three-phase amplifiers, a high accuracy is commonly achieved by
applying closed-loop output current control with a high open-loop bandwidth,
and subsequently a high switching frequency. Current power amplifiers have
an open-loop (current control) bandwidth of around 1.5 kHz, and an operational
switching-frequency range of 20 kHz to 200 kHz. For the research presented in
this thesis, the open-loop bandwidth is proposed to be increased to 10 kHz, and a
minimum switching frequency of ≥ 50 kHz is proposed across the entire operating
range.
The resulting combination of a relatively high voltage and switching frequency,
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together with a high output current, imposes challenges for the power amplifier,
as at present, reliable fast-switching devices with blocking voltages up to 2 kV are
not available [109]. The introduction of switching devices based on wide bandgap
materials, such as silicon carbide (SiC) MOSFETs, enables reliable switching of up
to around 1 kV using a standard half-bridge [6, 31]. However, to be able to switch
the proposed supply voltage of 2 kV, a multilevel topology, where multiple switches
are connected in series to limit the voltage across each switch, is still required. Furthermore, the increased switch losses resulting from the higher switching frequency
have to be mitigated. Zero-voltage switching has been applied in previous research
for this purpose [54, 81, 110]. However, the respective previously presented modulation strategies require significant adaptation to achieve successful application to the
proposed power amplifier configuration.

1.2

Research objectives

In the previous section, several challenges related to fast switching of high voltage,
in order to obtain a power amplifier with a high output power and a high accuracy
of the generated output current, are discussed. Based on the respective challenges,
the following research objectives are defined:
• Development of a method of analysis to obtain insight in the impact of the
performance of a power amplifier on the performance of the mechatronic
system. The power amplifier is assumed to have a significant impact on the
position accuracy of the moving stage it drives, however this has not been
validated quantitatively in existing research. An analysis method is required,
where models containing electrical, mechanical and control parts are combined,
to simulate the dynamic behaviour of the complete system.
• Evaluation of converter topologies suitable for enabling fast switching of
high voltage. Several multilevel converter topologies have been previously
introduced that are potentially capable of facilitating the required combination
of a relatively high voltage, high current, and high switching frequency. The
respective topologies are to be evaluated according to the desired power and
accuracy figures.
• Development of a modulation strategy to minimise the generated losses in
the power amplifier. Due to the relatively high desired output power and
switching frequency, a modulation strategy is to be devised which results in
soft-switching and minimal circulating currents. The aim is to derive a set of
analytical equations that describe the operation of the converter, and can easily
be implemented on a control platform.

1.3
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• Analysis of classic control structures for power amplifiers to obtain a high
accuracy of the generated output current. A generic modelling method of the
electrical plant is to be derived that describes a respective power amplifier implementation. Subsequently, an output current controller can be designed for
a desired open-loop bandwidth, which enables the evaluation of the resulting
closed-loop behaviour.
• Verification of the topological concepts, modulation strategies, and control
methods using synthesised simulation frameworks, and measurements obtained with a hardware prototype. Simulation frameworks are to be developed where the electrical models, implemented modulation schemes, and
output current control structures are combined in order to evaluate the resulting performance of the complete system. The design and development
of a hardware prototype are required to generate measurements in order to
validate the presented theoretical results, and demonstrate fast switching of
high voltage.

1.3

Outline of the thesis

In chapter 2, an analysis method is introduced that combines models containing
electrical, mechanical and control parts, in order to evaluate the performance of
a power amplifier in a mechatronic system with respect to position accuracy. A
generic amplifier error model is incorporated which is independent of the actual
amplifier implementation. The simulation results generated for each individual
error component are used to evaluate the respective impact on the achieved position
accuracy.
The obtained desired values for output voltage, output current, and control bandwidth are used as input parameters for the qualitative evaluation of existing (multilevel) converter topologies described in chapter 3. An overview is presented of the
topologies that are potentially capable of facilitating the required combination of a
relatively high voltage, high current, and high switching frequency, to achieve the
desired bandwidth.
To enable fast switching of high voltage, a novel multilevel soft-switching modulation strategy is introduced in chapter 4. An analytical modelling method is described,
which results in a set of equations that can be implemented in the processor of a
control platform. The analysis is extended to include an increased number of voltage
levels, and the ensuing practical consequences are described.
The modelling and analysis of closed-loop output current control for power amplifiers are given in chapter 5. A generic model of the electrical plant is derived for
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both voltage-controlled amplifiers and current-controlled amplifiers, and the design
of the corresponding output current controllers are described. Subsequently, the
resulting closed-loop behaviours are evaluated and compared.
In chapter 6, the topological concepts, corresponding modulation strategies, and
output current control implementation are combined in simulation frameworks for
three-level modulation and five-level modulation. Their respective performance is
evaluated for DC and AC setpoint currents, and the latter is used to obtain estimations
of the loss distributions for the corresponding converter configurations.
The design of a hardware prototype is described in chapter 7, which is subsequently
used to obtain experimental verification of the presented theoretical analyses. Similar to the performed simulations, DC and AC setpoint currents are applied to the
prototype to verify the performance for both three-level and five-level modulation. Several practical limitations are observed and are described accompanied by
corresponding possible solutions.
Finally, in chapter 8, the conclusions of the work presented in the thesis and the
resulting main contributions are summarised, and recommendations for future work
are given.

C HAPTER

2

I

Power amplifier error:
source and propagation

applications using fast-moving high-precision stages, for instance
lithographic equipment (see Fig. 1.1), require power amplifiers with high-precision
output current generation capabilities. Errors produced by the amplifier with respect to the current reference influence the stationary and dynamic position accuracy
of a high-precision mechatronic system [10, 79]. Existing research focuses on the improvement of the performance of high-precision amplifiers, for instance [13,45,56,80],
and position control of high-precision stages, for instance [11, 66, 111, 112], independently. In this chapter, a modelling method is introduced that combines models
of a power amplifier with the model of a moving stage in order to investigate the
influence of the performance of the amplifier on the resulting position accuracy of
the stage.
NDUSTRIAL

A simplified simulation framework consisting of models for the mechanical, electrical and position control systems is developed that provides insight in the significance of error types incorporated in the amplifier. A fourth order motion profile is
This chapter is based on:
• S. J. Settels, J. van Duivenbode, and J. L. Duarte, “Impact of amplifier errors on position loop
accuracy of high-precision moving stages,” in Proc. 19th European Conference on Power Electronics
and Applications (EPE’17 ECCE Europe), Sep. 2017.
• S. J. Settels, J. L. Duarte, J. van Duivenbode, and C. G. E. Wijnands, “High Voltage Power Amplifier
for High Precision Mechatronic Systems,” in Proc. 20th European Conference on Power Electronics
and Applications (EPE’18 ECCE Europe), Sep. 2018.
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used to generate the position setpoints. The complete simulation framework enables
the possibility to deduce a set of requirements for the performance of the amplifier
for a given maximum allowed position error. Furthermore, it facilitates a more
efficient design process of the power electronics, where errors are anticipated and
resolved before the design is cast into costly prototypes.
A generic approach to model the position control of motion systems is introduced,
based on [7, 67], to which models for the amplifier are added in order to emulate
error types. The starting point is the ideal amplifier represented by a gain of one and
zero phase distortion, to which the respective error types are added. For each error
type, the resulting influence on the position accuracy of the mechatronic system is
evaluated.
Various error types can be identified resulting from implementation specific sources.
For instance types related to digital systems, such as sampling, quantisation, jitter
and propagation delay, and types related to the actual power conversion, such as
dead-time, non-zero Rds,on , parasitics and part tolerances [57, 79]. Many of these
components may vary over time due to, for instance, dependence on output current
or temperature, resulting in nonlinear behaviour of the converter. A more detailed
description of implementation specific sources of distortion and noise can be found
in [55].
However, the research presented in this chapter aims to provide a method of analysis
that is independent from the actual implementation of the amplifier. The investigated error types are limited to offset current, gain error and nonlinearity error.
Furthermore, a model of a current amplifier comprising closed-loop output current
control is used to simulate the bandwidth limitation and corresponding phase-shift
of the amplifier [79]. The resulting position accuracy as a function of each individual
error type is derived from the complete simulation framework, providing insight in
the influence on overall system performance.

2.1

Position control of motion systems

A model of a high-precision moving stage, as shown in Fig. 1.1, is analysed in this
chapter. Multiple three-phase linear actuators of the moving-coil type are applied
to provide long-distance displacement in six degrees of freedom. The stages are
intended to fly around over the (large) magnet array, and therefore the planar
actuation system has to provide both horizontal and vertical forces. Each individual
linear actuator is able to generate forces in either the x and z-directions, or the y and
z-directions. The research presented in this chapter focusses on a single three-phase
linear actuator that provides force generation in the x and z-directions. The global

2.1
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Global outline of the position control system.

outline of the position control of the resulting system is shown in Fig. 2.1. Detailed
models of each of the subsystems is given in the following subsections.

2.1.1

Motion system modelling

The moving stage, as analysed in this chapter, comprises four linear actuators to
generate forces in the x, y and z-directions [34, 35]. A schematic representation
of the corresponding planar stage, with the four coil sets designated X1 , X2 , Y1
and Y2 by their respective horizontal force generation, is shown in Fig. 2.2 (a)
(top view) and (b) (side view). Note that each of the four coil sets is capable of
generating (gravity compensating) forces in the z direction as well. For each coil
set, the corresponding three phases are designated ψ ∈ { R, S, T }. A schematic
representation of the composition of the force generated by coil X1 is indicated by
FX1 with components FX1,x and FX1,z for the x and z-directions respectively. The
analyses presented in this chapter focus on a single three-phase linear actuator
generating forces in the x and z-directions.
In Fig. 2.2 (c) a cross-section of coil-set X1 is shown with the three phases indicated
together with the corresponding magnetic field each coil is experiencing from the
magnet array in blue. The magnetic period τmag of magnetic commutation angle
ϕmag is defined as the distance from north pole to closest north pole in the x-direction.
As is seen in the drawing, the electrical period τe of electrical commutation angle ϕe ,
from R to R0 , extends over two magnetic periods (4π). This gives that ϕmag for phase
S should lag 4/3π with respect to phase R, and 8/3π for phase T. The equivalent
leading phase angles are 2/3π and 4/3π respectively. The set of equations describing
the currents in the x-direction ix,ψ as a function of the actual time-varying phase
currents iout,ψ and stage position xout , and the resulting force in the x-direction Fx , is
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Figure 2.2

Schematic representation of the top view of a planar stage with four
linear actuators (a), a side view of the stage indicating actuators Y1
and X1 (b), and a cross-section of coil set X1 indicating its three phases,
magnetic period τmag , electrical period τe , and current iout,R and force
FX1,R vectors for phase R (c).
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then given by



xout
ix,R = iout,R sin 2π
τmag


xout
2
ix,S = iout,S sin 2π
+ π
τmag
3


xout
4
+ π
ix,T = iout,T sin 2π
τmag
3
2
Fx = nm,x km (ix,R + ix,S + ix,T ) ,
3

(2.1)
(2.2)
(2.3)
(2.4)

where τmag is the magnetic period in m, nm,x is the number of actuators contributing
to force generation in the x-direction, and km is the motor constant per actuator in
N A−1 .
Since the magnetic field experienced by the coils is assumed to be sinusoidal in the
x-direction, a sine function is used on the commutation angle for determining the
force in the x-direction. A cosine function therefore describes the currents in the
z-direction. The resulting set of equations to determine Fz is analogous to (2.1)-(2.4)
and given by


xout
iz,R = iout,R cos 2π
(2.5)
τmag


xout
2
iz,S = iout,S cos 2π
+ π
(2.6)
τmag
3


xout
4
iz,T = iout,T cos 2π
(2.7)
+ π
τmag
3
2
(2.8)
Fz = nm,z km (iz,R + iz,S + iz,T ) ,
3
where nm,z is the number of actuators contributing to force generation in the zdirection.
To determine the actual position of the moving stage in both x and z-directions
as a function of the generated forces in the respective directions, a mechanical
model consisting of a mass m and damping c is used. In the z-direction, the stage is
subject to a gravitational force which is subtracted from the generated force Fz . The
corresponding transfer functions of the mechanical model in the Laplace domain
are found to be
Xout (s) =

1
Fx (s)
ms2 + cs

Zout (s) = ( Fz (s) − mg)

1
,
ms2

(2.9)
(2.10)
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Outline of the implementation of the position control model, including
delays Hdelay,x and z− β , and HFF,x and Cm,x for the x-direction.

where g ≈ 9.81 m s−2 is the acceleration due to gravity, and s is the complex frequency parameter. The value of the damping coefficient c is mostly determined by
the displacement of air around the stage and the drag of the cables attached to the
stage, and is therefore only present in the transfer of xout .

2.1.2

Position controller implementation

The actual position of the moving stage in the x and z-directions xout and zout are fed
back to two separate position controllers Cm,x and Cm,z , respectively. A schematic
outline of the position control model for the x-direction is shown in Fig. 2.3. The
model is to be implemented in the discrete time domain with sample frequency f s,pos ,
and therefore the continuous time signal xout is sampled by a zero-order holder
(ZOH). The position controller Cm,x is a standard proportional–integral–derivative
(PID) controller which is designed for an open-loop bandwidth f bw,pos , and in the
continuous time domain given by
Cm,x (s) =

KD s 2 + KP s + KI
.
s

(2.11)

Roll-off poles are added to obtain a causal system, required when converting the
transfer function to the discrete time domain, and to increase the gain margin with
respect to potential mechanical resonances [67].
To improve the position accuracy for dynamic motion profiles, a feedforward path
is added to the configuration consisting of a feedforward filter HFF,x and fractional
delay Hdelay,x [7]. The feedforward filter consists of an inverse of estimates of the
actual motion system plant (2.9). The values of the estimated parameters m̂ and ĉ
are taken equal to the actual parameter values as the aim is to assess amplifier error
impact only. The resulting transfer function in the continuous time domain is given

2.1
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Outline of the tuned delay block with transfer Hdelay (z) and delay
coefficient α.

by
HFF (s) = m̂s2 + ĉs .

(2.12)

Again, roll-off poles are added to obtain a causal system when converting the transfer
function to the discrete time domain
It is essential that the input position setpoint xset is delayed by the same amount
as the total time delay in the complete feedforward path, consisting of HFF,x , the
amplifier and the motion system model [11]. To achieve this, the input of the
feedback subtracter is delayed with a fixed integer number of samples β, as shown
in Fig. 2.3, and the input of HFF is delayed with a tunable fractional number of
samples α using the interpolating delay function
Hdelay,x (z) = α + (1 − α)z−1 .

(2.13)

The outline of an implementation of the tuned delay block as described in (2.13)
is shown in Fig. 2.4. A binary search algorithm is used to determine a value for α
that results in an acceptable remaining position error xerror . In Fig. 2.5 the resulting
position error is plotted for varying values of α. The figure illustrates the dependency
of the position error on the value for α as slight deviations result in a significant
increase of xerror . The definitions of moving average (MA) and moving standard
deviation (MSD) position errors are given in section 2.3.1.
The configuration for the position control model concerning z-direction movement is
more straightforward, as becomes clear from the schematic outline shown in Fig. 2.6.
An additional feedforward path is not required since the position setpoint zset is
constant, namely the distance at which the stage is flying over the magnet array. The
position controller Cm,z is again of the PID type since the controlled plant is of the
same order as for the x position controller, see (2.9) and (2.10).
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Figure 2.5

Resulting position error xerror (a) and zerror (b) as a function of α when
applying a binary search algorithm to find an acceptable remaining
position error. The definitions of moving average (MA) and moving
standard deviation (MSD) position errors are given in section 2.3.1.

Figure 2.6

Outline of the position control model, including delays Cm,z (z) for the
z-direction.
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Setpoint current generation

The Setpoint current block indicated in Fig. 2.1 converts the force setpoints Fset,x and
Fset,z as generated by the corresponding position controllers to setpoint currents
for each of the actuator phases ψ. The calculations are analogous to the equations
presented in section 2.1.1. The setpoint currents for the x-direction are calculated
with the sine of the respective commutation angle, and the setpoint current in the
z-direction with the cosine. The resulting values for each phase are added to obtain
the total setpoint current.
The equations for the setpoint currents in the x-direction are given by


Fset,x
xout
iset,x,R =
sin 2π
τmag
nm,x k̂m


Fset,x
xout
2
iset,x,S =
sin 2π
+ π
τmag
3
nm,x k̂m


Fset,x
4
xout
iset,x,T =
+ π ,
sin 2π
τmag
3
nm,x k̂m
and the equations for the setpoint currents in the z-direction are given by


Fset,z
xout
iset,z,R =
cos 2π
τmag
nm,z k̂m


Fset,z
xout
2
iset,z,S =
cos 2π
+ π
τmag
3
nm,z k̂m


Fset,z
xout
4
iset,z,T =
+ π ,
cos 2π
τmag
3
nm,z k̂m

(2.14)
(2.15)
(2.16)

(2.17)
(2.18)
(2.19)

where k̂m is an estimate of the motor constant per actuator. The total setpoint
currents for each of the phases ψ are then given by

2.1.4

iset,R = iset,x,R + iset,z,R

(2.20)

iset,S = iset,x,S + iset,z,S

(2.21)

iset,T = iset,x,T + iset,z,T .

(2.22)

Motion profile generation

A fourth order motion profile with trapezoidal acceleration, consisting of velocity v,
acceleration a, jerk j, and snap s, is used for the setpoint position xset . In Fig. 2.7 a
normalised representation of the resulting motion profile is shown. The subsequent
position error xerror is determined after a settling time of tsettling = 3 ms when
acceleration a = 0 m s−2 , jerk j = 0 m s−3 and snap s = 0 m s−4 after accelerating
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Normalised representation of the fourth order motion profile used
as input for the performed simulations, with snap s, jerk j, acceleration a, velocity v, and position x. The applied settling time tsettling ,
subsequent time-span for which the position error is critical tcrit , and
waiting time twait are indicated in the figure.

from standstill to a constant speed. The time-span, for which the position error is
critical, is designated tcrit and is followed by a waiting time twait . The determination
of the position error is elaborated in section 2.3.1.
The setpoint position for the z-direction zset is a constant value equal to the distance
the moving-stage is aimed to fly above the magnet plate.

2.2

Error types and modelling

In order to investigate the influence of amplifier errors on the position, the Amp block
of Fig. 2.1 incorporates modelled nonidealities of the power amplifier. Two types of
models for the nonidealities are used in this chapter: additive current error model
(offset, gain and nonlinearity), and bandwidth limitation model. Potential sources
of amplifier errors are, for instance, nonidealities in current sensors, inductors,
switching end-stages, signal processing and control [55, 57]. An extensive catalogue,
consisting of, for instance, implementation specific error sources, can easily be
derived. Note that the introduced investigation method can be extended to other
error types as well.

2.2
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Schematic representation of the amplifier error model, containing
ioffset , igain and inonlin error currents.

Additive current errors

The current errors discussed are offset current, gain error, and nonlinearity error
which are modelled as additive current errors. A schematic outline of the corresponding amplifier current error model is shown in Fig. 2.8, where a generic model
of a three-phase converter is depicted that is independent from the actual implementation of the amplifier. The respective error currents ioffset , igain and inonlin are
added, resulting in ierror , which is added to iset,R to obtain the modelled amplifier
output current for phase R. To ensure the sum of the phase currents remains zero,
0.5ierror is subtracted from the setpoints of phases S and T, being iset,S and iset,T
respectively. Furthermore, zero-order holders are added at the input to convert the
setpoint currents iset,ψ from the sample rate of the position loop f s,pos to the sample
rate of the current loop f s,cur . The latter corresponds with the fixed-step size at
which the discrete time amplifier and mechanical plant models are simulated.
While the implementation of the offset current and gain error is straightforward, for
the generation of inonlin more explanation is required. A current-space frequency
f IS [A−1 ] is defined to obtain nonlinear components as a function of iset according to
f IS =

ηcur
,
Imax

(2.23)

where ηcur is a dimensionless parameter to determine the relative frequency, and
Imax defines the applicable current range. Frequency components induced by non-
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Example plots of inonlin as a function of iset for ηcur = 0.5 and ηcur = 3
regarding even nonlinearity (a) and odd nonlinearity (b).

linear behaviour of the amplifier (for instance originating from a current sensor or
switching end-stage), are superimposed on the spectrum of iset . The performance of
the system is subsequently evaluated for a range of current-space frequencies.
Even and odd functions of inonlin as a function of iset and f IS are defined and given
by
inonlin,even = INL · cos (2π f IS iset )

(2.24)

inonlin,odd = INL · sin (2π f IS iset ) ,

(2.25)

where INL is the nonlinearity current amplitude. Example plots of (2.24) and (2.25)
for ηcur = 0.5 and ηcur = 3 are shown in Fig. 2.9 (a) and (b) for even and odd linearity
respectively.

2.2.2

Bandwidth limitation

In order to investigate the influence of bandwidth limitation of the power amplifier
on the position accuracy of the moving stage, a generic control model of a currentcontrolled current amplifier is used. The outline of such a control system for a single
phase is shown in Fig. 2.10, with an electrical plant Pe , an output current controller
Ce with a direct feedforward path, and an anti-aliasing filter HAA,i [79]. The antialiasing filter is required in a practical implementation, and since it influences the
closed-loop control characteristics of the system, it is therefore included in the model.
A ZOH block is added at the input to convert the sample rate of iset from f s,pos to
f s,cur , the fixed-step size at which the model is simulated. The output current of each
individual phase ψ ∈ { R, S, T } is controlled by an identical control system.

2.3

Figure 2.10

S IMULATION FRAMEWORK SPECIFICATIONS

19

Outline of the amplifier current control model for a single phase with
electrical plant Pe , output current controller Ce , and anti-aliasing
filter HAA,i .

The current controller Ce in Fig. 2.10 is of the PID type and is tuned to an openloop bandwidth f bw,cur . By selecting different values for f bw,cur , the impact of the
open-loop bandwidth of the output current control is evaluated with respect to the
resulting position accuracy. The electrical plant Pe has the phase EMFψ voltages as
disturbances, which are given by


2
xout
EMFR = km sin 2π
vout
(2.26)
3
τmag


2
xout
2
EMFS = km sin 2π
+ π vout
(2.27)
3
τmag
3


2
xout
4
EMFT = km sin 2π
(2.28)
+ π vout ,
3
τmag
3
where vout is the velocity of the moving stage.

2.3

Simulation framework specifications

To obtain insight in the influence of amplifier errors on position accuracy, the mechanical, electrical and control system models are combined into a single simulation
platform. The motion profile described in section 2.1.4 is used for the position inputs,
and the position error is determined during the time-span tcrit .

2.3.1

Position accuracy definition

For imaging (lithographic) applications, two aspects of the position error of the
moving stage are critical to its dynamic performance. First, the low-frequency
position error, defined by MA (moving average), determines the absolute error,
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which is particularly significant for exposing two or more images directly on top
of each other. The production process of modern high-end chips involves 30 to
50 exposure actions, stepped up by, for instance, multiple patterning, resulting
in stringent requirements for the absolute position error. In lithographic imaging
equipment this is designated as overlay, and is, next to numerous other contributions,
directly influenced by the position accuracy of the moving stage [10].
Second, a high-frequency part of the position error defined by MSD (moving standard
deviation), determines image contrast loss. Increased MSD position error results in a
’blurry’ image being projected, similar to taking a photo while moving the camera.
The respective position errors MA(t) and MSD (t) are defined as
MA(t) =
MSD (t) =

1

Z t+texp /2

texp
s

t−texp /2

e(τ )dτ

1

Z t+texp /2

texp

t−texp /2

(e(τ ) − MA(t))2 dτ ,

(2.29)
(2.30)

where texp represents the imaging expose time window, and e(t) the stage position
error xerror or zerror as a function of time t [12]. The imaging expose time window
texp depends on the velocity of the moving stage and the size of the illumination
’slit’ through which the stage moves during scan operation [10].
When determining the MA and MSD position errors, the peak value of the respective
definition is taken during the time-interval tcrit (see Fig. 2.7). Note that the duration
for which the errors are evaluated is tcrit − texp , starting texp /2 after the start of
the tcrit interval. Furthermore, the MA/MSD cross-over frequency between lowfrequency and high-frequency position error is determined by the exposure time
texp , and is f co = 607 Hz for the system presented in this chapter.
Focus errors in the form of MA and MSD of the position error in the z-direction,
contribute to imaging errors as well. The allowed focus error can typically be around
10 times larger than the position error in horizontal directions [10]. Position accuracy
in the z-direction is therefore not taken into account in the analysis presented in
this chapter. However, it can easily be added analogous to the method applied for
horizontal positioning.

2.3.2

Parameter overview

The parameters of the mechatronic system analysed in this chapter, representing a
moving stage as shown in Fig. 1.1, are shown in Table 2.1. Note that the maximum
achievable acceleration in the x-direction, which is given by
amax,x =

nm,x km Imax
= 160 m s−2 ,
m

(2.31)

2.4

Table 2.1
Parameter

Value

Unit

km
m
c
nm,x
nm,z
τmag

60
75
50
2
4
50

N A−1
kg
N s m−1
mm

vset
aset
jset
sset
tsettling
twait
tcrit
texp

5
100
2 · 104
8 · 106
3
3
44
1.1

m s−1
m s−2
m s−3
m s−4
ms
ms
ms
ms

f s,pos
f bw,pos

100
500

f s,cur
INL
Imax
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System parameters

Description

Relation

Motor constant
Mass of stage
Damping coefficient
Number of motors in x-direction
Number of motors in z-direction
Magnetic period

Motion system
plant

Velocity
Acceleration
Jerk
Snap
Settling time
Waiting time
Critical time for position error
Imaging expose time window

Motion profile

kHz
Hz

Sample frequency
Open-loop bandwidth

Position controller

1

MHz

Sample frequency

Current controller

0.04
100

A
A

Current amplitude
Maximum applicable current

Nonlinearity
current error

is more than the specified acceleration aset . This leave excitation room for control,
disturbance rejection and tolerances in the system.

2.4

Simulation results

An overview of the simulated output currents iout,ψ , output voltages vout,ψ , EMFψ
voltages, and mechanical power Pmech and electrical power Pelek is shown in Fig. 2.11
for f bw,cur = 5 kHz and no additive errors. The plots show the distinct operation of
a three-phase actuator with a constant electrical commutation frequency of f comm =
100 Hz, corresponding with the electrical commutation angle ϕe in Fig. 2.2, for the
time-span of constant velocity. The resulting peak output current and voltage levels
are relatively high, being ı̂out = 65 A and v̂out = 750 V.
To analyse the impact of the error types discussed in section 2.2 on position accuracy,
each individual error type has been simulated separately. The resulting MA and
MSD position errors are calculated for both the x and z-directions and for a range of
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Figure 2.11

Plots of the output currents iout,ψ , output voltages vout,ψ , EMFψ
voltages, and mechanical power Pmech and electrical power Pelek
for a single period of the motion profile.
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Figure 2.12
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MA and MSD position errors vs. offset current ioffset for x-direction
(a) and z-direction (b).

values for the corresponding error type.
When an ideal amplifier is used in the simulation platform, the MA and MSD
position errors in the x-direction are given by MAx = 7.43 pm and MSDx =
9.43 pm. The subsequent position errors in the z-direction are MAz = 1.08 nm
and MSDz = 0.657 nm which are two orders of magnitude higher than the equivalent errors in the x-direction. This is due to the fact that the control system is
optimised for a minimum position error in the x-direction. The highly dynamic
force setpoint in the x-direction together with the coupling of the generated forces in
both directions in the actuator results in an elevated position error in the z-direction.
However, the acquired values are well within the desirable range as given in [10].

2.4.1

Additive errors

Offset error
The offset current error range for which the simulation is run, is set from −0.1 A
to 0.1 A, corresponding with 0.1% of a ±100 A output current range, for which
the results are shown in Fig. 2.12. The plots for both xerror and zerror show that
even a small offset current results in a significant position error. When the stage is
moving at constant velocity, the generated error force is sinusoidal at the electrical
commutation frequency f comm , for which the position control loop has a relatively
small loop gain.
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MA and MSD position error vs. gain error for x-direction (a) and
z-direction (b).

Gain error
Figure 2.13 shows the MA and MSD position errors for a modelled gain error, GE in
Fig. 2.8, ranging from −0.01 A/A to 0.01 A/A. When the stage is moving at constant
velocity, the generated error force is again sinusoidal, however at frequency 2 f comm .
At constant velocity, the amplitude of the generated phase current is relatively small,
resulting in error currents with a relatively low amplitude, even for a relatively high
gain error.
Nonlinearity error
Both even and odd nonlinearity error functions are simulated for ηcur ranging from
0 to 100. The nonlinearity current amplitude is INL = 0.04 A corresponding with
400 ppm of the full scale measurement range of a LAX 100-NP current transducer
[43]. The resulting graphs are shown in Fig. 2.14 and Fig. 2.15. From the waveforms
in both graphs can be concluded that distinct current-space frequencies are dominant
and determine the potential position error, and thereby the acceptable upper limit
for INL . A correlation exists between f IS and the spectral content of iset , the latter
depending on the mechatronic system parameters.

2.4.2

Bandwidth limitation

In order to obtain the bandwidth limitation of the current-controlled amplifier in
the positioning system, the model for the current-controlled current amplifier as
described in section 2.2.2 is simulated for an open-loop bandwidth f bw,cur ranging
from 2 kHz to 10 kHz. The resulting MA and MSD position errors for each simulated
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MA and MSD position error for even nonlinearity as a function of ηcur
for x-direction (a) and z-direction (b).
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MA and MSD position error for odd nonlinearity as a function of ηcur
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f bw,cur are shown in Fig. 2.16. Increasing the bandwidth of the current control of the
amplifier results in a significant improvements with respect to position errors in the
x-direction. However, beyond f bw,cur = 5 kHz the improvement becomes marginal.
The position error in the z-direction shows a minimum around f bw,cur = 2kHz to
f bw,cur = 4kHz due to the coupling of the x and z forces in the actuator, and the
spectral content of xset .

2.5

Conclusion

A method of analysis has been introduced that combines models containing electrical,
mechanical and control parts in order to evaluate the performance of a power
amplifier in a mechatronic system with respect to position accuracy. An amplifier
error model is incorporated, which contains additive error components, i.e. offset
current, gain error and nonlinearity of the output current, and a generic model for a
current amplifier to emulate bandwidth limitation. For a fourth order motion profile,
the moving average (MA) and moving standard deviation (MSD) position errors are
determined for a range of values of each individual error type in order to obtain
insight in their significance.
The presented simulation results demonstrate that offset, gain and nonlinearity
errors originating from the amplifier have a significant influence on position error.
From these results, together with the results from bandwidth limitation simulations,
can be concluded that a highly accurate amplifier with a high bandwidth is required
to obtain a very low position error. Furthermore, the simulated output current
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and output voltage levels of the amplifier indicate that, for the mechatronic system
parameters as applied in this chapter, an amplifier is required with v̂out ≥ 750 V
and ı̂out ≥ 65 A per phase. In chapter 3, an evaluation is presented of topologies
potentially capable of facilitating the required combination of relatively high voltage,
high current, and high switching frequency to achieve the desired bandwidth of
f bw ≥ 5 kHz. The latter is derived from the bandwidth limitation simulations, where
beyond f bw,cur = 5 kHz the observed improvement is marginal.

C HAPTER

3

P

High voltage, high current
amplifier topologies

amplifiers applied in high-precision mechatronic systems are required to
combine high accuracy of the generated output current with high output power.
The former requires a high switching frequency to obtain a high bandwidth, as
seen in section 2.4. To achieve the latter, increasing output voltage is favourable to
increasing output current.
OWER

Various high-voltage topologies have been presented in the past, such as neutralpoint clamped (NPC), flying/floating capacitor (FC), modular multilevel converter
(MMC), and cascaded H-bridge (CHB) [27, 30, 69, 76]. In converters based on these
topologies, multiple switches are connected in series to be able to switch a supply
voltage that is higher than the blocking voltage of each individual switch [29]. In
this chapter, a qualitative evaluation of the existing topologies is presented based
on estimated specifications of power amplifiers for future generation lithography
equipment.

3.1

Topology evaluation

The main objective for the topologies evaluated in this chapter is to enable fast
switching of a high voltage with high currents. A bus voltage of 2 kV is applied at
the input which consists of a series connection of two voltage sources of Vdc = 1 kV
with the middle point connected to ground. The result is a symmetrical supply
voltage of ±1 kV. It is assumed that the middle point is not available as a voltage
level for the converter. When silicon carbide (SiC) MOSFETs with a maximum drain29
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source voltage of 1.2 kV are used, connecting two switches in series is sufficient to
cope with the 2 kV bus voltage, minimising the required component count. However,
the voltage across each switch has to be limited for all operating points to ensure it
does not exceed the maximum rating.
When compared to power-equivalent silicon MOSFETs, SiC MOSFETs have a lower
drain-source on-state resistance RDS,on resulting in lower conduction losses, a
higher maximum drain-source voltage, and lower internal capacitances resulting
in lower switching losses. Using discrete components for the switches, such as
the C2M0025120D SiC MOSFET [116], is sufficient to obtain the required minimum
switching frequency of f sw ≥ 50kHz, and a peak output current of iout ≥ 65 A.
The planar stage of the intended application requires force generation in horizontal
and vertical direction, where the latter contains a constant gravity compensation
component. When the stage has no horizontal displacement, velocity vx,y = 0 m s−1 ,
a DC current is required to flow through the linear actuator windings to obtain
gravity compensation. This results in the requirement that the power amplifier
providing the actuator currents has to be able to generate both AC and DC currents.
Additionally, the power amplifier is required to operate in all four quadrants to drive
the actuator, being a three-phase inductive load including an electro-motive-force
(EMF) voltage disturbance.
The evaluation of the topologies in the next sections focusses on a single phase of a
three-level converter, including a second-order output filter comprising of inductor
Lf and capacitor Cf . The given categorisation and designation of the converter
families are based on the previous work presented in [13].

3.2

Neutral-point clamped converter

The neutral-point clamped (NPC) converter applies capacitors as voltage sources
and diodes to clamp the switch voltages to the generated mid-point voltage. It is
therefore part of the family of stacked voltage source multicell topologies [13]. The
schematic of a three-level NPC converter is shown in Fig. 3.1, with the clamping diodes designated Dx1,2 and neutral-point capacitors Cx1−2 . The required components
per phase amount to four switches, two capacitors and two diodes.
The NPC converter was patented in 1980 by R.H. Baker [1], and first published in
1981 by A. Nabae et al. [68] with minor additions to the original patent application.
Although the name would suggest the presence of a neutral point, this is only true
for an odd number of levels. Therefore, the term ’diode-clamped converter’ is
sometimes used in more recent publications [9].

3.2

Figure 3.1
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Schematic of a three-level neutral-point clamped converter with the
clamping diodes designated as Dx1−2 and neutral-point capacitors
Cx1,2 .

When the voltages across the neutral-point capacitors Cx1,2 are balanced to Vdc , the
voltage across all switches S1−4 is limited to Vdc . This remains true when the switching endstage is turned off and active balancing of the neutral-point capacitors is not
possible, assuming the capacitor leakage currents are balanced. Subsequently, three
voltage levels are available at the switch-node vsn , enabling multilevel modulation
of the setpoint current.
To keep the neutral-point capacitor voltages balanced when applying three-level
modulation, the average current in each branch should be zero. As a result, the
output current waveform is limited to AC. The generation of a DC output current
results in unbalance of the neutral point and potential breakdown of a switch if
the its voltage exceeds the breakdown voltage. However, in multiphase converters,
a common-mode current injected between the phases can be used as a control
parameter to regulate the neutral-point voltage. Additional circuitry can be added
as well to balance the clamping voltage, which becomes a necessity when increasing
the number of voltage levels [91]. Furthermore, the required forward voltage of the
clamping diodes increases for a higher number of voltage levels, making the series
connection of multiple diodes a prerequisite.
Another drawback of the diode-clamped topology is the unequal loss distribution
and resulting nonuniform distribution of the semiconductor junction temperatures
[75]. If both clamping diodes are replaced by active switches, the unequal loss
distribution can be improved significantly. The resulting topology is called the
active-NPC [8], which can be extended to the five-level ANPC 5 L with the addition of
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Schematic of a three-level flying capacitor converter with the flying
capacitor designated as Cx .

a floating capacitor [2].

3.3

Flying capacitor converter

The flying capacitor (FC) converter applies switched capacitors as floating voltage
sources, and is therefore part of the family of series multicell converters [13]. The
schematic of a three-level FC converter is shown in Fig. 3.2, with the flying capacitor
designated Cx . The required components per phase amount to four switches and
one capacitor.
The FC converter was patented in 1991 by T.A. Meynard and H. Foch [59], and
subsequently published in 1992 by the inventors [60]. It has since been the topic of
research regarding, for instance, the capacitor voltage balancing [58, 71, 74, 92, 94, 99],
start-up procedure [100, 101, 104], choice of flying capacitor [21, 72], and has been
applied in various industrial applications [61, 73, 93]. Furthermore, soft-switching
can be achieved by adding resonant components and an accompanying modulation
strategy [22, 87, 110].
When the flying capacitor voltage vCx is balanced to Vdc , the voltage across each
switch is limited to Vdc by Cx and the body diodes of the switches. Two operation
states are available for connecting the flying capacitor to the switch node, resulting
in either charging or discharging of the capacitor. Active balancing of vCx to Vdc
is obtained for all operation points of the converter [87, 110] when either state is
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applied accordingly. As a result, a power amplifier based on the FC topology is
capable of generating both AC and DC currents. To enable active balancing of
vCx , a measurement circuit with a high common-mode rejection ratio (CMRR) is
required [32].
The voltage across each switch is not defined when the supply voltage Vdc is present
and all switches are disabled, and could therefore drift over the limit resulting in a
break-down of the switch. Additionally, the voltage across each switch is not defined
during start-up of the converter when active balancing of vCx is not enabled. The
former can, for instance, be remedied by adding resistors for passive balancing of
vCx , and the latter by applying a pre-charge mechanism.
The flying capacitor is required to contain sufficient charge for the voltage ripple ṽCx
to remain sufficiently small when the additional middle voltage level is actively used
to provide energy to the output. This results in a significant volume requirement
for the flying capacitors in a multiphase converter as each phase requires a separate
capacitor. When the number of voltage levels increases, the maximum voltage
requirement of the flying capacitor increases accordingly, resulting in an increased
volume for the capacitors as well. Additionally, active voltage balancing of the
flying capacitor voltages becomes more complex as insufficient switching states are
available and the number of possible states increases exponentially. Despite this, the
topology has been applied successfully in a 13-level inverter [3].

3.4

Modular multilevel converter

The modular multilevel converter (MMC) applies a combination of series and parallel
multicell topologies, and is therefore part of the family of hybrid multicell converters
[13]. The schematic of a three-level MMC is shown in Fig. 3.3 where two MMC arms,
each consisting of a series connection of two switched-capacitor half-bridge cells,
are connected in parallel. The cell capacitors are designated Cx1−4 and the arm
inductors Lx1,2 . Other variants of the MMC exist where, for instance, the half-bridge
cell is extended to a full-bridge cell [69].
The first paper on the MMC dates back to 2002, as proposed by R. Marquardt et al. [52],
with subsequent measurement results published in [46, 51]. Since its inception, the
topology has been widely used in industry for DC / AC and AC / DC conversion in
high-voltage applications [115]. Variants have been investigated to accommodate,
for instance, AC / AC [30] and DC / DC [28, 39] conversion. Furthermore, the topology
is highly scalable with respect to the number of voltage levels by adding additional
cells to both arms, with potential redundancy as an additional benefit [50, 77].
The required components of the three-level converter configuration as shown in
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Schematic of a three-level modular multilevel converter with the cell
capacitors designated as Cx1−4 and arm inductors as Lx1−2 .

Fig. 3.3 amount to eight switches, four capacitors and two arm inductors, which is
significantly more than the NPC and FC topologies. The voltage across each switch
is limited by the cell-capacitor voltage vCx which is balanced to Vdc . Balancing of
the capacitor voltages becomes cumbersome when the number of voltage levels
increases, and relies on the existence of a symmetrical fundamental period of the
output current.
For DC / AC and AC / DC conversion, more elaborate balancing schemes have been
investigated in the past [33, 47, 119]. However, natural balancing of the cell-capacitor
voltages is not possible for a generated DC output current. Additional balancing
circuitry would be required for each switching cell to prevent the cell-capacitor
voltages from drifting.

3.5

Cascaded H-bridge converter

The cascaded H-bridge (CHB) converter applies switching cells with isolated DC
voltage sources to create a multilevel switch-node voltage, and is therefore part of
the family of series multicell topologies [13]. To obtain a three-level converter, only a
single isolated voltage source and switching cell are required, of which a schematic
is shown in Fig. 3.4. The isolated voltage source consists of a DC voltage supply
Vdc , isolated DC / DC converter, and cell capacitor Cx . To obtain more than three
voltage levels, multiple H-bridges with corresponding isolated voltage sources can
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Schematic of a three-level converter based on the cascaded H-bridge
topology, with the isolated DC / DC converter, and the cell capacitor
designated as Cx .

be connected in series, or cascaded, rendering it a highly scalable topology [105].
The first publication where a CHB converter is mentioned was described by M.
Marchesoni et al. in 1988 [49]. The research has since been extended from plasma
stabilisation in a fusion reactor to, for instance, high power AC drives [48], gradient amplifiers in magnetic resonance imaging (MRI) scanners [78], and converters
connecting photovoltaic (PV) systems to the grid [26, 105]. Additionally, the basic
H-bridge cell has been extended to a multilevel switching cell to obtain more voltage
levels with the same number of cells [19].
An inherent characteristic of a CHB converter is that the voltage across a switch
is limited to the corresponding DC cell voltage. For the three-level converter, as
shown in shown in Fig. 3.4, the voltage across each switch is limited to vCx which is
regulated to Vdc by the isolated DC / DC converter. As the DC cell voltage is actively
regulated, a controlled ramp-up of the DC cell voltage can be achieved during
start-up. Furthermore, it enables the converter to generate DC output currents.
However, the required isolated DC voltage source has significant practical limitations.
Due to the relatively high switching frequency and cell voltage, the dv/dt across
the isolation barrier of the DC / DC converter is very high, resulting in significant
electromagnetic interference (EMI) issues. Furthermore, the required output power
per switching cell is relatively high, resulting in a bulky design of the isolated DC / DC
converter. Additionally, the isolated DC voltage source has to be bidirectional to
facilitate the processing of braking energy originating from decelerating the moving
stage, making the design more complex. As the amplifier is intended to drive a
three-phase load, three isolated DC / DC converters would be required. All together,
this makes the design and practical operation of the isolated DC voltage source very
cumbersome with the given set of parameters.
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Schematic of two three-level flying capacitor switching cells connected
in parallel.

Parallel connection of switching cells

In the previous sections, topologies are described that apply the series connection of
switches which leads to sharing the input voltage across multiple devices. The general purpose is to enable the switching of voltages exceeding the breakdown voltage
of a single switch, increasing the output voltage range. Alternatively, to increase
the current generating capabilities of a converter, switching cells are connected in
parallel to divide the output current over multiple devices. The resulting topologies
are part of the family of parallel multicell topologies [13].
As an example of a parallel multicell structure, the schematic of the parallel connection of two three-level flying capacitor switching cells is shown in Fig. 3.5. As
essentially discrete switch-node voltages are generated by both cells, for out-of-phase
switching, inductors Lf1 and Lf2 are required to prevent a short circuit between the
two cells.
Topologies consisting of parallel connected switching cells are more commonly
referred to as interleaved, referring to out-of-phase modulation of the cells [14]. The
schematic in Fig. 3.5 shows a star connection of the inductors, resulting in a summation of the ripple currents generated by the individual cells. When for instance
phase-shifted carrier pulse-width modulation (PSC PWM) is used, the resulting
output voltage ripple is reduced due to the cancellation of harmonics [15].
The principle of out-of-phase modulation of parallel connected cells has been widely
applied to various types of converters, such as resonant pole inverters (RPI) [4, 81],

3.7

C ONCLUSION

37

boost converters [37], and power-factor correction (PFC) rectifiers [53]. Additionally,
more elaborate modulation schemes have been presented, where individual cells
are activated/deactivated, based for instance on the required output power and/or
input voltage, in order to increase the efficiency of the converter [36].

3.7

Conclusion

A qualitative evaluation of four high-voltage topologies, which apply series connection of switches, has been presented according to the given specifications derived
from application requirements. Furthermore, the family of parallel multicell topologies has been described to increase the current generating capabilities of a
converter.
The neutral-point clamped converter provides a simple topology with minimum
component count to provide fast switching of high voltage. However, balancing
of the neutral-point is cumbersome for DC output currents and requires additional
circuitry, which becomes a necessity when increasing the number of voltage levels.
The flying capacitor topology is capable of generating DC output currents since it has
sufficient switching states to actively control the capacitor voltage for all operating
points. However, start-up of the converter and limiting the switch voltages in idle
state require additional effort.
The modular multilevel converter applies a combination of series and parallel
multicell topologies, and is therefore highly scalable with respect to the amount of
voltage levels. However, the generation of DC output currents results in drifting of
the cell-capacitor voltages and is therefore not possible without additional balancing
circuitry for each individual cell. Additionally, the total component count per phase
is significantly higher compared to the other topologies.
The cascaded H-bridge converter is highly scalable as well, and is capable of generating DC output currents due to the active cell-voltage regulation by the isolated
voltage source. However, due to the relatively high switching frequency, required at
the same time as high voltage and current rates, the required isolated DC voltage
source has significant practical limitations. The high dv/dt across the isolation
barrier results in significant EMI issues, and together with the high required output
power results in a bulky design.
From the presented topology evaluation can be concluded that all described topologies have their strengths and weaknesses. An overview of the topology evaluation
with respect to DC output current generation capability and design complexity is
shown in Fig. 3.6. Only the flying capacitor and cascaded H-bridge topologies are
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MMC

Complexity

CHB

FC
NPC
DC output current capability

Figure 3.6

Schematic overview of the presented qualitative topology evaluation
with respect to DC output current generation capability and design
complexity.

capable of generating DC currents without additional circuitry, where the latter
requires an isolated voltage source with significant practical limitations. Therefore
the flying capacitor topology is chosen as the basis for further research in this thesis.
Additional advantages are the low required component count and potential scalability to more than three levels. Furthermore, the described practical challenges are
deemed acceptable.
In chapter 4, a multilevel modulation strategy is devised that applies soft-switching
to a three-level and five-level flying capacitor based converter. Closed-loop output current control is added in chapter 5, and simulation results of the complete
converter configuration are presented in chapter 6.
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Multilevel modulation
strategy

the previous chapter, the flying capacitor (FC) topology has been selected
as the most suitable for the high voltage, high current power amplifier under
consideration. It enables the use of fast switches with a voltage rating lower
than the bus voltage by dividing the voltage stress over multiple switches. The
addition of two switches and a flying capacitor to a standard half bridge results in a
three-level converter [60].
N

Previous research has shown that the FC topology, as applied in a resonant pole
inverter (RPI) configuration, enables soft switching by means of zero-voltage switching (ZVS) [110]. The main advantage of ZVS is that the turn-on losses of the switches
become negligible, where they make up the biggest part of the generated switching
losses in an equivalent hard-switching converter. However, an increase in circulating
current is required resulting in higher peak and RMS values of the currents through
This chapter is based on:
• S. J. Settels, J. L. Duarte, J. van Duivenbode, and E. A. Lomonova, “A 2kV Charge-based ZVS
Three-level Inverter,” IEEE Transactions on Power Electronics, Accepted for publication in future
issue, 2019.
• S. J. Settels, J. Everts, and J. van Duivenbode, “Charge-based Zero-Voltage Switching of a Flying
Capacitor Resonant Pole Inverter with Trapezoidal Filter Current,” in Proc. 42nd Annual Conference
of the IEEE Industrial Electronics Society, Oct. 2016, pp. 3282–3287.
• S. J. Settels, J. van Duivenbode, J. L. Duarte, and E. A. Lomonova, “Flying capacitor resonant pole
inverter applying five voltage levels,” in Proc. IEEE Energy Conversion Congress and Exposition
(ECCE), Oct. 2017, pp. 2121–2128.
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the switches and filter components.
The modulation strategy presented in [110] did not use the additional available
middle voltage level, resulting therefore in triangular filter inductor currents with
relatively high peak and RMS values. To mitigate this issue, the currents can be
shaped using the additional middle voltage level generated by the flying capacitor.
With three different gradients for the filter inductor current, a trapezoidal shape is
obtained, with lower RMS and peak values. A lower RMS value of the current results
in lower conduction losses in the switches and filter inductor. Lower peak values
yield lower switching losses, lower core losses in the filter inductor, and lower losses
in the output filter capacitor.
Previous implementations of the RPI topology applied additional resonant capacitors,
connected in parallel with the switches, and hysteresis current control to achieve ZVS
across the entire operating range [17, 20, 23, 81, 110]. A more elaborate charge-based
modulation strategy for a two-level converter discarding the additional resonant
capacitors is proposed in [54]. Piece-wise linear approximation of the filter inductor
current is applied to determine the minimum required current to achieve complete
commutation of the switch node. This results in less required commutation current,
a higher switching frequency due to faster commutation, and lower RMS and peak
values of the filter inductor current.
In this chapter the basic principles of the flying capacitor resonant pole inverter are
explained, to which three-level trapezoidal filter inductor current is applied. The
charge-based ZVS modulation strategy, as proposed in [54], is extended to three-level
modulation of which the analytical modelling method is described. As the number
of voltage levels in a flying capacitor converter can be increased, the implications on
the resulting modulation strategy for a five-level converter are analysed as well. A
quantitative comparison of the resulting filter inductor current waveforms illustrates
the potential improvements achievable by increasing the number of voltage levels.

4.1

Flying capacitor resonant pole inverter

In Fig. 4.1 the schematic of the flying capacitor resonant pole inverter (FC RPI)
topology is shown with a symmetrical supply voltage Vdc . Note that the FC RPI
topology is by no means limited to the application of a symmetrical supply, however
it is used to limit the occurring voltages with respect to ground. The topology
consists of four switches S1−4 , flying capacitor Cx , filter inductor Lf , and output
filter capacitor Cf to limit dvout /dt. For each MOSFET, the internal body diode
and nonlinear output capacitance Coss are drawn with dashed lines. The additional
commutation/resonant capacitors, as used in previous implementations of RPIs
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Schematic of a three-level FC RPI. The flying capacitor is designated Cx ,
the filter inductor Lf , and the output filter capacitor Cf . For each MOSFET S1−4 , the internal body diode and nonlinear output capacitance
Coss are drawn with dashed lines.

[17, 20, 23, 81, 110], are discarded from the circuit. This results in a lower required
commutation charge to achieve ZVS, resulting in lower RMS and peak values of
the filter inductor current iLf , and therefore lower losses. Determining the actual
required charge is not straightforward since the output capacitor of a MOSFET is
highly nonlinear. However, the nonlinearity of Coss helps to obtain fast commutation
and enables piece-wise linear approximation of iLf , as followed from the analysis
presented in [54].

The switch node sn can be directly connected to +Vdc or −Vdc , or to a middle
level of Vdc − vCx or −Vdc + vCx . Depending on the respective switching state
when selecting the middle level, the flying capacitor Cx can either be charged or
discharged, see Table 4.1 [110]. By actively balancing vCx to Vdc and ensuring that
always one switch is conducting, the voltage across all switches is limited to Vdc
plus the (small) ripple voltage ṽCx of the flying capacitor [99]. Self-balancing of the
flying capacitor voltage vCx , as for instance described in [70], is insufficient as the
converter has to generate both AC and DC currents. This does however require a
differential voltage measurement circuit with a high common mode rejection ratio
(CMRR) [32].
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Table 4.1

Switch node voltage vsn for middle level

vCx action

iLf >= 0

iLf < 0

Charge
Discharge

vsn = Vdc − vCx
vsn = −Vdc + vCx

vsn = −Vdc + vCx
vsn = Vdc − vCx

Table 4.2

FC RPI

Floating Cx

4.2

Charge Cx

interval

S1

S2

S3

S4

[ t0 , t1 ]
[ t1 , t2 ]
[ t2 , t3 ]
[ t3 , t4 ]
[ t4 , t5 ]
[ t5 , t6 ]
[ t6 , t7 ]
[ t7 , t8 ]
[ t8 , t9 ]
[t9 , t10 ]

1

1

0

0

0
0

1

0
0

1

1
1

0

switching states
Discharge Cx

S1

S2

S3

S4

S1

S2

S3

S4

1
1
0

0
0
0

0
1
1

0
0
0

0
0
0

1
1
0

0
0
0

0
1
1

0
0
0

0
1
1

0
0
0

1
1
0

0
1
1

0
0
0

1
1
0

0
0
0

1
1

0

Trapezoidal filter inductor current

In contrast to triangular shaped filter inductor currents typically used in RPI topologies [23,110] and, for instance, power-factor correction (PFC) rectifier circuits [53], the
additional voltage level provided by the flying capacitor enables the generation of
more complex shapes of the filter inductor current. This may reduce the RMS value
of the current flowing through the switches, filter inductor and filter capacitor, and
therefore increase the converter’s efficiency. Figure 4.2 shows exemplary waveforms
for one switching period of the filter inductor current iLf , flying capacitor current
iCx and voltage vCx , and the voltage vsn from the switch node sn to ground. The
∗ , is positive and the output
desired per-period average value of iLf , defined as iset
voltage vout equal to 0 V, resulting in a flat middle part of the trapezoidal current
shape. The corresponding switching states that result in the exemplary waveforms
are shown at the top of Fig. 4.2 and given in Table 4.2, where the distinction is made
between charging or discharging the flying capacitor Cx . Note that a negative part
of iLf is required for each switching period to achieve ZVS for all turn-on events of
the switches, being the basic principle of a resonant pole inverter.
The duration of each state is adjustable to obtain the desired average filter inductor
∗ , to minimise the RMS value of the current through the filter inductor, to
current iset

4.2

Figure 4.2

T RAPEZOIDAL FILTER INDUCTOR CURRENT

Schematic representation of iLf , iCx , vCx and vsn waveforms for a single
switching period. The corresponding drive signals for switches S1−4
are shown at the top of the figure. The desired average current for this
∗ > 0 A, and v
exemplary schematic representation is iset
out = 0 V.
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regulate the switching frequency, and to guarantee soft switching at each switching
instant. The latter requires proper calculation of the corresponding time intervals
and current values, in order for vsn to completely commutate to the appropriate
voltage level as indicated in Fig. 4.2.
For each switching period, two time instants are available to choose between charging or discharging the flying capacitor in order to balance vCx around Vdc : just
before t1 and just before t6 . The decision whether to charge or discharge Cx is based
on a measurement of the actual voltage vCx , resulting in closed-loop control of the
flying capacitor voltage. Balancing vCx to Vdc results in the switch-node voltages
for the respective states shown in Table 4.1, depending on the sign of iLf . The three
states for which vsn is constant result in constant slopes of iLf which are indicated by
α, β and γ in Fig. 4.2. The corresponding equations for the slopes are given by
Vdc − vout
Lf
−Vdc − vout
β=
Lf
vsn − vout
γ=
.
Lf
α=

(4.1)
(4.2)
(4.3)

It is assumed that −Vdc < vout < Vdc , such that α > 0 and β < 0 are always true.
Assuming vCx is balanced properly around Vdc with relatively low variations, the
approximation is made that vsn ≈ 0 V during time intervals [t2 , t3 ] and [t7 , t8 ].
However, the flying capacitor is actively delivering a significant amount of energy
to the output of the converter. This means the capacitor has to contain sufficient
charge for its ripple voltage ṽcx to remain relatively low, and therefore ensuring that
the assumption that vsn ≈ 0 V continues to be valid.

4.3

Charge-based zero-voltage switching

The nonlinear output capacitance Coss (vds ) of a MOSFET is used as a resonant component for the circulating filter inductor current iLf and to achieve ZVS in a switching
leg [38, 54]. The high nonlinearity of Coss is beneficial for obtaining fast commutation of the switch node voltage. The charge model of Coss (vds ) enables the use of
piece-wise linear approximation of the trapezoidal shape of iLf . This section presents
the analytical modelling of the trapezoidal filter inductor current with charge-based
ZVS , calculation of the corresponding switching times, and determination of the
required commutation charge.

4.3

Figure 4.3
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∗ > 0 and v
Schematic representation of the iLf for iset
out < 0 with
charge commutation areas to ensure ZVS indicated in red. The corres∗
ponding minimum current iLf,Q
and minimum commutation charge
∗ , and setpoint dependent i ∗
Qc , desired per-period average current iset
Lf
are indicated together with the switching state timing intervals. Note
that t9 = t10 since [t9 , t10 ] = 0 for this modulation state.

Required commutation charge

A schematic representation of the trapezoidal filter inductor current iLf is shown
∗ > 0 A and v
in Fig. 4.3 for the modulation state where iset
out < 0 V. To reduce
the RMS value of iLf , therefore increasing efficiency, the surface of the negative
part of iLf (indicated with tN ), needed to achieve ZVS, is to be minimised. As a
first step, a critical area underneath iLf is defined which has to contain at least the
commutation charge Qc of the output capacitance Coss (vds ) of a single MOSFET,
assuming vds = Vdc . The critical area is indicated with Qc in Fig. 4.3. From this
∗
area and the slope of iLf for that section α, the corresponding minimum current iLf,Q
required to ensure ZVS is calculated according to
∗
iLf,Q
=−

p

2Qc α .

(4.4)

In order to achieve ZVS for each switching instant, the charge present in the current
for each of the commutation intervals, being [t1 , t2 ], [t3 , t4 ], [t6 , t7 ], and [t8 , t9 ], should
be at least 2Qc [54]. This is indicated in Fig. 4.3 with areas in different shades of
red, each representing an area corresponding to Qc . The indicated switching-state
timing intervals correspond to Fig. 4.2. Note that t9 = t10 since [t9 , t10 ] = 0 for this
∗ > 0 A, v
modulation state (iset
out < 0 V).
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Extension of middle part

∗ = 0 A, v
When, for instance, iset
out = 0 V, and the middle parts of the trapezoidal
filter inductor current, being time intervals [t2 , t3 ] and [t7 , t8 ], are small, the resulting
switching frequency is relatively high. The subsequently generated switching losses
would be substantial, which can be mitigated by extending the aforementioned
middle parts of the trapezoidal filter inductor current. The time interval [t7 , t8 ] is
∗ and v
made dependent of iset
out as a tuning parameter for the switching frequency,
according to

∗ |
|iset



[t7 , t8 ] = tcx,min + tcx,ext 1 −

Iset,max

2 

|vout |
1−
Vout,max

2
,

(4.5)

where tcx,min indicates a minimum time for the middle part of the trapezoidal waveform to allow for balancing of the flying capacitor Cx , tcx,ext is a tuning parameter
for the variable extension of the middle part depending on the load profile, and
Iset,max and Vout,max indicate the maximum output current and voltage respectively.
The values for tcx,min and tcx,ext are determined empirically as they depend on the
output current requirements and load characteristics.

4.3.3

Derivation of equations

The area underneath the filter inductor current indicating the required commutation
charge, has to be equal to Qc . The integral of the first order piecewise linear equations
for iLf give second order equations which can easily be solved analytically resulting
in second-order equations. The subsequent derived equations are analogous to the
calculations for the switching times and currents presented in [54]. Given α, β, γ, the
∗ , and the above defined time interval [ t , t ],
required commutation charge Qc , iLf,Q
7 8
all time values t5 to t10 and their respective current values for the negative part of
iLf can be calculated.

To derive a set of equations describing the negative part of iLf , intermediate commutation time instants t6a and t8a are defined, as shown in Fig. 4.4. The resulting set
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Zoom-in of the schematic representation of the negative part of iLf ,
with the indicated intermediate commutation time instants t6a and t8a ,
and critical area Qc .

of equations is given by
∗
it8a = iLf,Q

(4.6)

it8a
α q
it8a + it8a 2 + 2γQc

[t8a , t9 ] = −
[t8 , t8a ] =

γ

(4.7)
(4.8)

it8 = it8a − γ [t8 , t8a ]

(4.9)

it7 = it8 − γ [t7 , t8 ]
q
it7 + it7 2 + 2γQc
[t6a , t7 ] =
γ

(4.10)

it6a = it7 − γ [t6a , t7 ]
q
it6a + it6a 2 + 2βQc
[t6 , t6a ] =
β

(4.12)

it6 = it6a − β [t6 , t6a ]
i
[t5 , t6 ] = t6 .
β

(4.11)

(4.13)
(4.14)
(4.15)

Note that it is used that it6−9 and β are always negative, resulting in positive time
intervals in, for instance, (4.7) and (4.15). Furthermore, for the modulation state
being calculated, it is assumed that γ > 0. This is applied to the derivation of
equations in the remaining part of this section as well.
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Zoom-in of schematic representation of the positive part of iLf , with
the indicated intermediate commutation time instants t1a and t3a .

From the set of equations describing the negative part of the filter inductor current, a
total charge area AN of iLf in the time interval tN = [t5 , t10 ] is obtained. Furthermore,
∗ .
the average value of iLf has to be equal to the desired per-period average current iset
This gives for the total charge area AP of the positive part of iLf in the time interval
tP = [t0 , t5 ] as
∗
AP = AN + iset
( tN + tP ) .

(4.16)

However, the equations for both time and current values of iLf for the charge area
∗ , as indicated in Fig. 4.3, is
of the positive part are still unbounded. To solve this, iLf
∗
∗
proposed to be made dependent of iset and the minimum commutation current iLf,Q
for the same slope α, and set to
∗
∗
∗
iLf
= −iLf,Q
+ iset
.

(4.17)

Analogous to the analysis of the negative part of iLf , intermediate commutation time
instants are defined, as shown in Fig. 4.5. The following set of equations is defined
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to obtain a solution for time interval [t1a , t3a ]:
∗
iLf
α
∗
it3a = iLf + γ [t1a , t3a ]
i
[t3a , t5 ] = − t3a
β
1 ∗
1
1 ∗
+ it3a ) [t1a , t3a ] + it3a [t3a , t5 ]
AP,1 = iLf + (iLf
2
2
2
∗
AP,2 = AN + iset ([t0 , t1a ] + [t1a , t3a ] + [t3a , t5 ] + tN ) .

[t0 , t1a ] =

(4.18)
(4.19)
(4.20)
(4.21)
(4.22)

When AP,1 = AP,2 is solved for [t1a , t3a ], the resulting equation is given by

[t1a , t3a ] =

 p
∗ − i∗
∗ t ))
( β − γ) (ξ + 2βγ ( AN + iset
( β − γ) iLf
N
set +
,
γ (γ − β)

(4.23)

where ξ is defined as

ξ=

βγ
β−
α



∗ 2
iLf

∗ 2
+ ( β − γ) iset



+


βγ
∗ ∗
− β 2iLf
iset .
α

(4.24)

∗ , commutation charge Q , area
From the given slopes of iLf , defined current value iLf
c
AN , and (4.23) and (4.24), the remaining time and current values for the positive
part of iLf are calculated. The resulting set of equations is given by
∗
it1a = iLf

[t1 , t1a ] =

it1a −

(4.25)
q

it1a 2 − 2αQc

α
it1 = it1a − α [t1a , t1 ]
i
[t0 , t1 ] = t1
α
it3a = it1a + γ [t1a , t3a ]
q
−it1a + it1a 2 + 2γQc
[t1a , t2 ] =
γ
it2 = it1a + γ [t1a , t2 ]

(4.26)
(4.27)
(4.28)
(4.29)
(4.30)
(4.31)
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[t3 , t3a ] =

it3a −

q

2 − 2γQ
it3a
c

γ

[t2 , t3 ] = [t1a , t3a ] − [t1a , t2 ] − [t3 , t3a ]
it3 = it3a − γ [t3 , t3a ]
q
−it3a + it3a 2 + 2βQc
[t3a , t4 ] =
β
it4 = it3a + β [t3a , t4 ]
i
[t4 , t5 ] = − t4 .
β

(4.32)
(4.33)
(4.34)
(4.35)
(4.36)
(4.37)

This results in a complete description of iLf and timing of the switching intervals
for a single switching period that can be implemented in a processor. Note that the
extension of the middle part of the trapezoid for negative iLf , being time interval
[t7 , t8 ], as defined in (4.5), is incorporated in AN , and therefore results in an extended
middle part for positive iLf , being time interval [t2 , t3 ], as well.
The resulting numerical RMS and peak values of the filter inductor current can
be determined from the set of equations that describe a complete period of iLf .
The corresponding values are then used for component dimensioning. Due to the
second-order equations and sequential calculation process, it is not feasible to derive
practical analytical expressions for the RMS and peak current values of iLf . All
parameters can however be calculated numerically. The actual filter inductor current
profile is however strongly depending on the load characteristics, input current
profile and design choices made (e.g. for tcx,min and tcx,ext ).

4.3.4

Practical implementation considerations

For a converter with a trapezoidal filter inductor current operating in all four quadrants, corresponding piece-wise linear approximations of iLf are shown in Fig. 4.6.
The critical area of iLf with a minimum required charge Qc is located differently
∗ and v . However, the
for each modulation state, depending on the signs of iset
out
reasoning and calculations are analogous to the case discussed in section 4.3.3. The
result is four sets of equations to calculate the value of each switching time when
the converter is operating in the corresponding quadrant.
To determine an actual value for Qc , a plot of the nonlinear output capacitance
Coss (vds ) is taken from the datasheet of a C2M0025120D SiC MOSFET and shown in
Fig. 4.7 (a) [116]. The resulting charge Qc as a function of vds is shown in Fig. 4.7 (b),

4.3

Figure 4.6

C HARGE - BASED ZERO - VOLTAGE SWITCHING

Schematic representation of iLf for four different modulation states
∗ and v : i ∗ > 0 A and v
depending on the signs of iset
out set
out < 0 V (a),
∗
∗ < 0 A and v
∗
iset > 0 A and vout < 0 V (b), iset
out < 0 V (c), iset < 0 A
and vout > 0 V (d). The critical area for achieving ZVS Qc , correspond∗ , setpoint dependent current i ∗ ,
ing required commutation current iLf,Q
Lf
∗
and iset are indicated for each quadrant, as well as the commutation
charges in red.
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Figure 4.7
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Plot of the nonlinear output capacitance Coss as a function of vds taken
from the datasheet of a C2M0025120D SiC MOSFET [116] (a), and plot
of the calculated charge Qc as a function of vds (b).

which is calculated according to

Qc (vds ) =

Z v
ds
0

Coss (v) dv .

(4.38)

Zero-crossing detection (ZCD) of iLf ensures the calculated timing model remains
in phase with the actual current. This means an accurate measurement of iLf is not
required for proper operation of the converter. However, any delay between the
actual zero crossing of iLf and the turn-off instant of the corresponding switch may
result in a discrepancy between the actual and calculated filter inductor current.
Moreover, in a practical implementation, the calculated switching times are rounded
to the minimum time step of the switch controller. The inductance value of the filter
inductor is assumed to be constant, although its value may vary over time due to,
for instance, temperature drift of the core material. Additionally, the inductance
value decreases for higher current values when the core material approaches saturation, which should be avoided. Furthermore, the required commutation charge is
assumed to be constant and equal for all switches, and the output capacitances of
the MOSFETs are assumed to be the dominant resonant capacitances. The impact of
the potential causes of mismatch between the calculated and actual filter inductor
current are described in chapter 7.
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More than three levels

A three-level FC RPI is based on a single flying capacitor Cx , see Fig. 4.1, resulting
in three possible voltage levels of the switch-node vsn (i.e. Vdc , 0 and −Vdc ), and
limits the voltage stress on each switch Sx to Vdc . When actively applying this
additional voltage level, a trapezoidal filter inductor current shape is obtained,
instead of a triangular shape, which results in decreased peak and RMS values of
the current through the filter inductor. However, when the output voltage increases
or decreases during operation and approaches respectively Vdc and −Vdc , the filter
inductor current becomes less trapezoidal and more resembles a triangular shape.
This diminishes the advantages obtained by using the additional voltage level.

4.4.1

Trapezoidal filter inductor current

When expanding the three-level FC RPI to a five-level FC RPI configuration, two
additional available voltage levels are obtained. Figure 4.8 shows the schematic of
a five-level flying capacitor converter, consisting of a symmetrical supply, flying
capacitors Cx1 , Cx2 and Cx3 , filter inductor Lf , and output filter capacitor Cf . For all
MOSFET switches S1−8 the internal body diode and nonlinear output capacitance
Coss are drawn in dashed lines.
The number of available switch-node voltages vsn is increased from three to five: Vdc ,
1/2V , 0, −1/2V and −V , giving more freedom to control the shape of the filter
dc
dc
dc
inductor current. Subsequently, the peak and RMS values of the current through the
filter inductor are reduced, especially for higher output voltages. Furthermore, when
applying equidistant voltage levels, the voltage stress on each switch is reduced to
1/2V . The resulting flying capacitor voltages are then
dc
1
V
2 dc
= Vdc
3
= Vdc ,
2

vCx1 =

(4.39)

vCx2

(4.40)

vCx3

(4.41)

indicated in grey in Fig. 4.8.
A schematic representation of the filter inductor current iLf and corresponding vsn for
five-level modulation is shown in Fig. 4.9. For the steep gradients α and β, voltage
levels Vdc and −Vdc are selected for vsn . For the middle part of the trapezoidal
shape, the selected voltage level depends on the output voltage vout : the voltage
level closest to vout is chosen from the remaining voltages (1/2Vdc , 0 and −1/2Vdc ).
∗ > 0 A and v
For the specific case drawn in Fig. 4.9 with iset
out = 1/2Vdc , vsn = 1/2Vdc
is chosen resulting in a flat middle part γ. The corresponding equations for the
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Schematic of a five-level FC RPI. The flying capacitors are designated
Cx1−3 , the filter inductor Lf , and the output filter capacitor Cf . For
each MOSFET S1−4 , the internal body diode and nonlinear output
capacitance Coss are drawn with dashed lines. The desired flying
capacitor voltages vCx1−3 for equidistant voltage levels are indicated
in grey.

slopes are
Vdc − vout
Lf
−Vdc − vout
β=
Lf
vsn − vout
γ=
.
Lf
α=

4.4.2

(4.42)
(4.43)
(4.44)

Capacitor voltage balancing

Depending on the specific switching state for selecting a certain middle level, each of
the flying capacitors can be either charged, discharged or not connected to the output.
In Table 4.3 the possible switching states are displayed together with the resulting
switch-node voltage vsn , and the state of each flying capacitor for a positive filter
inductor current iLf . For a negative iLf , charge and discharge should be switched
since the current is flowing in the opposite direction. Not shown in the table as
well are the commutation states which allow the switch-node to commutate to the
desired next voltage level.

4.4

Figure 4.9

M ORE THAN THREE LEVELS

Schematic representation of iLf and vsn waveforms for a single switching period. The corresponding drive signals for switches S1−8 are
shown at the top of the figure. The desired average current for this
∗ > 0 A, and v
exemplary schematic representation is iset
out = 0 V.
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Table 4.3

Switching states for 5-level FC RPI for iLf ≥ 0 A

S1

S2

S3

S4

S5

S6

S7

S8

1
0
1
1
1
0
1
1
1
0
0
1
0
0
0
0

1
1
1
1
0
0
1
0
0
1
1
0
1
0
0
0

1
1
1
0
1
1
0
1
0
1
0
0
0
1
0
0

1
1
0
1
1
1
0
0
1
0
1
0
0
0
1
0

0
0
1
0
0
0
1
1
0
1
0
1
1
1
0
1

0
0
0
1
0
0
1
0
1
0
1
1
1
0
1
1

0
0
0
0
1
1
0
1
1
0
0
1
0
1
1
1

0
1
0
0
0
1
0
0
0
1
1
0
1
1
1
1

vsn

Cx1

Cx2

Cx3

Vdc
1/2V

Discharge

dc

1/2V

dc

1/2V

dc

Charge
Discharge

1/2V

dc

0
0
0
0
0
0
−1/2Vdc
−1/2Vdc
−1/2Vdc
−1/2Vdc
−Vdc

Charge
Discharge
Charge
Discharge

Charge
Discharge

Charge
Discharge
Discharge
Charge
Discharge

Charge
Charge
Discharge

Charge

Charge
Charge
Discharge
Discharge
Charge
Discharge

From Table 4.3 can be concluded that for each selected switch-node voltage for
the middle part of the trapezoidal current shape, insufficient switching states are
available for always selecting the optimal state for actively balancing the voltages
across all flying capacitors. For instance, when selecting vsn = 1/2Vdc for the middle
part of the trapezoidal current, it is not possible to charge Cx2 without discharging
Cx1 , while leaving Cx3 not connected.
However, it is possible to achieve active balancing of the flying capacitor voltages by
applying a strategy to obtain a balanced capacitor voltage averaged over multiple
switching periods. Each flying capacitor voltage is measured and compared to its
respective reference voltage, as given by (4.39), (4.40) and (4.41). The capacitors are
sorted by absolute error with respect to their respective reference. The appropriate
switching state is then chosen such to fulfil the balancing requirement in order of the
capacitor with the largest absolute error. This process is repeated for each switching
period leading to average balanced capacitor voltages.
Nevertheless, the control of the switches for the five-level converter is more complex
than for the three-level converter due to the higher number of possible switching
states. As a result, the state machine used for controlling four switches in a threelevel converter, as shown in section 4.2, comprises 16 states, where the state machine
for the five-level converter comprises 88 states. This represents a significant increase
in control complexity for a relatively small step from three to five output levels.

4.4

Table 4.4
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Modulation states for >3-level modulation
State
a
b
c
d
e
f
g
h

∗
iset
∗
iset
∗
iset
∗
iset
∗
iset
∗
iset
∗
iset
∗
iset
∗
iset

≥0
≥0
≥0
≥0
<0
<0
<0
<0

γ
γ
γ
γ
γ
γ
γ
γ
γ

≥0
≥0
<0
<0
≥0
≥0
<0
<0

α, β
α
α
α
α
α
α
α
α

≥ −β
< −β
≥ −β
< −β
≥ −β
< −β
≥ −β
< −β

However, the high number of available switching states for the five-level converter
indicates that there are sufficient degrees of freedom for generating a desired average
current, minimising the RMS current, balancing the flying capacitor voltages, and
regulating the switching frequency within a desired range.

4.4.3

Four-quadrant operation

For three-level modulation, four modulation states, corresponding to the four quadrants of operation, are possible as the sign of γ is directly related to the sign of
vout . This is due to the fact that the switch-node voltage for the middle part of the
trapezoidal current is always 0 V. When multiple voltage levels are available for the
middle part of the trapezoid, the number of possible modulation states increases to
∗ , the sign of γ,
eight. The selection of the relevant state depends on the sign of iset
which depends on vout and the selected voltage level, and whether α is greater or
equal than − β.
An overview of the modulation states is shown in Table 4.4, and a schematic representation of the corresponding filter inductor current iLf is shown in Fig. 4.10. The
letter in the left column of Table 4.4 indicating the modulation state corresponds
with the drawing above the same letter in Fig. 4.10. The required commutation
∗ , setpoint dependent current i ∗ and i ∗ are indicated, as well as the
current iLf,Q
set
Lf
commutation charges in red. The charge-based zero-voltage switching analysis,
as given in section 4.3, is applied to each modulation state to calculate the switching times. Note that the required commutation charge Qc is lower for five-level
modulation compared to three-level modulation for equal Vdc and when using the
same switches, as the voltage over which each individual switch commutates is
1/2V . Consequently, switches with a lower voltage rating can be used for five-level
dc
modulation, or Vdc can be increased to expand the range of the generated output
voltage.
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Schematic representation of iLf for eight different modulation states
as designated in Table 4.4. The critical area for achieving ZVS Qc , cor∗ , setpoint dependent
responding required commutation current iLf,Q
∗
∗
current iLf and iset are indicated, as well as the commutation charges
in red.
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Overview of calculation results

Parameter

2-level

3-level

5-level

Unit

iLf,max
iLf,rms
f sw

129
88.2
114

122
83.0
105

94.9
72.0
83.5

A
A
kHz

Comparison between number of levels

By applying multilevel modulation of the switch-node voltage vsn , improved shaping of the filter inductor current iLf is obtained. While still retaining the required
average current per switching period, the peak and RMS value of the current can be
reduced. A two-level converter can only generate triangular current shapes, whereas
a three-level converter opens the possibilities to generate a trapezoidal current shape.
However, when the absolute output voltage increases, i.e. the difference with the
middle level of 0 V increases, the current shape becomes less trapezoidal and more
resembles a triangle. When the number of available switch-node voltage levels is
increased to five-levels, the middle level can be selected such as to minimise the
difference between the output voltage and the switch-node voltage. This will result
in a more trapezoidal shaped filter inductor current for a wider operating range.
Example plots of iLf for a single switching period with two-level, three-level and
five-level modulation are shown in Fig. 4.11. For two-level modulation, the chargedbased modulation strategy as explained in section 4.3 is applied with the time
intervals of the middle parts of iLf set to 0 s. All three plots are generated for an
∗ = 60 A. The remaining
output voltage vout = 0.6Vdc and desired average current iset
parameters have equal values for the three modulation strategies, except for the
required commutation charge Qc which is lower for five-level modulation.
An overview of the calculated peak and RMS values of iLf and the resulting switching
frequency is given in Table 4.5. When the number of voltage levels is increased, the
peak and RMS values of the filter inductor current iLf are decreased, indicating a
significant potential loss reduction. The reduction in the peak value of iLf results in
lower switch-off losses in the switches and core losses in the inductor. A decrease in
the RMS value of iLf indicates potential lower conduction losses in the switches and
filter inductor. However, the five-level flying capacitor converter incorporates eight
switches instead of four switches for the three-level converter, indicating a potential
increase in total switch conduction losses. An estimate of the loss distribution
between converter components for the developed modulation strategies is given in
section 6.5.
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Single period of the calculated filter inductor current iLf with twolevel (a), three-level (b), and five-level modulation (c), for output
∗ = 60 A.
voltage vout = 0.6Vdc and desired average current iset
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Conclusion

The basic principles of a flying capacitor resonant pole inverter (FC RPI) have been
explained, to which multilevel trapezoidal filter inductor current is applied. The
existing charge-based zero-voltage switching (ZVS) scheme is extended for multilevel
modulation and a subsequent set of equations is derived to calculate the current
values and corresponding switching times. Furthermore, a five-level FC RPI is
analysed to illustrate the arising implementation difficulties and accompanying
solutions, i.e. flying capacitor voltage balancing and four-quadrant operation, when
more than three voltage levels are required.
Actively employing the additional voltage level available in a three-level FC RPI enables the use of trapezoidal filter inductor current shapes instead of triangular. This
may reduce the peak and RMS values of the filter inductor current which decrease
the generated losses in the converter. Active balancing of the flying capacitor voltage
around its reference is achieved for a three-level converter, since the direction of the
current through the flying capacitor can be controlled under all operating conditions.
Discarding additional resonant capacitors in parallel with the switches, and implementing a charge-based ZVS modulation scheme, results in a smaller required
commutation charge and the ability to apply piece-wise linear approximation of the
filter inductor current. The derived equations describing the filter inductor current
for operation in all four quadrants can be implemented in a processor to calculate the
required switching times in real time. Zero-crossing detection is used to synchronise
the calculated filter inductor current and corresponding switching timings with the
actual current, however it is highly susceptible to delay in the detection.
During operation, when the output voltage approaches the limit of the used supply voltage, the resulting filter inductor current resembles more a triangle than
a trapezoid, diminishing the advantages of three-level switching. Increasing the
number of voltage levels mitigates this issue at the cost of additional hardware.
However, balancing the flying capacitor voltages becomes demanding as insufficient
switching states are available to control the current through the flying capacitors
under all operating conditions. Additionally, the control of the converter becomes
notably more complex due to the significantly increased number of possible switching states. Furthermore, calculating the switching times using the charge-based
analysis for four-quadrant operation is cumbersome due to the doubling of the
possible modulation states.
A quantitative comparison has been made to analyse the different filter inductor
current shapes for two-level, three-level and five-level modulation. The results for
a single operating point indicate that, potentially, a significant decrease in peak
and RMS values of the filter inductor current could be achieved by increasing the
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number of applied voltage levels. This is investigated further in chapter 6 using an
elaborate simulation framework to determine proper functioning of the developed
modulation scheme. The simulation framework contains closed-loop control of the
generated output current to achieve a high accuracy, which is detailed in chapter 5.

C HAPTER

5

A

Control of power amplifiers

used in mechatronic systems for positioning of moving stages, as
described in chapter 2, are commonly intended to drive inductive loads. An
exception is, for instance, a piezoelectric actuator which can be approximated
as a capacitive load [16]. In order to achieve a high position accuracy of the moving
stage, high accuracy current generation of the power amplifier driving the actuators
is required, as is concluded in chapter 2. Negative feedback control of the generated
output current is applied in the power amplifier to compensate for the generated
phase-shift of the inductive load, to minimise the generated current error, and
to compensate for potential external disturbances. Examples of the latter are the
EMF voltage, and drift of the load characteristics due to, for instance, temperature
variations.
MPLIFIERS

The primary objective of the power amplifier in a mechatronic system is to impose
the output current through a load in accordance with a given setpoint current. From a
control point of view, (multilevel) switching endstages can either be approximated as
This chapter is based on:
• S. J. Settels, J. L. Duarte, and J. van Duivenbode, “Flying Capacitor Resonant Pole Inverter with
Direct Inductor Current Feedback,” IEEJ Journal of Industry Applications, vol. 8, no. 3, pp. 444–451,
May 2019.
• S. J. Settels, J. van Duivenbode, J. L. Duarte, and E. A. Lomonova, “Flying capacitor resonant pole
inverter applying five voltage levels,” in Proc. IEEE Energy Conversion Congress and Exposition
(ECCE), Oct. 2017, pp. 2121–2128.
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voltage or current sources. As a result, power amplifiers driving inductive loads are
divided into two classes: voltage-controlled current amplifiers (VCCA) and currentcontrolled current amplifiers (CCCA). In this chapter, a generic modelling method
of the corresponding electrical plants is developed for both classes. Design of the
respective output current controllers is described based on the classical single-input
single-output (SISO) approach [79]. In this chapter the three-level flying capacitor
converter, as discussed in section 3.3 and of which a circuit diagram is shown in
Fig. 3.2, is used as the baseline for a switching endstage including a second-order
output filter.

5.1

Voltage-controlled current amplifier

The switching endstage of a multilevel converter is approximated by a controlled
voltage source in a small-signal model when driven by multilevel pulse-width
modulation (PWM) waveforms [13, 79]. It therefore requires a setpoint voltage as
an input to generate an output current through the load according to a reference
current. For PWM, the setpoint voltage is commonly expressed by duty cycle or
modulation index in combination with the DC supply voltage.
The generic control outline of a voltage-controlled current amplifier for a single
phase, based on the classical single-input single-output (SISO) approach, is shown
in Fig. 5.1. The switching endstage, together with the output filter and load model,
∗ as input, EMF
is depicted by the electrical plant Pe , having the setpoint voltage vset
voltage as a disturbance input, and iout as the output. The output current controller
Ce and anti-aliasing filter HAA,i , with cut-off frequency f co,AA , are indicated as well.
The latter is required in a practical implementation when using digital control, and
since it influences the closed-loop control characteristics of the system, is therefore
included in the model. Furthermore, the filter capacitor current iCf is fed back with
a factor K to actively damp the resonance of the output filter.
No feedforward path is shown in the generic control outline of Fig. 5.1 from iset
∗ as the coefficients of its transfer function would be highly depending on
to vset
the plant characteristics, potentially resulting in an unstable system. It is however
∗ to lower
possible to add an estimate of the EMF voltage to the setpoint voltage vset
the control effort and improve the dynamic performance of the system.

5.1.1

Electrical plant modelling

In a small-signal model, the switching endstage, as discussed in the previous section,
∗ ,
generates an average switch-node voltage vsn according to the setpoint voltage vset
and is therefore approximated by a voltage source. The applied approximation is

5.1

V OLTAGE - CONTROLLED CURRENT AMPLIFIER

Figure 5.1

Outline of a current control model for a single phase of a voltage
controlled current amplifier, with electrical plant Pe , output current
controller Ce , gain K for active resonance damping, and anti-aliasing
filter HAA,i .

Figure 5.2

Schematic of electrical plant Pe for a voltage controlled current amplifier.
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only valid when the switching frequency is significantly higher than the intended
frequency range of the current setpoint. A single phase of an actuator is modelled as
the load of the converter, comprising of the series connection of a resistor, inductor
and a voltage source emulating the EMF. The resulting electrical circuit schematic of
Pe is shown in Fig. 5.2 with filter inductor Lf and capacitor Cf , load characteristics
Ro , Lo , and EMF voltage.
The resonance of Cf and Lf is actively damped by subtracting the measured capacitor
∗ , giving
current iCf , multiplied with factor K, from vset
∗
vamp = vset
− KiCf
s
Lf
K = 2ζ
,
Cf

(5.1)
(5.2)

√
where ζ is the damping factor for the respective resonance. If ζ = 1/2 2, the resonance is damped to a Butterworth characteristic.
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A state-space model is derived from the first order differential equations of the
actively damped circuit in Fig. 5.2, and results in
ẋ = Ax + Bu

(5.3)

y = Cx + Du
 


i
∗
 Lf 
vset
 
,
x =  iLo  , u = 
 
EMF
vCf



(5.4)

−K
 Lf

K
Lf

− Ro
Lo
−1
Cf


A= 0


1
Cf

−1
Lf 
1 
,
Lo 

0

iout
0
y =  , C = 
iCf
1




(5.5)



1
 Lf

0





1
B=0 −
,
Lo 

0
0


1 0
0
, D = 
−1 0
0

(5.6)

0
0


.

(5.7)

∗
∗
Bode plots
√ of the transfers from vset to iout and from vset to iCf for ζ = 0 and
ζ = 1/2 2 are shown in Fig. 5.3. The cut-off frequency of the second-order low-pass
filter, consisting of Lf and Cf , is f co,f = 50 kHz resulting in a complex conjugated
pole at that frequency for both transfers. The series connection of resistor Ro = 5 Ω
∗ to i
and inductor Lo = 5 mH results in a single pole in the transfer from vset
out at
round 160 Hz.

The resonance of Cf and L√f is clearly visible in the plots for the undamped case
where ζ = 0. For ζ = 1/2 2, the resonance peaks in the magnitude plots have
disappeared at the cost of increased phase-shift for frequencies around f co,f . The
increased phase-shift can be reduced by decreasing ζ until gain peaking is again
obtained.

5.1.2

Controller design

The gain plot of the damped electrical plant transfer shown in Fig. 5.3 (left) indicates that a stable closed-loop system is obtained for an open-loop bandwidth of
f bw = 10 kHz using a simple proportional (P) controller. However, the resulting
open-loop gain for low frequencies is relatively small, which is commonly solved by
adding an integrator to obtain a proportional-integral (PI) controller. The integrating
function enables the compensation of DC disturbances, or offsets, added to the
output of the system. The subsequent transfer function of a PI controller contains a

5.1

∗ to i
vset
out

magnitude [dB]

0

phase [deg]
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Bode plots of the transfers from
√ vset to iout (left) and from vset to iCf
(right) for ζ = 0 and ζ = 1/2 2.
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pole in the origin and a single zero, resulting in
KP s + KI
s + ωz
= KP
s
s
KI
,
ωz =
KP

Ce,PI =

(5.8)
(5.9)

where ωz is the frequency of the added zero, and KP and KI are the gain factors for
the proportional and integral parts of the controller respectively.
More open-loop gain for low frequencies can be obtained by adding a second
integrator to the controller transfer, thereby adding a second pole to the controller
transfer function. However, an additional zero is required as well to obtain sufficient
phase margin to attain a stable closed-loop system. The resulting transfer function
of the controller contains a double pole in the origin and a complex conjugated zero,
resulting in
s2 + 2ζ z ωz s + ωz2
,
(5.10)
s2
where ωz is the frequency of the complex conjugated zero with damping factor ζ z ,
and KC is the gain of the controller. The controller design is designated I 2 Z2 for
having two integrators and two zeros.
Ce,I2Z2 = KC

The double integrator of the Ce,I2Z2 controller is replaced by a complex conjugated
pole resulting in a double complex conjugated lag/lead controller. The damping
factor of the complex conjugated pole is set to a relatively low value to obtain
additional open-loop gain around the frequency of the complex conjugated pole.
This can improve disturbance rejection around the primary operating frequency
of the controlled system, for instance the electrical commutation frequency of a
mechatronic system. However, the open-loop gain for frequencies lower than the
frequency of the complex conjugated pole is reduced. The resulting transfer function
contains a complex conjugated pole and complex conjugated zero, resulting in
Ce,P2Z2 = KC

s2 + 2ζ z ωz s + ωz2
,
s2 + 2ζ p ωp s + ωp2

(5.11)

where ωp is the frequency of the complex conjugated pole with damping factor ζ p .
The controller design is designated P2 Z2 for having two poles and two zeros. Note
that P in this case represents the number of poles, not proportional.
The zeros of the controller and cut-off frequency of the second-order low-pass filter
are respectively set to
ωz =

ωbw
β

ωco,f = ωbw α ,

(5.12)
(5.13)
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Table 5.1
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VCCA model parameters

Parameter

Value

Unit

Description

Ro
Lo
f co,f
Lf
Cf
f bw

5
5
50
26.6
0.382
10
100
5
4

Ω
mH
kHz
µH
µF
kHz
kHz
-

Load resistance
Load inductance
Filter cut-off frequency
Filter inductor
Filter capacitor
Current-control bandwidth
Anti-aliasing filter
Controller tuning parameter
Controller tuning parameter

f co,AA
α
β
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where α = 5 and β = 4 are, together with KC , tuning parameters for obtaining
sufficient phase and gain margins. The parameter values used for the voltagecontrolled output current control system are aggregated in Table 5.1.
Bode plots of the transfer functions of the discussed controllers Ce,x (left) and subsequent open-loop transfers HOL,x (right) are shown in Fig. 5.4, tuned for an openloop bandwidth of f bw = 10 kHz. The controlled plant is equal to the model given in
section 5.1.1, and a second-order Butterworth low-pass filter with a cut-off frequency
of f co,AA = 100 kHz is used as anti-aliasing filter HAA,i . The resulting open-loop
transfer function is given by
HOL = Pe Ce HAA,i .

(5.14)

The magnitude plots of the controller transfer functions show the distinct differences for frequencies up to around 1 kHz. The complex conjugated pole of Ce,P2Z2
is located at 100 Hz, corresponding with the electrical commutation frequency introduced in chapter 2, and with a reduced damping ratio results in peaking of the
controller gain and corresponding open-loop gain. However, for lower frequencies
the open-loop gain diminishes. The same behaviour is present in the Bode plots of
the open-loop gain for the systems with the respective controllers.

5.1.3

Closed-loop behaviour

In order to investigate the closed-loop behaviour, the electrical plant model Pe in
the output current control model is split in two separate transfers. Admittance Ye,1
∗ to i , and admittance Y is defined
is defined as the open-loop transfer from vset
out
e,0
as the open-loop transfer from EMF to iout . Both transfers are derived from the
state-space model described in section 5.1.1. A schematic outline of the resulting
closed-loop output current control model is shown in Fig. 5.5.
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Figure 5.4

Bode plots of the transfer functions of controllers Ce,x (left) and corresponding open-loop transfers HOL,x (right).

Figure 5.5

Schematic outline of the output current control model with electrical
plant model Pe split into admittances Ye,0 and Ye,1 .
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The respective closed-loop transfer functions are given by
iout
EMF
iout
= ∗
vset
Ye,1 Ce
iout
=
=
iset
1 + Ye,1 Ce HAA,i
Ye,0
iout
=
,
=
EMF
1 + Ye,1 Ce HAA,i

Ye,0 =

(5.15)

Ye,1

(5.16)

HCL
SEMF

(5.17)
(5.18)

where HCL is the closed-loop transfer from setpoint current to output current, and
SEMF is the output current sensitivity to EMF voltage, or output admittance. The
resulting Bode plots of the respective closed-loop transfers are shown in Fig. 5.6.
Note that both the magnitude and phase plots of HCL,I2Z2 and HCL,P2Z2 overlap.
Moreover, closed-loop gain peaking occurs for HCL,I2Z2 and HCL,P2Z2 due to the
resulting lower phase margin for Ce,I2Z2 and Ce,P2Z2 compared to Ce,PI . The magnitude plots for the sensitivity show the differences in output admittance for lower
frequencies, in accordance with the open-loop gain plots in Fig. 5.4 (right).

5.2

Current-controlled current amplifier

The switching stage of a multilevel resonant pole inverter, as discussed in chapter 4,
∗ . This
generates an average filter inductor current according to a current setpoint iset
operation principle can be approximated by a current source when the switching
frequency range is significantly higher than the intended frequency range of the
current setpoint. This results in a current-controlled amplifier to which a current
controller is added to regulate the current through the inductive load.
The generic control outline of a current-controlled current amplifier (CCCA) for a
single phase, based on the classical single-input single-output (SISO) approach, is
shown in Fig. 5.7. The switching endstage, together with the output filter and load
∗ as input,
model, is depicted by the electrical plant Pe , having the setpoint voltage vset
EMF voltage as a disturbance input, and iout as the output, analogous to the VCCA
of section 5.1. The output current controller Ce , anti-aliasing filter HAA,i , and the
feedback of filter capacitor voltage vCf with factor K are indicated as well. The latter
provides active damping of the resonance between the load and output filter.
∗ . No
The model outlined in Fig. 5.7 contains a straight feedforward path of iset to iset
inverse plant dynamics are required, in contrast to the feedforward transfer for a
VCCA. When the total delay in the control loop is negligible, the impact of the added
feedforward path is negligible as well due to the relatively high loop-gain provided
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Figure 5.6

Bode plots of the closed-loop transfers HCL (left), and output current
sensitivity to EMF voltage SEMF (right) for the different controllers in a
VCCA . Note that both the magnitude and phase plots of HCL,I2Z2 and
HCL,P2Z2 overlap.

Figure 5.7

Outline of a current control model for a single phase of a currentcontrolled current amplifier, with electrical plant Pe , output current
controller Ce , gain K for active resonance damping, and anti-aliasing
filter HAA,i .
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Schematic of electrical plant Pe for a current-controlled current amplifier.

by the controller Ce . However, when the total delay in the control loop increases,
originating for instance from the measurement of iout , the added feedforward path
increases the dynamic responsiveness of the system to iset .

5.2.1

Electrical plant modelling

In a small-signal model, the switching endstage generates an average current per
∗ , and is therefore approximated
switching period according to the setpoint current iset
by a current source. The applied approximation is only valid when the switching
frequency range is significantly higher than the intended frequency range of the
current setpoint. Analogous to the VCCA, a single phase of an actuator is modelled
as the load of the converter, comprising of the series connection of a resistor, inductor
and a voltage source emulating the EMF. The resulting electrical circuit schematic of
Pe is shown in Fig. 5.8 with output capacitor Cf , load characteristics Ro , Lo , and EMF
voltage.
Filter capacitor Cf and load inductance Lo form a resonant circuit, with the resonant
frequency given by
ωres = √

1
.
Lo Cf

(5.19)

∗ the measured
The resonance of Cf and Lo is actively damped by subtracting from iset
capacitor voltage vCf multiplied with factor K, giving
∗
iamp = iset
− KvCf
s
Cf
K = 2ζ
,
Lo

(5.20)
(5.21)

√
where ζ is the damping factor for the respective resonance. If ζ = 1/2 2, the resonance is damped to a Butterworth characteristic.
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A state-space model is derived from the first order differential equations of the
actively damped circuit in Fig. 5.8, and results in
ẋ = Ax + Bu

(5.22)

y = Cx + Du
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0 1
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(5.23)
(5.24)

(5.25)

(5.26)

√
∗ to i
∗
Bode plots of the transfers from iset
out and from iset to vCf for ζ = 0 and ζ = 1/2 2
are shown in Fig. 5.9. The value of the filter capacitor is Cf = 20 µF, and the values
for the load components are the same as for the VCCA calculations: Ro = 5 Ω and
Lo = 5 mH.
√
For ζ = 1/2 2, the complex conjugated pole originating from Lo and Cf is damped
to a Butterworth characteristic at the cost of increased phase-shift around f res . In
contrast to the VCCA, the resonance damping term of the CCCA is directly subtrac∗ resulting in a reduced magnitude of the transfer from i ∗ to i
ted from iset
out for
set
frequencies up to f res . The reduced gain of the damped electrical plant Pe is to be
compensated by the output current controller Ce .

5.2.2

Controller design

The gain plot of the damped electrical plant transfer shown in Fig. 5.9 indicates that
it is not possible to obtain a stable closed-loop system for an open-loop bandwidth
of f bw = 10 kHz with P or PI controllers. This is due to the 180° phase-shift of
the electrical plant around that frequency. The phase-shift can be increased for
frequencies around f res by increasing the damping factor ζ of the electrical plant.
However, the open-loop gain is reduced as well, and still insufficient phase-shift is
obtained at the intended bandwidth of f bw = 10 kHz.
An integrator is required in the controller transfer to compensate for the gain error
introduced by the active damping of the electrical plant. Consequently, a double
zero, or complex conjugated zero, is required to obtain sufficient phase margin
around the intended open-loop bandwidth f bw . The resulting controller type is
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CCCA model parameters

Table 5.2
Parameter

Value

Unit

Description

Ro
Lo
Cf
f bw

5
5
20
10
100
5
4

Ω
mH
µF
kHz
kHz
-

Load resistance
Load inductance
Filter capacitor
Current-control bandwidth
Anti-aliasing filter
Controller tuning parameter
Controller tuning parameter

f co,AA
α
β

commonly known as a proportional-integral-derivative (PID) controller of which the
transfer function is given by
KD s 2 + KP s + KI
s2 + 2ζ z ωz s + ωz2
= KD
s
s2
KP
KI
= 2ζ z ωz ,
= ωz2 ,
KD
KD

CPID =

(5.27)
(5.28)

where KP , KI and KD are the gain factors for the proportional, integral and derivative
parts of the controller respectively, and ωz and ζ z are the frequency and damping factor of the complex conjugated zero respectively. Furthermore, a complex
conjugated roll-off pole is added to increase the open-loop gain margin, resulting in
Ce,PID = KC

s2 + 2ζ z ωz s + ωz2

,
s2 s2 + 2ζ p ωp s + ωp2

(5.29)

where ωp is the frequency of the complex conjugated roll-off pole with damping
factor ζ p . The frequencies of ωp and ωz are determined by
ωp = ωbw α
ω
ωz = bw ,
β

(5.30)
(5.31)

where α = 5 and β = 4 are, together with KC , tuning parameters for obtaining
sufficient phase and gain margins, analogous to the design of the controller for the
VCCA. The parameters used for the current-controlled output current control system
are aggregated in Table 5.2.
Bode plots of the transfer function of Ce,PID (left) and subsequent open-loop transfer HOL,PID (right) tuned for an open-loop bandwidth of f bw = 10 kHz are shown
in Fig. 5.10. The controlled plant is equal to the model given in section 5.2.1,
and a second-order Butterworth low-pass filter with a cut-off frequency of
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Bode plots of the transfer function of controller Ce,PID (left) and
corresponding open-loop transfer HOL,PID (right).

f co,AA = 100 kHz is used as anti-aliasing filter HAA,i . The phase plot of Ce,PID shows
the increased phase-shift around f bw which results in sufficient phase margin for
the open-loop transfer at f bw .
A higher open-loop gain can be achieved for frequencies below f res by adding a
second integrator and a zero located at f res to Ce,PID , analogous to the I 2 Z2 controller
of the VCCA. Alternatively, the two integrators can be replaced by a complex
conjugated pole at a desired primary operating frequency to improve disturbance
rejection around that frequency, analogous to the P2 Z2 controller of the VCCA. The
resulting open-loop transfers for the CCCA will be similar to the corresponding
open-loop transfers for the VCCA.

5.2.3

Closed-loop behaviour

In order to investigate the closed-loop behaviour, the electrical plant model Pe in
the output current control model is split in two separate transfers. Transfer Pe,1 is
∗ to i , and admittance Y is defined as
defined as the open-loop transfer from iset
out
e,0
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Schematic outline of the output current control model with electrical
plant model Pe split into admittance Ye,0 and transfer Pe,1 .

the open-loop transfer from EMF to iout . Both transfer functions are derived from
the state-space model described in section 5.2.1. A schematic outline of the resulting
closed-loop output current control model is shown in Fig. 5.11.
The respective closed-loop transfer functions are given by
iout
EMF
iout
= ∗
iset
(1 + Pe,1 ) Ce
iout
=
=
iset
1 + Pe,1 Ce HAA,i
Ye,0
iout
=
=
,
EMF
1 + Ye,1 Ce HAA,i

Ye,0 =

(5.32)

Pe,1

(5.33)

HCL
SEMF

(5.34)
(5.35)

where HCL is the closed-loop transfer from setpoint current to output current including the feedforward path, and SEMF is the output current sensitivity to EMF
voltage, or output admittance. The resulting Bode plots of the respective closed-loop
transfers are shown in Fig. 5.12. Similar to the plots for the closed-loop behaviour
of the VCCA, the magnitude plot of HCL indicates gain peaking due to the limited
phase margin and loop-gain for frequencies approaching f bw . The magnitude plot
of SEMF is in accordance with the open-loop gain plot in Fig. 5.10.

5.2.4

Comparison of current amplifiers

In order to compare the closed-loop behaviour of the presented VCCA and CCCA
configurations, the magnitude plots of the output current sensitivity to EMF voltage,
or output admittance, and the closed-loop step responses are analysed. The corresponding plots are shown in Fig. 5.13 for the PI and I 2 Z2 controllers of the VCCA, and
the PID controller of the CCCA.
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The magnitude plots of SEMF,PID and SEMF,PI , Fig. 5.13 (left), illustrate the decreased
sensitivity that is achieved by applying current control instead of voltage control
respectively for controllers with the same number of integrators. However, when a
I 2 Z2 controller is applied in the VCCA, a significant decrease in sensitivity is achieved
compared to SEMF,PID for low frequencies. Note that a similar sensitivity can be
achieved in a CCCA when Ce,PID is augmented with an integrator, and a zero around
the resonance frequency of the plant.
The step responses shown in Fig. 5.13 (right) illustrate the differences in open-loop
and closed-loop gain of the control systems by a corresponding overshoot occurring
in the output current iout . However, the settling time for the different closed-loop
step responses is comparable. Which type of controller gives the best performance
depends on the type of amplifier being used, the desired sensitivity and bandwidth,
and additional requirements such as overshoot and maximum output voltage ripple.
The performance of the presented control configurations is evaluated in chapter 6 by
using elaborate simulation frameworks incorporating, among others, the modulation
and switched circuit behaviour.

5.3

Direct filter inductor current feedback

The development of current sensors with a relatively high bandwidth, for instance
based on anisotropic magnetoresistance (AMR) [82], enables direct measurement of
the filter inductor current iLf of a current-controlled amplifier. From the measured
current waveform, a per-switching-period average value is determined that is fed
back to a controller to compensate for the error current introduced by the switching
endstage. A schematic outline of the resulting control system is shown in Fig. 5.14.
Note that additional output current control is still required for inductive loads in
mechatronic systems, and that the proposed control scheme is intended to be used
in a CCCA in this section.
The actual filter inductor current iLf is filtered by the transfer of the sensor characteristics Hsensor , which can, for instance, be modelled as a second-order Butterworth
filter with a cut-off frequency at the specified bandwidth of the sensor. From the
resulting measured current waveform, the per-switching-period average value is
determined by the ’iavg calc’ block of Fig. 5.14. The calculated average value is
∗ to determine an error signal that is fed to
subtracted from the setpoint current iset
controller CiLf . A simple feedforward of the setpoint current completes the direct
filter inductor current control outline.
In order to obtain error correction and noise shaping, the characteristics of an
integrator are required for controller CiLf . However, since a significant phase-delay

5.4

Figure 5.14

C ONCLUSION

81

Schematic outline of the direct filter inductor current feedback control
system.

exists due to the calculation and measurement delays in the ’iavg calc’ block and
Hsensor respectively, the addition of a zero to the transfer function of the controller
around the 0 dB crossing of the gain of CiLf is required. This ensures sufficient
phase margin to obtain a stable control loop. A complex conjugated roll-off pole is
furthermore included to attain sufficient gain margin. The resulting transfer function
of CiLf is given by
CiLf =

(s + ωz ) ωp2


s s2 + 2ζ p ωp s + ωp2

,

(5.36)

where ωz is the frequency of the added zero, and ωp is the frequency of the complex
conjugated roll-off pole with damping factor ζ p .
In Fig. 5.15, a Bode plot of CiLf is shown as an example for f z = 3 kHz and
f p = 40 kHz. The resulting 0 dB crossing of CiLf is around 10 kHz. Simulations
performed on a combined converter and control model indicated a significant potential improvement of the dynamic range and distortion levels [84]. However,
the ratio between the open-loop output current control bandwidth and switching
frequency of the converter has to be substantial in order for the behaviour of the
respective systems to remain decoupled. For the example given in Fig. 5.15 and
corresponding simulation framework in [84], the switching frequency is ≥ 100 kHz
and the resulting open-loop output current control bandwidth limited to 1 kHz.

5.4

Conclusion

Negative feedback control of the output current is applied in power amplifiers
to minimise the generated current error and compensate for potential external
disturbances. From a control point of view, the (multilevel) switching endstages
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Bode plot of the transfer function of CiLf .

in power amplifiers are approximated as either voltage or current sources. In this
chapter, a generic modelling method has been developed for both voltage-controlled
current amplifiers (VCCA) and current-controlled current amplifiers (CCCA), based
on state-space representation of the corresponding first-order differential equations.
Active damping of the respective resonant circuits has been incorporated in the
model, resulting in the electrical plant description for which the design of different
output current controllers is presented. The subsequent closed-loop behaviour of
the respective systems is evaluated and compared.
For a VCCA, a simple first order proportional-integral (PI) controller is tuned to the
desired bandwidth and results in a stable system. More low-frequency open-loop
gain is achieved by adding an integrator, and therefore obtaining a second-order
controller (I 2 Z2 ), which results in a stable system as well. By relocating the integrator
poles from the origin to a desired frequency based on the setpoint profile, additional
open-loop gain is acquired around the corresponding frequency.
In contrast, a CCCA with a simple PI controller does not result in a stable closed-loop
system, and requires a more complex PID controller to obtain the required phase
margin and open-loop bandwidth. The resulting output current sensitivity to EMF
voltage for low frequencies is lower than for the PI controller of the VCCA. However,
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the I 2 Z2 controller of the VCCA has been proved to be superior due to a higher
open-loop gain for low frequencies.
Applying the multilevel resonant pole inverter modulation strategy, as presented
in chapter 4, results in a current-controlled current amplifier. The modelling and
control strategy, as developed for a CCCA in this chapter, is applied to the FC RPI in
chapter 6 for three-level and five-level modulation, and the resulting performance
of the complete system is evaluated.

C HAPTER

6

T

Simulation-assisted
synthesis

enable fast switching of high voltage, the flying capacitor (FC) topology
has been chosen in the evaluation presented in chapter 3, for which a multilevel charge-based zero-voltage switching modulation strategy is devised
in chapter 4. Furthermore, closed-loop output regulation of the resulting currentcontrolled current amplifier is described in chapter 5. In order to evaluate the
theoretical performance of the subsequent power amplifier configuration, simulation frameworks are synthesised, combining the aforementioned parts.
O

Separate frameworks are developed for three-level and five-level modulation, based
on their respective FC topologies. A single phase of a corresponding inverter is
implemented, for which the dimensioning of the filter components and flying capacitor(s), and the modulation and output current control parameters are described. To
analyse the performance of the resulting systems, both DC and AC setpoint currents
are applied. Furthermore, component models are constructed to obtain insight in
the respective distribution of losses in an actual converter. The waveforms obtained
This chapter is based on:
• S. J. Settels, J. L. Duarte, J. van Duivenbode, and E. A. Lomonova, “A 2kV Charge-based ZVS
Three-level Inverter,” IEEE Transactions on Power Electronics, Accepted for publication in future
issue, 2019.
• S. J. Settels, J. van Duivenbode, J. L. Duarte, and E. A. Lomonova, “Flying capacitor resonant pole
inverter applying five voltage levels,” in Proc. IEEE Energy Conversion Congress and Exposition
(ECCE), Oct. 2017, pp. 2121–2128.
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Figure 6.1
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Schematic overview of the simulation framework, with the electrical
circuit depicted by the MOSFET block, switching times calculator
tsw calc, Gate control block, anti-aliasing filters HAA,i and HAA,v , and
output current controller Ce .

for an AC setpoint current are used to calculate the estimated component losses.

6.1

Three-level modulation simulation framework

An integral simulation framework is developed consisting of the electrical circuit of
the three-level switching endstage, the calculation of the switching times, generation
of the subsequent gate-control signals, and closed-loop output current control. A
schematic overview of the resulting system is shown in Fig. 6.1, where the electrical
circuit is depicted by the MOSFET block which is simulated using the PLECS block-set
for Matlab Simulink. The latter is used for implementing the remaining blocks
indicated in the schematic overview.
The switching times are calculated by the tsw block from which the subsequent gate
signals are generated by the Gate control block, based on the multilevel modulation
scheme introduced in chapter 4. Measurements of the flying capacitor voltage vCx
and output voltage vout are required for balancing vCx around its reference and
calculation of the switching times respectively. As an actual implementation would
require anti-aliasing filters for the measured signals, and since the behaviour of the
system is significantly influenced by them, the filters are included in the simulation
framework. The HAA,v and HAA,i filters are second-order Butterworth low-pass
filters with a cut-off frequency of f co,AA = 100 kHz, and their respective outputs are
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sampled at f s = 1 MHz.
The zero-crossing detection block (ZCD) is added to determine the sign of the filter
inductor current iLf . The measured signal is used by the Gate control block to
synchronise the calculated switching times with the actual current, and by the
tsw calc block to trigger the start of the calculations at each zero crossing of a rising
edge of iLf .
The implementation of the output current control is based on Fig. 5.7 in section 5.2,
and consists of output current controller Ce , active-damping coefficient K, and
∗ is subsequently fed
anti-aliasing filter HAA,i . The generated setpoint current iset
to the switching times calculations block. Each of the segments of the simulation
framework is detailed in the following sections.

6.1.1

Three-level switching endstage

The electrical circuit of the three-level switching endstage, as implemented in the
framework using the PLECS block-set, is based on the three-level FC RPI, of which
the circuit diagram is shown in Fig. 4.1. A load comprising of the series connection
of inductor Lo and resistor Ro is added to the circuit, emulating an actuator. The
output voltage vout and switch-node voltage vsn are measured with respect to
ground, and the flying capacitor voltage vCx is measured differentially across the
capacitor. The characteristics of the switches S1−4 and accompanying body diodes
are based on a C2M0025120D SiC MOSFET [116]. The nonlinear output capacitances
are implemented as variable capacitors, where the respective capacitor charge is a
function of the voltage across the corresponding capacitor according to (4.38) and
Fig. 4.7.
Dimensioning the filter components
The inductance value of the filter inductor Lf has a significant impact on the shape
of the current iLf as it determines the values of the slopes α, β and γ, see section 4.2.
Under maximum load conditions with a high setpoint current and output voltage,
the inductance value determines the minimum switching frequency that is achieved
as the middle parts of the trapezoid are being minimised. The filter inductor current
shape is then approximated as being triangular, which is used to determine a boundary value for the inductance for a certain minimum desired switching frequency.
The resulting limit for Lf is found to become
Lf ≤

2 − v̂2 − 4 f V t
Vdc
sw dc neg (Vdc + v̂out )
out
,
4 f sw Vdc ı̂set

(6.1)

where v̂out is a defined maximum output voltage, f sw is the desired minimum
switching frequency, tneg represents the time between the zero crossing of a falling
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edge of iLf and the end of the first commutation (corresponding to [t5 , t7 ] in Fig. 4.3),
and ı̂set is a defined maximum setpoint current. The parameters v̂out , ı̂set and tneg
depend on the characteristics of the load and the applied setpoint current profile.
For v̂out = 800 V, ı̂set = 80 A, f sw = 50 kHz and tneg = 100 ns, the upper limit for
the value of the filter inductor comes to Lf ≤ 20.3 µH.
While (6.1) gives an upper limit for LLf , the lower limit is defined by the desired
output voltage ripple in combination with the value for Cf . To minimise the output voltage ripple, the value of the filter inductor is set to Lf = 20 µH, and the
filter capacitor to Cf = 20 µF. The latter is chosen relatively large to minimise the
output voltage ripple, and lower the combined resonant frequency of Lo and Cf to
increase the open-loop gain for lower frequencies (see section 5.2), while obtaining a
reasonable volume taken in by the capacitor.

Dimensioning the flying capacitor
During the middle parts of the trapezoidal filter inductor current iLf , the flying
capacitor Cx is actively delivering energy towards the output of the converter. For
the piece-wise linear approximation of iLf to remain valid, the ripple voltage ṽCx
of the flying capacitor should be relatively small. In this case, the resulting relative
charge error in the middle part of the trapezoidal filter inductor current is given by
∆Q
Qmiddle

=

t2middle
,
Lf Cx

(6.2)

where ∆Q is the absolute charge error, Qmiddle is the desired charge in the middle
part, and tmiddle is the time interval of the middle part of iLf (corresponding with
[t2 , t3 ] in Fig. 4.3). For a desired maximum relative charge error of 1 %, a worst
case middle part time interval of tmiddle = 4.5 µs, and Lf = 20 µF, the resulting
flying capacitor value is Cx = 101 µF. However, the maximum value available
on the market for a film capacitor with a rated voltage of 1.2 kV is 60 µF [113],
which results in a relative charge error of 1.7 %, and is subsequently used in the
simulation framework. Increasing the capacitance value using a parallel connection
of multiple capacitors is possible, however it would result in a significant increase in
volume, especially compared to the filter inductor, and is therefore not applied. The
determined component values for a three-level FC RPI are aggregated in Table 6.1.
The values for the load inductor Lo and load resistor Ro are equal to the values used
in section 2.4 for determining the voltage and current waveforms as well as the
bandwidth limitation simulations.
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Three-level FC RPI circuit parameters

Table 6.1
Parameter

Value

Unit

Description

Lf
Cf
Cx
Ro
Lo
Vdc

20
20
60
5
15
±1

µH
µF
µF
Ω
mH
kV

Filter inductor
Filter capacitor
Flying capacitor
Load resistance
Load inductance
Symmetrical supply voltage

Table 6.2

Switching times calculation parameters

Parameter

Value

Unit

Qc
tclk

315
10
40
2
100
1

nC
ns
ns
µs
A
kV

tcx,min
tcx,ext
Iset,max
Vout,max

6.1.2
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Description
Commutation charge
Time-base of FPGA clock
Minimum time for middle part of trapezoid
Extension parameter for middle part of trapezoid
Maximum setpoint current
Maximum output voltage

Calculation of the switching times

The switching times are calculated by the tsw calc block, as indicated in Fig. 6.1,
∗ and output voltage v . The
based on the desired per-period average current iset
out
start of the calculations is triggered by a zero crossing of a rising edge of the filter
inductor current iLf , identified by the ZCD block. The base frequency of the calculated
switching times is derived from the clock frequency of an actual field-programmable
gate array (FPGA) f clk = 100 MHz, resulting in a time-base value of tclk = 10 ns. The
resulting switching times t0−10 , rounded to the nearest increment of tclk , are passed
to the Gate control block that generates the corresponding gate signals.
The calculation of the switching times is based on the charge-based ZVS modulation
scheme as introduced in section 4.3. The set of equations consisting of (4.1)-(4.37)
∗ and v . The static
are implemented for all four quadrants based on the signs of iset
out
values of the required commutation charge Qc (see (4.4)), the minimum time for
the middle part of the trapezoidal waveform tcx,min , the extension parameter of the
middle part tcx,ext , related maximum setpoint current and output voltage Iset,max
and Vout,max respectively (see (4.5)), are aggregated in Table 6.2.
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Generation of the gate-control signals

The Gate control block receives the switching times from the tsw calc block as multiples of the base clock frequency tclk . A state machine, based on the switching states
given in Table 4.2, generates the corresponding gate signals for switches S1−4 . The
measured flying capacitor voltage vCx indicates whether the flying capacitor is to be
charged or discharged, to ensure balancing of vCx to Vdc and the appropriate state is
selected by the state machine. From Table 4.2 is observed that a total of 16 possible
states exist, where the start of intervals [t0 , t1 ] and [t5 , t6 ] are triggered by the zero
crossings of rising and falling edges of iLf respectively.

6.1.4

Output current control

The design and layout of the closed-loop output current control system is based
on the methodology for a current-controlled current amplifier (CCCA), as is described in section 5.2. The measured output current iout is filtered by a secondorder Butterworth low-pass anti-aliasing filter HAA,i with a cut-off frequency of
f co,AA,i = 100 kHz, and is subsequently sampled at f s,e = 1 MHz. The measured
and filtered output voltage vout is sampled at the same frequency, and fed to gain K
to provide active damping of the resonance of Cf and Lo .
The discrete-time current controller Ce is of the PID type, and is designed for an
open-loop bandwidth of f bw = 10 kHz with a complex conjugated roll-off pole at
f p = 70 kHz. The resulting Bode plots of the discrete transfer function of Ce and the
open-loop transfer HOL are shown in Fig. 6.2.

6.2

Results for three-level modulation

In order to verify proper functioning of the modulation strategy and evaluate the
performance of the complete system, both DC and AC simulations are performed
respectively. The results and corresponding analyses are presented in this section.

6.2.1

DC analysis

Simulations were run for two DC setpoint currents, being iset = 0 A and iset = 10 A.
The resulting waveforms of the filter inductor current iLf , switch-node voltage vsn ,
flying capacitor voltage vCx , and output voltage vout for three periods of iLf are
shown in Fig. 6.3. The distinct trapezoidal shape of iLf and corresponding three-level
vsn are clearly observed, resulting in a virtually triangular vout . The waveforms of
vCx show proper balancing around Vdc , albeit with an increased ripple due to the
delay introduced by the anti-aliasing filter.
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Bode plots of the discrete transfer function of controller Ce (left) and
corresponding open-loop transfer HOL (right) for a sample frequency
of f s,e = 1 MHz.
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Simulated waveforms for the filter inductor current iLf , switch-node
voltage vsn , flying capacitor voltage vCx , and output voltage vout , for
DC setpoint currents iset = 0 A (left) and iset = 10 A (right).
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To verify whether complete commutation of vsn is achieved for each commutation
interval, and therefore zero-voltage switching, zoomed plots are created of iLf and
vsn around the commutation intervals. In Fig. 6.4 the resulting plots for iset = 0 A
are shown, together with the states of switches S1−4 . The commutation of vsn from
Vdc to 0 V in Fig. 6.4 (a) is almost complete when S4 is turned on, indicating that
the calculated time-interval is insufficient. This is due to the fact that the calculated
switching times are rounded-off to the nearest increment of tclk . However, the
impact of the resulting hard-switching event is negligible due to the relatively
small remaining switch-node voltage. The opposite is occurring in Fig. 6.4 (b) for
the commutation of vsn from −Vdc to 0 V, where S2 is turned-on well after vsn
has reached 0 V (over commutation), and the body-diode of S2 starts conducting.
Nonetheless, the zoomed plots indicate almost complete commutation of vsn for all
commutation intervals.
Equivalent zoomed plots of the waveforms of iLf and vsn during the respective
commutation intervals for iset = 10 A are shown in Fig. 6.5. The plots in Fig. 6.5 (b)
and (d) indicate complete commutation of vsn , where in Fig. 6.5 (a) over commutation
occurs, and in Fig. 6.5 (c) S2 is turned on slightly too soon. Again, the zoomed plots
indicate almost complete commutation of vsn for all commutation intervals.

6.2.2

AC analysis

Simulations were run applying a sinusoidal setpoint current with a frequency of
f iset = 100 Hz and an amplitude of Îset = 50 A. The resulting waveforms of iout , vout ,
iLf , vCx , and ierror for a single period of the sinusoidal setpoint current are shown in
Fig. 6.6. The effective per-period switching frequency f sw is plotted as well.
The plots of iout and vout show the resulting sinusoidal waveforms, where the
latter has a phase-shift due to the inductance of the load. The plot of iLf illustrates
the dependency of the filter inductor current on the signs of iset and vout . Proper
balancing of the flying capacitor voltage around Vdc is achieved, where the resulting
peak ripple voltage is ṽCx,pk ≈ 5 V, which is around 0.5 % of Vdc . The maximum
value of the resulting error current is ierror,max = 5.83 mA, which is 117 ppm of Îset .
The effective per-period switching frequency ranges from 64.3 kHz to 311 kHz.
In order to evaluate the quality of the generated AC output current, spectral analysis
is applied to iout . The amplitudes of the harmonics of the 100 Hz base frequency
are calculated using the Fourier coefficients of the output current response to a
single period of the 100 Hz sine wave setpoint current, as shown in Fig. 6.6. The
resulting values for the first 20 harmonics, including the DC component, are shown
in Fig. 6.7. The bar plot indicates dominant odd harmonics with a maximum value
of −75.7 dBA at nharm = 15.
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Zoomed plots of the iLf (blue) and vsn (red) waveforms for the commutation intervals as shown in Fig. 6.3 (left) for iset = 0 A. Commutation
from 0 V to Vdc and from Vdc to 0 V (a), commutation from 0 V to −Vdc
and from −Vdc to 0 V (b). The corresponding states of the switches
S1−4 , see Fig. 4.1, are shown above the waveform plots.

6.2

Figure 6.5

R ESULTS FOR THREE - LEVEL MODULATION

Zoomed plots of the iLf (blue) and vsn (red) waveforms for the commutation intervals as shown in Fig. 6.3 (right) for iset = 10 A. Commutation from vdc to 0 V (a), commutation from 0 V to −vdc (b), commutation from −vdc to 0 V (c), commutation from 0 V to vdc (d). The
corresponding states of the switches S1−4 , see Fig. 4.1, are shown
above the waveform plots.
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Simulation results of the output current iout , output voltage vout , filter
inductor current iLf , flying capacitor voltage vCx , error current ierror ,
and effective per-period switching frequency f sw , for a single period
of a 100 Hz sinusoidal setpoint current with amplitude Îset = 50 A.
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Amplitudes of the first 20 harmonics, including the DC component,
of the 100 Hz base frequency, calculated using Fourier coefficients of
the output current response to a single period of the 100 Hz sinusoidal
setpoint current.

To quantify the nonlinear characteristics of the complete system, the spuriousfree dynamic range (SFDR) and total harmonic distortion (THD) are calculated for
the first 100 harmonics of iout . The resulting value for the SFDR is 110 dB, and the
resulting value for the THD is −100 dB, indicating a relatively high achieved linearity.
However, many aspects of the system are considered ideal (e.g. current sensor, gate
drivers, zero-crossing detection), qualifying the achieved results as a theoretical
upper limit for the developed system.

6.3

Five-level modulation simulation framework

The integral simulation framework used to obtain results for five-level modulation
is almost identical to the framework for three-level modulation, which is described
in section 6.1. A schematic overview of the non-identical part is shown in Fig. 6.8,
where the switching-times calculation block tsw calc forwards the selected middlelevel voltage to the Gate control block to generate the corresponding gate signals
for S1−8 . Furthermore, since three flying capacitors are incorporated in the electrical circuit, an equal number of anti-aliasing filters is required for the respective
voltage measurements. The implementation of output current control for five-level
modulation is equivalent to section 6.1.4.
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Schematic overview of part of the simulation framework for five-level
modulation, with the electrical circuit depicted by the MOSFET block,
switching times calculator tsw calc, Gate control block, anti-aliasing
filters HAA,v , and zero-crossing detection block ZCD.

The electrical circuit of the five-level switching endstage is based on the five-level
FC RPI , of which the circuit diagram is shown in Fig. 4.8. The component values
are equal to the values for three-level modulation, as given in Table 6.1, with the
three flying capacitors having equal values of Cx,1−3 = 60 µF. The flying capacitor
values are chosen identical to have the same impact of each capacitor voltage on the
absolute voltage error on the switch node, as the current through the capacitors is
the same when connected to the switch node. Furthermore, the characteristics of the
switches S1−8 and accompanying body diodes are again based on the C2M0025120D
SiC MOSFET.
The calculation of the switching times for five-level modulation is analogous to
three-level modulation, and is explained in detail in section 4.4. For the middle
part of the trapezoidal filter inductor current, the value closest to vout is selected,
designated as vmid . Four-quadrant operation is implemented for the resulting eight
possible modulation states, according to the methodology described in section 4.4.3.
The value used for the required commutation charge is determined for vds = 1/2Vdc ,
amounting to Qc = 205 nC. The remaining parameters are equal to the values given
in Table 6.2.
The state machine in the Gate control block is based on the switching states given in
Table 4.3, and extended for iLf < 0 A. To regulate the flying capacitor voltages, each
flying capacitor voltage is measured and compared to its respective reference value.
The capacitors are sorted by absolute voltage error, and the appropriate switching
state is selected to fulfil the balancing requirement in order of the capacitor with
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largest absolute error, as is detailed in section 4.4.2. From Table 4.3 can be observed
that a total of 88 possible states exist, where the start of intervals [t0 , t1 ] and [t5 , t6 ]
are triggered by the zero crossings of rising and falling edges of iLf respectively.

6.4

Results for five-level modulation

Similar to section 6.2, the analyses of both DC and AC simulation results are presented
in this section, in order to verify proper functioning of the five-level modulation
strategy, and evaluate the performance of the complete resulting system.

6.4.1

DC analysis

A simulation of the five-level modulation framework is performed with a DC setpoint
current of iset = 60 A, since the resulting waveforms for iset = 0 A and iset = 10 A
would be insignificantly different from the waveforms given in Fig. 6.3. To examine
the differences with respect to three-level modulation, the resulting waveforms for
iset = 60 A for both three-level and five-level modulation are given in Fig. 6.9.
The waveform of vsn for five-level modulation indicates the selection of 1/2Vdc for
the middle part of the trapezoidal filter inductor current iLf . The resulting peak
value of iLf for three-level modulation iLf,pk = 111.5 A is reduced to iLf,pk = 103.9 A
for five-level modulation. The potential resulting reduction in losses is investigated
in section 6.5. Furthermore, the ripple voltages for each flying capacitor ṽCx indicate
proper balancing around their respective references, albeit with increased peak
values due to the delay introduced by their respective anti-aliasing filters.
Zoomed plots of iLf and vsn , around the commutation intervals of the simulation
results for five-level modulation and iset = 60 A, are created to verify whether
complete commutation of vsn is achieved. The resulting plots are shown in Fig. 6.10
together with the corresponding states of switches S1−8 . Due to the relatively high
values of iLf during the commutation intervals depicted in Fig. 6.10 (a) and (b),
complete commutation of vsn is achieved within a single period of tclk , resulting in
over commutation. Slight over commutation occurs again in Fig. 6.10 (c) due to the
rounding of the switching times to nearest multiples of tclk . Consequently, excess
current is available for the commutation depicted in Fig. 6.10 (d), resulting in over
commutation as well. Nonetheless, all zoomed plots indicate that ZVS is achieved
for the corresponding commutation intervals.
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Simulated waveforms for the filter inductor current iLf , switch-node
voltage vsn , flying capacitor ripple voltages ṽCx,1−3 , and output
voltage vout , for a DC setpoint current of iset = 60 A for three-level
modulation (left) and five-level modulation (right).
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Zoomed plots of the iLf (blue) and vsn (red) waveforms for the commutation intervals as shown in Fig. 6.9 (right) for iset = 60 A. Commutation from vdc to 1/2Vdc (a), commutation from 1/2Vdc to −vdc
(b), commutation from −vdc to 1/2Vdc (c), commutation from 1/2Vdc
to vdc (d). The corresponding states of the switches S1−8 , see Fig. 4.8,
are shown above the waveform plots.
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Simulation results of the output current iout , output voltage vout , filter
inductor current iLf , flying capacitor voltages vCx,1−3 , error current
ierror , and effective per-period switching frequency f sw , for a single
period of a 100 Hz sinusoidal setpoint current.

AC analysis

To evaluate the performance of the five-level modulation strategy in all four quadrants, simulations were run applying a sinusoidal setpoint current with a frequency
of f iset = 100 Hz and an amplitude of Îset = 50 A, similar to section 6.2.2. The
resulting waveforms of iout , vout , iLf , flying capacitor voltages vCx,1−3 , and ierror for a
single period of the sinusoidal setpoint current are shown in Fig. 6.11. The effective
per-period switching frequency f sw is plotted as well.
The plots of iout and vout for five-level modulation are similar to three-level modulation, as shown in Fig. 6.6. The waveform of iLf for five-level modulation however
illustrates the application of the additional middle-level voltages, resulting in lower
peak and RMS values of iLf compared to three-level modulation. The corresponding values are aggregated in Table 6.3. The plots of the flying capacitor voltages
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analysis results

Parameter

3-level

5-level

Unit

iLf,pk
iLf,rms
ṽCx,1,pk
ṽCx,2,pk
ṽCx,3,pk
ierror,max
f sw,avg

89.3
39.5
4.91
5.83
181

83.9
36.8
9.71
9.85
10.2
5.47
139

A
A
V
V
V
mA
kHz

vCx,1−3 indicate proper balancing around their respective references for all operating
conditions, with a resulting peak ripple voltage of ṽCx,1−3,pk ≈ 10 V for all flying
capacitors. The increased ripple voltage compared to three-level modulation is due
to insufficient available switching states for always making the correct balancing
decision. The maximum value of the generated error current is similar to three-level
modulation: ierror,max = 5.47 mA, corresponding with 109 ppm of Îset . The plot
of the effective per-period switching frequency indicates the different modulation
states selected within a single period of the 100 Hz sine-wave, and ranges from
56.8 kHz to 230 kHz. The resulting average switching frequency is significantly
lower than for three-level modulation, as expected. All values are aggregated in
Table 6.3 for three-level and five-level modulation.
To evaluate the quality of the generated AC output current for five-level modulation,
a spectral analysis is applied to iout as well. The resulting amplitudes of the harmonics of the 100 Hz base frequency are calculated using the Fourier coefficients of the
output current response to a single period of the 100 Hz sine wave setpoint current.
The resulting values for the first 20 harmonics, including the DC component, are
shown in Fig. 6.12 for three-level and five-level modulation. For odd harmonics the
obtained results are similar for both modulation strategies, however the calculated
amplitudes for most even harmonics are higher for five-level modulation.
The difference in generated harmonics is expressed in the calculated values for
the SFDR and THD of the first 100 harmonics of iout . For five-level modulation, the
resulting value for SFDR is 108 dB, and for THD is −97.9 dB, indicating a marginal
difference in obtained nonlinear characteristics of the complete system for five-level
modulation. Increased peak values of the flying capacitor ripple voltages, and
having always four instead of two switches in the power conduction path to the
output, are most likely the main contributors to the observed difference in linearity.
The results for both modulation strategies are aggregated in Table 6.4.
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Amplitudes of the first 20 harmonics, including the DC component,
of the 100 Hz base frequency, calculated for three-level and five-level
modulation using Fourier coefficients of a single period of the 100 Hz
sinusoidal setpoint current.

Table 6.4

Characteristics from AC analysis

Parameter

3-level

5-level

Unit

SFDR

110
−100

108
−97.9

dB
dB

THD
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Estimation of loss distribution

To obtain insight in the distribution of the major loss components resulting from the
developed modulation strategies, models are devised to estimate the switch losses,
inductor losses and capacitor losses. The simulation results generated for the AC
analysis of the three-level and five-level simulation frameworks, as presented in
section 6.2.2 and section 6.4.2 respectively, are applied to the estimation models. In
this section, the applied models are described, and a comparison of the subsequent
estimated loss distribution is given.

6.5.1

Switch losses

The losses produced by switches in power converters are divided in switching losses
and conduction losses, where the former consists of turn-on and turn-off losses.
Assuming soft-switching (ZVS) is achieved for all operating conditions, assured
by the developed charge-based modulation strategy, turn-on losses and reverserecovery losses can be neglected. To derive an estimate of the turn-off losses, the
measurement results presented in [102, 103] are used. The respective results indicate
a quadratic relation between the drain-source current at the turn-off instant isw,off
and corresponding switching energy Esw,off . A correction factor of 0.5 is applied to
the measured results to compensate for the difference in current handling between
the SiC module used in [102, 103] (∼ 200 A) and the discrete SiC component used in
this research (∼ 100 A). This results in the following equation to give an estimation
of the turn-off switching energy of a single switch:
2
Esw,off = ksw,off isw,off
,

(6.3)

where isw,off is the current through the switch at the turn-off instant, and
ksw,off = 1/30 µJ A−2 is a coefficient derived from the measurement results presented
in [102, 103]. The total switching losses Ploss,sw are calculated by applying (6.3) for
the turn-off current of each switch.
An estimate of the drain-source resistance Rds,on = 40 mΩ for a junction temperature of Tj = 85 ◦C, is deduced from the datasheet of a discrete SiC component
(C2M0025120D [116]). An estimate of the conduction losses in the switches Ploss,cond
is then obtained using the RMS value of the currents through the switches.

6.5.2

Inductor losses

To obtain estimates of the filter inductor losses, an extensive loss model is constructed which had the actual currents and voltages from the simulation frameworks as
inputs. The modelling of the core losses Ploss,core is based on the improved generalised Steinmetz equation, as presented in [64]. The modelling of the wire losses
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Ploss,wire is based on the methods given in [65] to obtain the estimated skin effect
losses (including DC losses) and proximity effect losses [63]. The parameters used in
the models are corresponding with the inductor as it is designed for the hardware
prototype, which is detailed in section 7.1.

6.5.3

Capacitor losses

To estimate the losses generated in a flying capacitor Ploss,Cx and filter capacitor
Ploss,Cf , the currents through the respective capacitors are extracted from the simulation frameworks. The equivalent series resistances (ESR) of the capacitors as
implemented in the hardware prototype are then used to calculate the corresponding losses. The corresponding values are Resr,Cf = 3 mΩ for the filter capacitor [25],
and Resr,Cx = 2.5 mΩ for the flying capacitors [113].

6.5.4

Comparison

The derived approximations of the switch losses, inductor losses and capacitor
losses are applied to the simulation results obtained for the AC analysis of three-level
and five-level modulation, as detailed in section 6.2.2 and section 6.4.2 respectively.
To extend the comparison, equivalent simulations and calculations are performed
for a three-level converter with hard-switching modulation and a fixed switching
frequency of f sw = 200 kHz. The design and layout of the corresponding closed-loop
output current control system is based on the methodology for a voltage-controlled
current amplifier (VCCA), as is described in section 5.1. The open-loop bandwidth
is set to f bw = 10 kHz, resulting in the relatively high value for f sw . The loss
model provided by the manufacturer of the SiC MOSFET is used to determine the
switching and conduction losses for hard-switching. Furthermore, the three-level
soft-switching simulation framework is used to obtain results with only two-level
modulation being applied, including charge-based ZVS, resulting in near triangular
shaped filter inductor currents.
The results of the loss calculations are aggregated in Table 6.5, with the results for
three-level hard-switching modulation designated ’3-level HS’, and the results for
soft-switching modulation ’x-level SS’. The switching losses Ploss,sw and conduction
losses Ploss,cond of the switches are added and divided by the appropriate number of
switches to determine the losses per switch Ploss,persw . The core losses Ploss,core and
wire losses Ploss,wire are added to obtain the total inductor losses Ploss,Lf . Furthermore, for five-level soft-switching modulation, Ploss,Cx represents the summation
of the losses in the three flying capacitors. The total converter losses Ploss,total are
subsequently obtained by adding all loss components.
The switching losses for three-level hard-switching are relatively high and the con-
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Overview of losses for different modulation strategies

Parameter

3-level HS

2-level SS

3-level SS

5-level SS

Unit

Ploss,sw
Ploss,cond
Ploss,persw

213
79.7
73.8

78.7
121
50.1

31.2
125
39.0

39.5
217
32.0

W
W
W

Ploss,core
Ploss,wire
Ploss,Lf

18.0
11.1
29.1

54.8
31.4
86.2

45.1
24.9
70.0

30.4
17.7
48.1

W
W
W

Ploss,Cx
Ploss,Cf

2.78
0.135

0.391
1.70

2.95
1.82

7.22
1.20

W
W

Ploss,total

327

289

230

313

W

duction losses relatively low compared to soft-switching modulation, as is expected.
The inductor and capacitor losses on the other hand are significantly lower. By
applying ZVS, the switching losses are reduced significantly at the cost of increased
conduction losses and inductor losses, where the application of three-level modulation instead of two-level modulation results in another significant reduction of
total converter losses. When applying five-level modulation instead of three-level
modulation, the total switching and conduction losses increase due to doubling of
the number of switches involved. However, the total losses per switch decrease, as
do the losses generated in the filter inductor. On the other hand, the total losses
generated by the flying capacitors increase due to three flying capacitors being
incorporated in the circuit. The conduction losses are dominant resulting in the total
converter losses for five-level modulation amounting to almost the same value as
for three-level hard-switching. However, the losses are divided over more components resulting in less stress per component at the cost of an increased number of
components and thus volume. Note that the obtained results only provide insight
in the (estimated) loss distribution for the single set of component values, and load
and setpoint parameters used in this chapter.

6.6

Conclusion

Simulation frameworks have been developed, for both three-level and five-level
modulation, that combine the flying capacitor topology, as described in section 3.3,
multilevel charge-based ZVS, as introduced in chapter 4, and closed-loop output current control, as detailed in section 5.2. A single phase of an inverter is implemented,
and the dimensioning of the filter components and flying capacitor(s), and modu-
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lation and output current control parameters have been described. The respective
frameworks have been employed to generate simulation results for both DC and
AC setpoint currents, which have been analysed to verify proper functioning of the
synthesised systems. The waveforms generated using AC setpoint currents have
been applied to loss models of components, in order to obtain estimations of the
distribution of losses in actual converters.
The results obtained for the DC analysis of three-level modulation indicate proper
functioning of the switching times calculation and subsequent gate-control signal
generation. Zero-voltage switching is achieved using the developed charge-based
modulation strategy, which is verified for iset = 0 A and iset = 10 A setpoint currents.
Furthermore, simulations were run applying a setpoint current with amplitude
Îset = 50 A and frequency f iset = 100 Hz to investigate the dynamic behaviour of
the system. Proper balancing of the flying capacitor voltage around its reference
is achieved, with a peak ripple voltage of ṽCx,pk ≈ 5 V, corresponding to 0.5 %. A
spectral analysis has been applied to the generated waveform of iout , from which
can be concluded that a relatively high linearity is achieved. The resulting spuriousfree dynamic range (SFDR) is 110 dB, and the resulting value for the total harmonic
distortion (THD) is −100 dB.
Equivalent simulations and subsequent analyses have been performed for a fivelevel flying capacitor resonant pole inverter (FC RPI), to which the developed chargebased ZVS modulation strategy has been applied. Zero-voltage switching has been
verified for a DC setpoint current of iset = 60 A, indicating complete commutation
of the switch-node voltage vsn before turning on a switch. Equivalent to threelevel modulation, simulations were run applying an AC setpoint current, indicating
proper functioning of the complete system. Proper balancing of all three flying
capacitor voltages is achieved, despite the fact that insufficient switching states
are available for all operating conditions. However, the resulting peak values of
the ripple voltages is increased, being ṽCx,1−3,pk ≈ 10 V. Furthermore, the spectral
analysis applied to the generated output current indicates again a relatively high
linearity, with an SFDR of 108 dB and THD of −97.9 dB.
The generated estimates of the distribution of losses for the analysed modulation
strategies indicate a significant potential loss reduction when applying three-level
soft-switching compared to three-level hard-switching. The substantial generated
switching losses for hard-switching have been diminished considerably for softswitching, at the cost of increased switch conduction losses and inductor losses.
Applying five-level modulation results in lower inductor losses and lower losses
per switch, however the total switch losses increase significantly due to the circuit
containing eight instead of four switches.
A hardware prototype was developed in order to verify the theoretical analyses
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presented in this chapter. The design considerations of the five-level FC RPI proof-ofconcept setup, and the subsequent generated measurement results for three-level
and five-level modulation, are given in chapter 7.
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Evaluation and
experimental results

order to verify the theoretical results that have been presented in chapter 6, a
hardware prototype was developed of a five-level flying capacitor resonant pole
inverter. The main purpose of the setup is to provide experimental results of the
developed three-level and five-level modulation strategies with charge-based ZVS,
validate the fast-switching of high-voltage capabilities of the applied topology, and
evaluate the performance of the complete system. As the hardware prototype is
intended as a proof-of-concept for the aforementioned principles, the design has not
been optimised for maximum power density and efficiency.
N

A general description of the specifications of the prototype setup is given, based
on the parameters used for the simulations performed in chapter 6. Measurements
were performed to determine the actual required commutation charge Qc , the delay
incorporated in the zero-crossing detection of the filter inductor current, and the DC
and AC characteristics for both three-level and five-level modulation. The results
of the measurements are used to improve the analytical description of the filter
inductor current to increase the correlation with the actual current. Furthermore,
the practical limitations of the hardware prototype derived from the measurement
results, and their respective recommendations for future designs, are described.
This chapter is based on:
• S. J. Settels, J. L. Duarte, J. van Duivenbode, and E. A. Lomonova, “A 2kV Charge-based ZVS
Three-level Inverter,” IEEE Transactions on Power Electronics, Accepted for publication in future
issue, 2019.
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E VALUATION AND EXPERIMENTAL RESULTS

Design and implementation of prototype

The high-level design of the prototype is based on the simulation frameworks
described in section 6.1 and section 6.3, of which the corresponding schematic overviews are shown in Fig. 6.1 and Fig. 6.8. The electrical circuit depicted by the MOSFET
block, anti-aliasing filters and zero-crossing detection (ZCD) are implemented in
hardware, and described in section 7.1.1. Output current control and the calculation of the switching times are implemented in a processor, and generation of the
gate-control signals in a field-programmable gate array (FPGA), both detailed in
section 7.1.2.

7.1.1

Switching endstage

The electrical circuit design of the switching endstage is based on the five-level flying
capacitor topology, of which the circuit schematic is shown in Fig. 4.8. The switching
devices used in the prototype are C2M0025120D SiC MOSFETs with a rated maximum
drain-source voltage of 1.2 kV [116], enabling the switching of a symmetrical bus
voltage of 2 kV where Vdc = 1 kV. As a result, the circuit can be operated as a
three-level converter as well since the switch voltage is then limited to Vdc , as is
detailed in section 3.3. The SiC MOSFETs are driven by ISO5852S reinforced isolated
gate drivers [98], which are capable of withstanding the high voltage fluctuations
across their respective isolation barriers. The voltage levels applied by the gate
drivers for the turn-on and turn-off of a switch are 20 V and −5 V respectively. A
photo of the printed circuit board (PCB) of the hardware prototype with the various
components indicated is shown in Fig. 7.1.
The five-level flying capacitor circuit is operated as a three-level converter by driving switches S1 , S2 , S7 and S8 in continuous conduction. However, a resulting
design constraint is that flying capacitors Cx2 and Cx3 have to be able to withstand
2Vdc = 2 kV. The capacitance value for Cx1−3 is determined using the reasoning
presented in section 6.1.1, resulting in the selection of the MKP1848C66012JY5 60 µF
capacitor with a rated voltage of 1.2 kV [113]. Two capacitors are connected in parallel, in series with another two parallel connected capacitors, in order to withstand
2Vdc and maintain the desired effective capacitance. Resistive voltage dividers are
added to provide balancing of the capacitor voltages when the switching endstage
is disabled, and to mitigate the effects of leakage currents. Furthermore, differential
voltage measurement circuits with a high common-mode rejection ratio (CMRR)
are used to measure the voltage across the flying capacitors, based on the circuits
detailed in [13, 32]. The flying capacitors are located on the bottom of the PCB of the
hardware prototype and therefore not visible in Fig. 7.1.
The determination of the values for Lf and Cf is described in section 6.1.1 as well.
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The PCB of the hardware prototype with the eight switches S1−8 , filter
inductor Lf and filter capacitor Cf indicated. The flying capacitors are
located on the bottom of the PCB.

The resulting filter inductor consists of four E-cores (TDK E70/33/32 N87 [96])
with eight turns of Litze wire and 3 mm air gaps, giving a measured inductance of
Lf = 18.9 µH. To detect the zero crossings of the filter inductor current, the method
proposed in [5, 41] is used, where a small transformer is applied that is driven into
saturation outside the zero-crossing range. The transformer consists of a ≈ 100 µm
thick core of VITROPERM 500F [106, 107], with a primary winding of one turn
and a secondary winding with ten turns. A Schmitt-trigger circuit is applied to
generate the sign signal from the generated pulses during zero crossings of the filter
inductor current flowing through the primary winding. A more detailed analysis
of the ZCD circuit is provided in Appendix B. Furthermore, a relatively large filter
capacitor is chosen to limit the output voltage ripple, resulting in Cf = 20 µF. Four
B32774D1505K 5 µF capacitors [25] are connected in parallel to obtain the desired
capacitance and a low equivalent ESR.
The circuit parameters of the prototype setup, as shown in Fig. 7.1, are aggregated
in Table 7.1. To limit the currents in the converter, and therefore the output current
range, while still obtaining a high output voltage, a load with a relatively high
resistance of Ro = 73.5 Ω is used. The resulting load inductance is measured at
Lo = 1.35 mH.
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Table 7.1

7.1.2

Specifications of prototype setup

Parameter

Value

Unit

Description

Vdc
Cx1−3
Lf
Cf
Ro
Lo

±1
60
18.9
20
73.5
1.35

kV
µF
µH
µF
Ω
mH

Symmetrical supply voltage
Flying capacitors
Filter inductor
Filter capacitor
Load resistance
Load inductance

Control system

A dSPACE MicroLabBox development system is employed as the control platform
for the hardware prototype, and consists of a 2 GHz dual-core real-time processor by
Freescale, and a Kintex-7 FPGA by Xilinx operating at 100 MHz. The processor is used
to implement the calculations of the switching times and closed-loop output current
control, and the FPGA for the gate-control signal generation, hardware protection,
and peripheral input-output (IO) handling.
Due to the relatively high computational effort required to calculate the switching
times, the time-step for the program running on the real-time processor is limited to
ts,proc = 25 µs. The open-loop bandwidth of the output current controller is therefore
tuned to f bw = 1 kHz to obtain a stable system, which is significantly lower than
what is described in section 6.1.4 for the simulation frameworks. Furthermore, due
to the relatively high load resistance, the resonance between Cf and Lo is already
sufficiently damped. As a result, no additional damping is required. Moreover, a
simple proportional-integral (PI) controller, analogous to the description given in
section 5.1.2, achieves sufficient phase-margin at f bw .
As the FPGA of the MicroLabBox runs at 100 MHz, the calculated switching times are
rounded to the nearest increment of the resulting time-step of tclk = 10 ns, as is used
in the simulations and described in section 6.1.2. The parameters tcx,min , tcx,ext and
Vout,max are taken equal to the values given in Table 6.2, where Iset,max = 50 A is used
for the prototype. The values for Qc for three-level and five-level modulation are
determined by measurements which are detailed in section 7.2. Furthermore, where
the simulations used the zero crossings of the positive edge of the filter inductor
current to trigger the start of the calculation of the switching times, the program
running on the real-time processor is free-running. The minimum desired switching
frequency is higher than the calculation frequency of the program running on the
real-time processor.
The calculated switching times are passed from the real-time processor to the FPGA
by registers, and are used by the state-machine implemented in the FPGA to generate
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the corresponding gate signals, equivalent to what is described in section 6.1.3. The
measurement circuits for the differential flying capacitor voltages, output voltage
and supply voltages contain analogue-to-digital (ADC) converters, which are controlled by the FPGA as well. Due to bandwidth limitations of the analogue front-end
of the digital IO connections of the MicroLabBox, the sample rate of the voltage
measurements is limited to 250 ksps. The output current is measured by a CKSR 25NP current transducer [44], and connected to an on-board ADC of the MicroLabBox
with a sample rate of 1 Msps, which is controlled by the FPGA as well. The start of
a conversion for all ADCs is triggered at either zero crossing of the filter inductor
current if a converter is idle.

7.2

Actual required commutation charge

As is indicated in [38], additional parasitic capacitance of the switch node may have
a significant influence on the total charge required for complete commutation of the
switch node voltage. This parasitic capacitance is expected to manifest itself, for
instance, between PCB traces, and as a parasitic capacitance of the filter inductor.
Measurements were performed to investigate the actual charge required for commutation. The total commutation charge 2Qc is determined for a range of supply
voltages Vdc by integrating the filter inductor current during commutation. An
example of the resulting measurements of iLf and vds of S6 when three-level modulation is applied, and the resulting total commutation charge 2Qc for a supply voltage
of Vdc = 500 V, is shown in Fig. 7.2. The measurement procedure is repeated for
a supply voltage range of Vdc = 50 V to Vdc = 1000 V, and the resulting total commutation charges 2Qc,meas are shown in Fig. 7.3 (a), together with the corresponding
calculated values 2Qc,calc .
As is seen in Fig. 7.3 (a), a significant difference is observed between the measured
total commutation charge 2Qc,meas and total commutation charge 2Qc,calc calculated
from the datasheet of the MOSFET (see Fig. 4.7). This indicates a significant parasitic
capacitance present in the hardware prototype. When the calculated total commutation charge is subtracted from the measured total commutation charge for the
same voltage, the charge in the additional parasitic capacitance of the switch node is
obtained, designated Qc,par,meas . In Fig. 7.3 (b), a plot is shown of Qc,par,meas , which
approximately represents a straight line and therefore indicates a linear capacitance.
When the average capacitance of all measurements of Qc,par,meas is calculated, and
used to determine the corresponding charge in that capacitance, the line designated
Qc,par,calc in Fig. 7.3 (b) is obtained. As can be concluded from the figure, the additional parasitic capacitance is indeed a linear capacitance, with value Cpar ≈ 1.45 nF.
This result is in line with the findings presented in [38] regarding the linearity of ad-
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Plot of the measurement results of the filter inductor current iLf and
the drain-source voltage vds of S4 during commutation. The total commutation charge 2Qc is indicated with a light grey area underneath
iLf . The supply voltage for this measurement is set to Vdc = 500 V.
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Plots of the measured (blue) and calculated (red) total commutation
charges 2Qc as a function of the drain-source voltage vds (a). Plot of the
measured (blue) parasitic commutation charge Qc,par,meas (b), obtained
by subtracting the calculated total commutation charge 2Qc,calc from
the measured total commutation charge 2Qc,meas for the same voltage.
The calculated (red) parasitic commutation charge Qc,par,calc represents
a linear capacitance derived from Qc,par,meas .
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ditional parasitic capacitance of the switch node. Moreover, the significant increase
in required commutation charge will influence the peak and RMS values of the filter
inductor current.
For three-level modulation, the drain-source voltage vds of each switch commutates over 1000 V, resulting in a required commutation charge of Qc,3lvl = 1.06 µC.
The required commutation charge for five-level modulation however amounts to
Qc,5lvl = 0.571 µC, as the drain-source voltage of each switch commutates over 500 V.
These values are used for the switching times calculations as implemented in the
control of the hardware prototype for the respective modulation strategies.

7.3

Results for three-level modulation

In order to verify proper functioning of the modulation strategy and evaluate the
performance of the complete system, measurements for both DC and AC setpoint
currents were performed respectively. For three-level operation, switches S1 , S2 , S7
and S8 are driven in continuous conduction, and solely flying capacitor Cx1 is used.
The results and corresponding analyses are presented in this section.

7.3.1

DC measurements

Measurements were performed with a DC setpoint current of iset = 0 A and iset = 5 A
to verify proper functioning of the proposed charge-based ZVS with trapezoidal
filter current. The resulting waveforms of the filter inductor current iLf , switchnode voltage vsn , flying capacitor voltage vCx , and output voltage vout are shown in
Fig. 7.4 for three switching periods.
The measured waveforms of vsn show the distinct three-level modulation resulting in
the distinct trapezoidal shapes of iLf . The waveforms of vCx for both setpoint currents
indicate proper balancing of the flying capacitor voltage around Vdc . However,
voltage spikes of vCx are clearly visible around switching instants, which increase in
magnitude for higher switching currents. The prototype contains relatively large
parasitic inductance loops between S4 , S5 and Cx1 , and between S3 , Cx , S6 and
Vdc . The presence of the respective parasitic inductances results in ringing of vsn
during commutation, of which the amplitude is proportional to dvvsn /dt, which in
turn increases for higher iLf during switching. The voltage spikes are visible in the
waveforms of vout and vsn as well. The parasitic inductances can be greatly reduced
by optimising the PCB design to minimise the surface area of the loops.
To verify whether complete commutation of the switch-node voltage vsn is achieved
for each commutation interval, zoomed plots are created around the commutation
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Measured waveforms of the filter inductor current iLf , switch-node
voltage vsn , flying capacitor voltage vCx , and output voltage vout , for
DC setpoint currents iset = 0 A (left) and iset = 5 A (right).
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intervals of iLf , vsn , and the gate-source voltages vgs,4 and vgs,5 of S4 and S5 respectively. In Fig. 7.5, the plots for the four respective commutation intervals for
iset = 0 A are shown, and in Fig. 7.6 for iset = 5 A. The measured filter inductor
current corresponds with the current flowing through a switch at turn-off, and the
switch-node voltage corresponds with the drain-source voltage of the switch.
The zoomed plots of Fig. 7.5 show that when the gate-source voltage of the switch
that is turned off decreases to below the MOSFET threshold voltage Vth ≈ 2.2 V,
commutation of vsn is initiated. When complete commutation is achieved, the
body-diode of the respective reciprocal switch starts conducting before it is turned
on when its gate-source voltage reaches Vth . The virtually linear behaviour of vsn
during commutation is due to the parasitic capacitance of the switch node, as is
shown in Fig. 7.3. The generated plots indicate that zero-voltage switching (ZVS) is
achieved for all four commutation intervals for iset = 0 A.
Complete commutation of vsn for higher circulating currents is again observed in
the zoomed plots of Fig. 7.6. Since the time scales of Fig. 7.5 and Fig. 7.6 are identical,
the differences in duration of the commutation intervals, and therefore slopes of
vsn , are clearly visible. Due to the faster commutation of vsn for higher iLf at the
turn-off of a switch, the overshoot of vsn occurring at the end of the commutation
interval increases significantly. This explains the voltage spikes shown in the plots
of vCx and vout of Fig. 7.4, which should remain limited to make sure the breakdown
voltages of the components involved are not exceeded. Moreover, as is seen in the
plots of the gate-source voltages, the resonance of vsn is coupled to vgs , occasionally
resulting in vgs returning to below Vth during ramp-up. This results in increased
conduction losses of the corresponding switch, and increased ripple current of iLf .

7.3.2

Compensation for zero-crossing detection delay

When comparing the measured waveforms of Fig. 7.4 (left) for iset = 0 A with the
equivalent obtained by simulation, as shown in Fig. 6.3 (left), the increased peak
values for the filter inductor current stand out. The increased peak values originate
to a small extent from the increased required commutation charge, as described
in section 7.2. However, the delay introduced between the detection of the zero
crossing of the filter inductor current and the subsequent turn-off of the appropriate
switch, has a more significant impact. This is shown in Fig. 7.7, where the time
delay tdelay between the zero crossing of iLf and the subsequent turn-off of S5 is
indicated. The total delay amounts to around tdelay ≈ 310 ns, which should be 0 s
for this particular scenario where iset = 0 A and vout = 0 V. The main causes for the
delay are the analogue front-end of the MicroLabBox (≈ 200 ns), and the gate-drive
circuit (≈ 90 ns). The impact can be mitigated in future designs by discarding the
MicroLabBox and using dedicated local control, and by using a gate-drive circuit
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Zoomed plots of the filter inductor current iLf (blue) and switch-node
voltage vsn (red) waveforms, and corresponding gate-source voltages
vgs,4 (yellow) and vgs,5 (purple), for the commutation intervals as
shown in Fig. 7.4 (left) for iset = 0 A. Commutation from Vdc to 0 V
(a), commutation from 0 V to −Vdc (b), commutation from −Vdc to 0 V
(c), commutation from 0 V to Vdc (d).
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Zoomed plots of the filter inductor current iLf (blue) and switch-node
voltage vsn (red) waveforms, and corresponding gate-source voltages
vgs,4 (yellow) and vgs,5 (purple), for the commutation intervals as
shown in Fig. 7.4 (right) for iset = 5 A. Commutation from Vdc to 0 V
(a), commutation from 0 V to −Vdc (b), commutation from −Vdc to 0 V
(c), commutation from 0 V to Vdc (d).
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Plots of the measured waveforms of the filter inductor current iLf , and
gate-source voltage vgs,5 of S5 , at the zero crossing of a negative edge
of iLf . The time delay between the zero crossing of iLf , and the turn-off
instant of S5 when vgs,5 reaches the threshold voltage of the switch, is
indicated with tdelay .

with minimal propagation delay.
The increased required commutation charge Qc in the hardware prototype is implemented in the calculations of the switching times. The results shown in Fig. 7.4
indicate that piece-wise linear approximation of iLf is still valid, especially for higher
circulating currents. However, it is not possible to eliminate the significant delay
introduced between the zero crossing of iLf and actual turn-off of a switch. Nonetheless, it is possible to take the delay into account when calculating the switching times,
by setting a minimum time for the time intervals [t0 , t1 ] and [t5 , t6 ] as indicated in
Fig. 4.2. The minimum time for both intervals is set equal to tdelay and the calculation
of the switching times progresses accordingly.
The resulting waveforms of iLf for the compensated calculations are shown in
Fig. 7.8 for both iset = 0 A and iset = 5 A. The corresponding measured waveforms
are shown in blue, the ideal calculated waveforms in red, and the compensated
calculated waveforms in yellow. The significant differences between the ideal
calculated waveforms and measured waveforms are illustrated again in the figure.
The compensated calculated waveforms, including the increased commutation
charge Qc,meas and compensation for the zero-crossing detection delay tdelay , show
a significant correspondence with the measured waveform of iLf . Subsequently, the
compensated calculated switching times are implemented in the hardware prototype
and used to generate the measurement results.
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Waveforms of filter inductor current iLf for a single switching period
with DC setpoint currents iset = 0 A (a) and iset = 5 A (b). The measured waveforms are plotted in blue, the calculated ideal waveforms
in red, and the compensated calculated waveforms in yellow.

AC measurements

The AC performance of the three-level FC RPI is verified using a sinusoidal setpoint
current with amplitude Îset = 10 A and frequency f iset = 100 Hz. The resulting
waveforms of the output current iout , output voltage vout , filter inductor current iLf ,
flying capacitor voltage vCx , error current ierror , and effective (per-period) switching
frequency f sw , are shown in Fig. 7.9 for a single period of the 100 Hz sine wave.
The waveforms of iout and vout reflect the 100 Hz sinusoidal setpoint, with the
addition of small spikes originating from the switching behaviour, as is indicated
in Fig. 7.4. The measured waveform of iLf shows similarities with its simulated
counterpart shown in Fig. 6.6. However, due to the nonidealities as explained in
section 7.3.2, the envelope has a higher peak value. Moreover, a step in the envelope
is clearly visible when the modulator switches between quadrants, due to the fact
that the impact of the zero-crossing detection delay changes.
The waveform of vCx indicates proper balancing of the flying capacitor voltage
around its reference voltage of 1 kV. The voltage spikes due to the switching behaviour are visible in this plot as well, and are dominant with respect to the voltage
ripple resulting from the voltage regulation. The effective switching frequency
ranges from 95.8 kHz to 255 kHz, indicating that fast switching of high voltage
is achieved. The generated error current ierror is significantly larger than what is
observed in Fig. 6.6, which is investigated further using spectral analysis.
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Measured waveforms of the output current iout , output voltage vout ,
filter inductor current iLf , flying capacitor voltage vCx , error current
ierror , and effective switching frequency f sw , for a single period of the
100 Hz sinusoidal setpoint current with amplitude Îset = 10 A.
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Figure 7.10

Amplitudes of the first 20 harmonics, including the DC component,
of the 100 Hz base frequency, calculated for the measured output
current iout , the ideal simulation, and compensated simulation, using
Fourier coefficients of the output current response to a single period
of the 100 Hz sinusoidal setpoint current.
Table 7.2

Characteristics from AC analysis

Parameter

Measured

Simulated

Sim. compensated

Unit

SFDR

49.7
−43.0

65.4
−60.8

56.9
−54.8

dB
dB

THD

To examine the linearity of the measured output current, the amplitudes of the
harmonics are calculated using the Fourier coefficients of a single period of the
output current response to a 100 Hz sine wave with Îset = 10 A. The resulting
values for the first 20 harmonics are shown in Fig. 7.10 for the measurements, ideal
simulations and simulations with the compensated switching times calculations.
To quantify the observed differences, the spurious-free dynamic range (SFDR) and
total harmonic distortion (THD) are calculated for the first 100 harmonics. The
resulting values for the measured iout , ideal simulations, and simulations with the
compensated switching times calculations are aggregated in Table 7.2. The values for
the results with the compensated switching times calculations still do not correspond
with the measured values. This is indicated by the bar plot in Fig. 7.10 as well, where
only for the third harmonic an increased correlation is visible.
The decreased linearity of the measured output current originates from the signific-
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antly lower open-loop bandwidth realised in the prototype, and several nonidealities that are not included in the simulations performed in chapter 6. For instance,
sampling and quantisation of the measured voltages and currents are not taken
into account. For the simulations containing the compensated calculations of the
switching times, as performed in section 7.3.2, sampling and quantisation are taken
into account according to the values as implemented for the hardware prototype.
However, for instance delays and jitter in digital signal chains, and nonlinearity of
the output current sensor and zero-crossing detection of the filter inductor current,
are not included in the simulation frameworks. Future work is recommended to
include measurement results obtained with a more refined hardware prototype, in
order to gain increased insight in the detailed characteristics of the converter, and to
increase the correlation with the applied simulation model. The observed practical
limitations of the prototype and possible solutions are detailed in section 7.5.

7.4

Results for five-level modulation

Similar to section 7.3, the analyses of both DC and AC measurement results are
presented in this section. The former to verify proper functioning of the proposed
five-level modulation strategy, and the latter to evaluate the performance of the
complete system. To generate the respective measured waveforms, all eight switches
and three flying capacitors of the hardware prototype are employed.

7.4.1

DC measurements

Measurements were performed with a DC setpoint current of iset = 3 A and iset =
5 A, since the resulting waveforms for iset = 0 A would be marginally different from
the waveforms given in Fig. 7.4 (left) for three-level modulation. The measured
waveforms for both setpoint currents using five-level modulation are shown in
Fig. 7.11.
For iset = 3 A, the output voltage vout is within the range vout < 250 V where 0 V
is selected for the middle part of the trapezoidal filter inductor current iLf . The
waveforms of the filter inductor current iLf and switch-node voltage vsn are similar
to what is to be expected for three-level modulation. Proper balancing of all three
flying capacitor voltages vCx1−3 is indicated by their respective measurements,
where again voltage spikes are observed at switching instants, as is the case for vout .
For iset = 5 A, the waveform of vsn shows the selection of 1/2Vdc as the voltage level
for the middle part of the trapezoidal iLf . The waveform of iLf indicates the resulting
change in gradient for the respective section, which results in lower peak values

7.4

Figure 7.11
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Measured waveforms of the filter inductor current iLf , switch-node
voltage vsn , flying capacitor voltages vCx1−3 , and output voltage vout ,
for DC setpoint currents iset = 3 A (left) and iset = 5 A (right).
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of the filter inductor current. The latter is observed for comparisons with both the
waveforms of iLf for iset = 3 A, and the equivalent measurement for three-level
modulation, as given in Fig. 7.4 (right). The obtained waveforms for the flying
capacitor voltages indicate that proper balancing is achieved for iset = 5 A as well.
The five-level converter contains two more relatively large inductance loops in
addition to the three-level configuration. The loops are located between S2 , Cx2 , S7
and Cx3 , and between S1 , Cx3 , S8 and Vdc . As a result, the voltage spikes observed for
vout have increased in amplitude when comparing the measured waveform for threelevel modulation in Fig. 7.4 (right) with the equivalent for five-level modulation
in Fig. 7.11 (right). Optimising the PCB design to minimise the surface areas of the
loops is expected to reduce the observed resonances significantly.
Analogous to the analysis presented for three-level modulation, equivalent zoomed
plots are created around the commutation intervals for both setpoint currents given
in Fig. 7.11. In Fig. 7.12, the plots for the four respective commutation intervals for
iset = 3 A are shown, and in Fig. 7.13 for iset = 5 A.
The zoomed plots in Fig. 7.12 indicate that complete commutation of vsn is achieved
for all commutation intervals before the respective switch, being either S4 or S5 ,
is turned on. The ringing on vsn after the commutation period is increased, when
compared to the waveforms given in Fig. 7.6, due to the increased number of
parasitic inductance loops involved. This is observed in the waveforms of the gatesource voltages as well due to the presence of capacitive coupling between vsn and
vgs , which is similarly observed in Fig. 7.6.
Due to the lower peak values of iLf for iset = 5 A, the effects of the parasitic inductance loops and capacitive coupling are less profound, as shown in Fig. 7.13.
Complete commutation of vsn is observed in all plots except Fig. 7.13 (b), where
three switches are turned off, see Table 4.3, and vsn subsequently commutates from
1/2V to −V . Since the output capacitances of all involved switches are effectively
dc
dc
connected in series, the current through the capacitances should be equal, and the
drain-source voltages of the respective switches should commutate accordingly. The
observed change in dvsn /dt near the end of the commutation interval indicates an
unequal charge distribution within the output capacitances of the switches. This
results in vsn not completely commutating to −Vdc before S5 is turned on. Similar
behaviour is observed in Fig. 7.13 (c). However since iLf is significantly lower at the
start of this specific commutation interval, the calculated interval time is higher, and
the impact of the resulting commutation inconsistency becomes negligible. Future
research using a more refined hardware prototype is recommended to determine
the exact root cause and mechanisms involved.
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Zoomed plots of the filter inductor current iLf (blue) and switch-node
voltage vsn (red) waveforms, and corresponding gate-source voltages
vgs,4 (yellow) and vgs,5 (purple), for the commutation intervals as
shown in Fig. 7.11 (left) for iset = 3 A. Commutation from Vdc to 0 V
(a), commutation from 0 V to −Vdc (b), commutation from −Vdc to
0 V (c), commutation from 0 V to Vdc (d).
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Zoomed plots of the filter inductor current iLf (blue) and switch-node
voltage vsn (red) waveforms, and corresponding gate-source voltages
vgs,4 (yellow) and vgs,5 (purple), for the commutation intervals as
shown in Fig. 7.11 (right) for iset = 5 A. Commutation from Vdc to
1/2V (a), commutation from 1/2V to −V (b), commutation from
dc
dc
dc
−Vdc to 1/2Vdc (c), commutation from 1/2Vdc to Vdc (d).
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Measured waveforms of the output current iout , output voltage vout ,
filter inductor current iLf , flying capacitor voltages vCx1−3 , error
current ierror , and effective switching frequency f sw , for a single
period of a 100 Hz sinusoidal setpoint current with amplitude Îset =
10 A.

AC measurements

To verify the performance of the complete system for five-level modulation, measurements were performed using a sinusoidal setpoint current with amplitude
Îset = 10 A and frequency f iset = 100 Hz, similar to section 7.3.3. The resulting
waveforms of the output current iout , output voltage vout , filter inductor current
iLf , flying capacitor voltages vCx1−3 , error current ierror , and effective switching
frequency f sw , are shown in Fig. 7.14 for a single period of the 100 Hz sine wave.
The measured waveforms of iout and vout are similar to their three-level equivalents
shown in Fig. 7.9, again with the observed spikes originating from the switching
behaviour. The waveforms of the flying capacitor voltages indicate spikes as well,
however proper balancing of vcx1−3 to their respective references is obtained. The
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Figure 7.15

Amplitudes of the first 20 harmonics, including the DC component,
of the 100 Hz base frequency, calculated for the measured output
current iout , for three-level and five-level modulation using Fourier
coefficients of the output current response to a single period of the
100 Hz sinusoidal setpoint current.

envelope of the waveform of iLf illustrates the dependency on the sign of iset , and the
selection of the appropriate voltage level for the middle part of the trapezoidal filter
inductor current according to vout . The different possible shapes of iLf are shown
in Fig. 4.10. Furthermore, the effective switching frequency ranges from 80.4 kHz
to 250 kHz, indicating that fast switching of high voltage is achieved for five-level
modulation as well. The generated error current is again significantly larger than
observed in the simulation results in Fig. 6.11, and is investigated further using
spectral analysis.
Similar to section 7.3.3, the linearity of the measured output current is examined
by calculating the amplitudes of the generated harmonics of iout . The Fourier
coefficients are determined from the output current response to a single period of
the 100 Hz sine wave with Îset = 10 A. The resulting values for the first 20 harmonics
are shown in Fig. 7.10 for both three-level and five-level modulation.
To quantify the comparison between the two modulation strategies, the spuriousfree dynamic range (SFDR) and total harmonic distortion (THD) are calculated for
the first 100 harmonics. The resulting values are given in Table 7.3. Similar to what
is concluded from the equivalent analysis of the simulation results in section 6.4.2,
a marginal difference is observed in obtained nonlinearity. However, the values
obtained for the hardware prototype are still significantly lower and higher respect-
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Table 7.3

P RACTICAL LIMITATIONS OF PROTOTYPE

Characteristics from AC analysis

Parameter

3-level

5-level

Unit

SFDR

49.7
−43.0

47.3
−42.4

dB
dB

THD
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ively compared to what is observed in the analysis of the simulation results. The
observed practical limitations of the prototype and possible solutions are detailed in
the next section.

7.5

Practical limitations of prototype

Measurements performed with the hardware prototype have revealed several practical limitations, largely originating from choices made during the design process.
In this section, the respective design choices are addressed and possible solutions
described.
Resonances of the switch-node voltage and gate-source voltages, observed directly
after a commutation interval, are triggered by the high voltage transients occurring
in the converter. The particular placement of the components on the PCB introduces
relatively large parasitic induction loops, and the layout of the traces in the PCB produces significant capacitive coupling between switching nodes and supply voltage
nodes. As a result, resonant circuits are created of which the effects are observed on
every signal present in the system, degrading the achieved performance.
The parasitic inductance of the loops present in the system is greatly reduced by
placing the MOSFETs in each loop close together. The PCB area taken in by the flying
capacitor(s) should be minimised as well, which is approximately proportional to
the capacitance value used. Furthermore, the layout of the PCB traces is to have
minimal overlap of the different switching-nodes and supply voltage traces. This
can be achieved by having the supply voltage connection on one side, and the filter
inductor and filter capacitor connection on the other side, with a minimal (external)
connection between them.
Another cause for the diminished performance, is the observed delay between the
zero crossing of the filter inductor current, and the actual turn-off of a corresponding
switch. The most significant part of the delay originates from the analogue front-end
of the digital IO ports of the MicroLabBox. Additionally, the delay introduced by the
gate-drive circuit is substantial as well. The former is diminished by having local
gate-signal control using an on-board FPGA close to the gate-drive circuit, the latter
by using components specifically selected with a low propagation delay in mind.
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The delay introduced by the analogue front-end of the digital IO ports of the MicroLabBox reduced the maximum possible sample frequency of the external ADCs
located on the converter board. This issue is solved by using an on-board (local) FPGA
as well, and therefore discarding the need for an analogue front-end. Furthermore,
the available computation power of the MicroLabBox limits the time-step of the
program that calculates the switching times for the proposed modulation strategies.
Possible solutions to decrease the time-step are employing a faster processor, making
the calculations more efficient, for instance by bare-metal programming, or deriving
linearised calculations for implementation directly on the FPGA.

7.6

Conclusion

The design and implementation of a hardware prototype has been presented, which
is used to obtain measurement results to verify the theoretical analyses detailed in
chapter 6. A single phase five-level flying capacitor converter was developed, to
which the introduced three-level and five-level modulation strategies with chargebased ZVS have been applied. The actual required commutation charge has been determined from the measurements, which is incorporated in the modulation schemes
to determine the DC and AC characteristics of the resulting systems. Furthermore, the
observed delay in the zero-crossing detection of the filter inductor current has been
compensated for, and the respective analytical description is improved to increase
the correlation with the actual current. The practical limitations of the hardware
prototype have been addressed and their respective recommendations for future
designs are described.
Measurements performed to obtain the actual required commutation charge indicate
that a substantial parasitic capacitance is present in the system. It is approximated as
a linear capacitance in addition to the nonlinear output capacitances of the MOSFETs
used in the converter. The value of the parasitic capacitance depends, among others,
on the layout of the PCB and the filter inductor. It is therefore recommended to
perform measurements to determine the actual required commutation charge when
applying a charge-based ZVS modulation strategy.
The results obtained for the DC analysis of three-level modulation show a significant
delay between a zero crossing of the filter inductor current and the required turn-off
of a corresponding switch. The analogue front-end of the used control platform
and the gate-control circuit are found to be the main contributors. Subsequently,
the impact of the delay is compensated by taking it into account for the calculation
of the switching times. The measurement results obtained for DC setpoint currents
of iset = 0 A and iset = 5 A indicate that complete commutation of the switch-node
voltage is achieved before a switch is turned on. Proper balancing of the flying
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capacitor voltage around its reference is accomplished, however voltage spikes
around the switching events are observed. The respective spikes are present on the
output voltage as well, and originate from parasitic inductance loops and parasitic
capacitive coupling between PCB traces. Furthermore, similar effects are observed for
AC measurements for a sinusoidal setpoint current with amplitude Îset = 10 A and
frequency f iset = 100 Hz. The resulting distortion of the generated output current
is relatively high, with an SFDR of 49.7 dB and a THD of −43.0 dB. However, from
the obtained results can be concluded that proper functioning of the modulation
scheme, appropriate balancing of the flying capacitor voltage around its reference,
and fast switching of high voltage are achieved.
Equivalent measurements have been performed for five-level modulation, for which
the DC setpoint currents are iset = 3 A and iset = 5 A. The obtained results underline
the application of the additional voltage level available for the middle part of the
trapezoidal filter inductor current. Proper balancing of all three flying capacitor
voltages around their respective references is achieved, whereas the aforementioned
voltage spikes are observed as well. Complete commutation of the switch-node
voltage is obtained in nearly all cases. However, when three switches are turned
off at the start of a commutation interval, an inconsistency in the gradient of the
switch-node voltage is observed, implying an unequal charge distribution between
the output capacitances of the switches. As for three-level modulation, to investigate
the impact on the quality of the generated output current, equivalent measurements
were performed with a sinusoidal setpoint current. The resulting SFDR is 47.3 dB
and the THD is −42.4 dB. The results illustrate the same trend as observed for the
simulation results, see section 6.4.2, where marginally better distortion figures are
obtained for three-level modulation. However, the absolute differences between
simulated and measured distortion figures underline the deficiencies of the hardware
prototype. Nonetheless, the results indicate that for five-level modulation, proper
functioning of the modulation scheme, appropriate balancing of the flying capacitor
voltages around there respective references, and again fast switching of high voltage
are achieved.
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amplifiers in high-precision mechatronic systems, for instance semiconductor manufacturing equipment, typically require a combination of high
output power and high accuracy of the generated output current. The demand for the two aforementioned requirements increases continuously to maximise
machine throughput and position accuracy respectively. To obtain a high output
power, a step up in output voltage is favourable compared to a step up in output
current, in order to minimise the generated losses in the actuators and corresponding interconnection. High accuracy of the generated output current is generally
achieved in power amplifiers by a high current control bandwidth and subsequent
high switching frequency. To increase both output power and accuracy, power
amplifiers applying a relatively high supply voltage of 2 kV at a switching frequency
higher than 50 kHz across the entire operating range are proposed. This combination of a relatively high voltage and high switching frequency, together with a high
output current, imposes challenges for the power amplifier, as at present, reliable
fast-switching devices with blocking voltages up to 2 kV are not available.
OWER

This thesis provides the modelling and analysis of a power amplifier configuration
that combines high voltage and current with high bandwidth and switching frequency. To enable fast switching of high voltage, thereby obtaining high bandwidth
and output power respectively, resonant control has been applied to a multilevel
converter topology. Furthermore, a charge-based modulation strategy has been
developed for which analytical descriptions are provided. The presented theoretical analyses are validated by results obtained using comprehensive simulation
frameworks, and by measurements performed on a hardware prototype.
137
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The most important conclusions of the work presented in the dissertation are summarised in this final chapter. Subsequently, an overview of the main contributions
of the research is given, followed by a list of the generated publications. The chapter
ends with the discussion of several recommendations of future work concerning
high-voltage power amplifiers for high-precision applications.

8.1

Conclusions

An analysis method has been introduced that combines models containing electrical,
mechanical and control parts in order to evaluate the performance of a power amplifier in a mechatronic system with respect to position accuracy. A generic amplifier
error model is incorporated that is independent of the actual implementation of the
amplifier. From the simulation results generated for the respective individual error
components can be concluded that a highly accurate amplifier with a high bandwidth ( f bw ≥ 5 kHz) is required to obtain a very low position error. Furthermore,
the simulated output voltage and output current indicate that, for the mechatronic
system parameters used, an amplifier is required with v̂out ≥ 750 V and ı̂out ≥ 65 A
per phase. The supply voltage is therefore set to 2 kV, and as a result, the generated
output power is increased significantly compared to existing amplifiers.
A qualitative evaluation has been performed of existing converter topologies that
are potentially capable of facilitating the required combination of a relatively high
voltage, high current, and high switching frequency to achieve the desired bandwidth. Of the investigated topologies, only the flying capacitor and cascaded Hbridge topologies are capable of generating DC currents without additional circuits.
The latter requires an isolated voltage source to achieve this, which ensues significant practical limitations. Therefore, the flying capacitor topology is chosen, on
which the developed modulation scheme and control strategy are based, and for
which the simulation and measurement results are obtained.
To enable fast switching of high voltage, at a switching frequency higher than 50 kHz
across the entire operating range, resonant control has been applied to the multilevel flying capacitor converter topology. The additional available voltage levels
are actively used to control the shape of the filter inductor current. Furthermore, a
charge-based zero-voltage switching (ZVS) scheme for multilevel modulation has
been developed, which gives a set of equations to calculate the current values and
corresponding switching times. No precise measurement of the filter inductor current is required, as zero-crossing detection is used to synchronise the calculated
filter inductor current, and corresponding switching times, with the actual current.
Increasing the number of voltage levels potentially results in lower peak and RMS
values of the filter inductor current, while still achieving the desired average cur-
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rent and switching frequency. However, balancing of the flying capacitor voltages
becomes more demanding, and the control of the converter becomes notably more
complex due to the significant increase in possible switching states.
The calculated switching times are based on an approximation of the filter inductor
current, and therefore introduce an error in the generated output current. To correct
this error, and compensate for possible other nonidealities in the system, closed-loop
output current control is added to the amplifier. A generic modelling method of a
current-controlled current amplifier, in this case the flying capacitor resonant pole
inverter, has been developed. Active damping of the corresponding resonant circuit
is added, and the design of a PID controller is described for a desired open-loop
bandwidth. Ample loop gain is achieved for low frequencies to provide disturbance
rejection, and sufficient phase margin is obtained to give a stable closed-loop system.
Simulation frameworks have been synthesised of single-phase three-level and fivelevel configurations, where the flying capacitor topology, charge-based ZVS modulation strategy, and closed-loop output current control are combined. The results
obtained for DC setpoint currents for the three-level and five-level configurations
indicate proper functioning of the calculation of the switching times, resulting in ZVS
for all examined cases. Furthermore, simulations were run applying an AC setpoint
current with amplitude Îset = 50 A and frequency f iset = 100 Hz to investigate the
dynamic behaviour of the system. The results indicate that proper balancing of the
flying capacitor voltages around their respective references is achieved. Spectral
analysis is applied to the generated output current and the results indicate that a
relatively high linearity is achieved for both configurations. For three-level modulation, the resulting spurious-free dynamic range (SFDR) is 110 dB, and the value for
the total harmonic distortion (THD) is −100 dB. For five-level modulation, an SFDR
of 108 dB is obtained, and the THD is −97.9 dB.
From the AC simulation results, estimates have been generated of the loss distribution for the analysed modulation strategies. A significant potential loss reduction is
observed when applying three-level soft-switching compared to three-level hardswitching. Applying five-level modulation for the same generated output power
results in lower inductor losses and lower losses per switch, however the total
switch losses increase significantly due to the circuit containing eight instead of four
switches.
A hardware prototype, consisting of a single-phase five-level flying capacitor converter, has been developed to verify the presented theoretical analyses. The actual
commutation charge required to achieve ZVS has been determined from measurements, and indicates the presence of a substantial parasitic capacitance in the system.
Furthermore, a significant delay is observed between the zero crossing of the filter
inductor current and the subsequent response of the control system. Both observed
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irregularities have been compensated for in the calculation of the switching times.
Similar to the analysis of the simulation results, the achievement of ZVS is verified
using measurements for DC setpoint currents. Complete commutation of the switchnode voltage vsn is observed for all examined cases for three-level modulation, and
nearly all cases for five-level modulation. When three switches are turned off simultaneously, incomplete commutation of vsn can be obtained due to an unequal charge
distribution between the output capacitances of the switches involved. Furthermore,
voltage spikes are observed in the waveforms of the switch-node voltage, flying capacitor voltage(s) and output voltage, originating from resonances between parasitic
inductance loops and parasitic capacitive coupling present in the prototype.
The impact of the nonidealities on the performance of the hardware prototype is
illustrated by the spectral analysis applied to the generated AC output current for a
setpoint current with amplitude Îset = 10 A and frequency f iset = 100 Hz. For threelevel modulation, the resulting SFDR is 49.7 dB and the THD is −43.0 dB, and their
obtained equivalent for five-level modulation are 47.3 dB for the SFDR and −42.4 dB
for the THD. An overview of the practical limitations of the hardware prototype
has been presented together with proposed solutions. Nonetheless, the results
indicate that for both three-level and five-level modulation, proper functioning of
the modulation strategies, appropriate balancing of the flying capacitor voltages
around there respective references, and fast switching of high voltage are achieved.

8.2

Thesis contributions

• Introduction of a method of analysis that combines mechatronic system
modelling with models of the power amplifier. Existing research focuses
on the performance of power amplifiers and position control independently.
To obtain insight in the influence of the performance of the amplifier on
the resulting position accuracy, a modelling method has been introduced
that combines models containing electrical, mechanical and control parts.
Furthermore, a generic amplifier error model has been introduced that is
independent of the actual implementation of the amplifier.
• Application of resonant control to a multilevel converter topology. A multilevel converter topology is required to enable fast switching of high voltage,
for which the application of resonant control has been introduced in this thesis.
The additional available voltage levels are actively used to control the shape of
the filter inductor current, in order to achieve the desired average current and
switching frequency, and to minimise the peak and RMS values of the resulting
current. A redistribution of the component losses is obtained with respect to
hard switching, and potentially results in lower total converter losses.
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• Derivation of a charge-based modulation strategy for a multilevel resonant
pole inverter. A piece-wise linear analytical description of the filter inductor
current for a multilevel resonant pole inverter has been developed, to which
a charge-based analysis is applied to guarantee that zero-voltage switching
is achieved for all operating conditions. Zero-crossing detection is used to
synchronise the calculated switching times with the actual current, hence no
(precise) measurement of the filter inductor current is required.
• Experimental verification of the introduced modulation scheme and control
methods on a high voltage power amplifier prototype. A five-level flying
capacitor hardware prototype was developed, and measurements results have
been presented that verify the theoretical analyses of the introduced control
and modulation strategies. Improvements of the analytical model have been
derived to increase the correlation with the actual current. The practical
limitations of the hardware prototype have been addressed and their respective
recommendations for future designs have been described.

8.2.1

Journal publications

• S. J. Settels, J. L. Duarte, and J. van Duivenbode, “Flying Capacitor Resonant
Pole Inverter with Direct Inductor Current Feedback,” IEEJ Journal of Industry
Applications, vol. 8, no. 3, pp. 444–451, May 2019.
• S. J. Settels, J. L. Duarte, J. van Duivenbode, and E. A. Lomonova, “A 2kV
Charge-based ZVS Three-level Inverter,” IEEE Transactions on Power Electronics,
Accepted for publication in future issue, 2019.

8.2.2

Conference publications

• S. J. Settels, G. Tibola, and E. Lemmen, “Hybrid multilevel converter based
on flying capacitor and extended commutation cell,” in Proc. IEEE Energy
Conversion Congress and Exposition (ECCE), Sept. 2016, pp. 2121–2128.
• S. J. Settels, J. Everts, and J. van Duivenbode, “Charge-based Zero-Voltage
Switching of a Flying Capacitor Resonant Pole Inverter with Trapezoidal Filter
Current,” in Proc. 42nd Annual Conference of the IEEE Industrial Electronics
Society, Oct. 2016, pp. 3282–3287.
• S. J. Settels, J. van Duivenbode, and J. L. Duarte, “Impact of amplifier errors on
position loop accuracy of high-precision moving stages,” in Proc. 19th European
Conference on Power Electronics and Applications (EPE’17 ECCE Europe), Sep.
2017.
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• S. J. Settels, J. van Duivenbode, J. L. Duarte, and E. A. Lomonova, “Flying
capacitor resonant pole inverter applying five voltage levels,” in Proc. IEEE
Energy Conversion Congress and Exposition (ECCE), Oct. 2017, pp. 2121–2128.
• S. J. Settels, J. L. Duarte, and J. van Duivenbode, “Flying Capacitor Resonant
Pole Inverter with Direct Inductor Current Feedback,” in Proc. International
Power Electronics Conference (IPEC) - ECCE Asia, May 2018, pp. 3840–3847.
• S. J. Settels, J. L. Duarte, J. van Duivenbode, and C. G. E. Wijnands, “High
Voltage Power Amplifier for High Precision Mechatronic Systems,” in Proc.
20th European Conference on Power Electronics and Applications (EPE’18 ECCE
Europe), Sep. 2018.

8.3

Recommendations for future work

Many ideas about new research directions, or how to improve the obtained results,
have been formed during the course of the research. The most important recommendations for future work are discussed in this section, of which some have already
been mentioned (briefly) in their respective chapters.
The motion system models that have been presented to obtain insight in the performance of a power amplifier in a mechatronic system, incorporate a highly abstract
representation of an actual planar stage. The modelled system is limited to a single
linear actuator, where the actual stage contains four, or even six, actuators. The
location of the resulting centre-of-force is not equal to the centre-of-gravity of the
stage, which generates disturbance torques when accelerating and decelerating.
These factors are not taken into account in this research, and the modelling of the
complete system requires expansion and alteration accordingly.
Furthermore, the amplifier error model that has been introduced consists of a small
subset of the potential error sources in a power converter. Additional implementation independent sources can be included, for instance noise and delay, as well
as implementation specific sources, such as sampling, quantisation, jitter, deadtime, non-zero and temperature dependent Rds,on , parasitics and part tolerances.
Moreover, the acquired theoretical insight in the behaviour of the complete system
is to be verified using measurements on an actual moving stage.
For the presented evaluation of high-voltage topologies, the design and configuration of the voltage supply is not taken into account. It is assumed to generate a
symmetrical voltage of ±1 kV, with the middle point connected to ground, where
the middle point connection is unavailable to the amplifier. For future system design,
it is recommended to take the entire chain from three-phase grid connection to three-
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phase actuator connection into consideration. If, for instance, a multicell AC / DC
converter is applied where the ground connection is actively regulated and available
to the amplifier, the neutral-point clamped topology might be beneficial compared
to the flying capacitor topology for a three-phase inverter.
When calculating the switching times using the charge-based ZVS modulation
strategy, the flying capacitor and output voltages are assumed to be constant for
the duration of a single switching period. However, respective ripple voltages are
created due to the AC currents flowing through the capacitors. Including approximations of the ripple voltages for a certain setpoint current will improve the correlation
between the calculated filter inductor current and the actual current. Incorporating
estimates of the actual inductance value of the filter inductor, and the drain-source
resistances of the MOSFETs, will be beneficial as well. Furthermore, the calculation
of the switching times requires substantial computation effort, which results in
a relatively large time-step for the control of the developed hardware prototype.
When simplified equations to describe the filter inductor current and corresponding
switching times are derived, a direct implementation on the FPGA will be possible. A
significant reduction of the propagation delays observed in the hardware prototype
can then be achieved.
In addition to closed-loop output current control, direct filter inductor current
control has been introduced in this thesis. It requires a highly accurate measurement
of the actual filter inductor current in order to determine its per-period average
value, which is not provided by the used hardware prototype. Further research is
required to optimise the design of the delta-sigma-like control loop, and verify the
obtained theoretical performance increase using measurements on a more refined
hardware prototype.
The proposed improvements of the amplifier error model and calculation of the
switching times can be incorporated in the synthesised simulation frameworks.
Additionally, characterisations of the parasitic inductances and capacitances can be
derived, and added to the electrical circuit model, in order to increase the correlation
between the simulated currents and voltages and their equivalent measured values.
However, the developed simulation frameworks, limited to a single phase of an
inverter, already require a substantial simulation time, which will only build up
for every added component. For three-phase simulations and for use in a mechatronic framework, a simplified and computationally light model is required that
includes sufficient detail of the amplifier behaviour. Future work is recommended
to include an investigation into the presented trade-off between model detail and
computational effort.
The measurement results that have been presented in this thesis, as obtained using
the described hardware prototype, indicate several deficiencies in the hardware
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design when compared to their equivalent simulation results. The main contributors
are found to be the relatively large parasitic induction loops, and capacitive coupling
between PCB traces. Additionally, the application of a MicroLabBox as the control
platform introduced a significant delay between a zero crossing of the filter inductor
current and subsequent switching action, decreased sampling frequency of the
voltage measurements, and increased time-step of the program the calculates the
switching times. For future hardware designs, component placement and PCB
layout are recommended to include EMC considerations. Moreover, applying a local
control platform to diminish signal propagation delays, and increase the available
computational power are recommended as well.
As the modulation strategy uses the zero crossings of the filter inductor current to
synchronise the calculated switching times with the actual current, the performance
of the circuit used has a significant impact on the behaviour of the complete converter.
To improve its performance, the size of the applied transformer core can be optimised
to minimise hysteresis effects and the resulting core losses. To further minimise the
delay between a zero crossing of the primary current and sign output signal, the
hysteresis level of the applied Schmitt-trigger circuit can be optimised. Moreover,
by characterising the behaviour of the complete circuit, a (linearised) model can
be derived of the generated delay as a function of the gradient of the current. The
resulting estimate of the delay is subsequently taken into account for the calculation
of the switching times.
Zero-voltage switching has been verified by investigating the drain-source voltages
of the switches involved in the hardware prototype, and their respective gate-source
voltages. For five-level modulation, asymmetrical behaviour is observed when three
switches are turned off, resulting in an unequal charge distribution between the
output capacitances of the switches. The latter is recognised as an inconsistency in
the gradient of the resulting switch-node voltage. Further investigation into this
anomaly, using measurements obtained with a more refined hardware prototype, is
required to obtain insight in the commutation behaviour for equal or higher than
four level modulation.
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j
km
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Symbols and notation

Symbols
Quantity

Unit

Acceleration
Controller of a control system
Damping coefficient
Error signal
Force
Frequency
Generic transfer function
Jerk
Motor constant
Mass
Plant of a control system
Electrical charge
Sensitivity
Complex number frequency parameter
Snap
Velocity
Position in the x-direction
Admittance
Position in the y-direction
Position in the z-direction

m s−2
N s m−1
N
Hz
m s−3
N A−1
kg
C
m s−4
m s−1
m
Ω −1
m
m
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Symbol
α
β
η
ζ
µ
τ
φ
ψ

A.2

Quantity

Unit

Fractional delay parameter
Fixed delay parameter
Relative frequency parameter
Damping factor
Permeability
Magnetic/electrical period
Commutation angle
Set of motor phases

H m−1
m
rad
-

Subscripts

Subscript
AA
amp
bw
C
calc
clk
co
comm
crit
cur
ds
e
exp
ext
f
gs
IS
m
mag
meas
NL
o
OL

S YMBOLS AND NOTATION

Quantity
Anti-aliasing
Amplifier
Bandwidth
Controller
Calculated
Clock
Cut-off
Commutation
Critical
Current
Drain-source
Electrical
Exposure
Extension
Filter
Gate-source
Current space
Mechanical
Magnetic
Measured
Nonlinear
Output
Open-loop

A.3

Subscript
p
par
pk
prim
proc
pos
res
s
sat
sn
sw
th
z

A.3
AC
AMR
CCCA
CHB
CMRR
DC
EMC
EMF
EMI
ESR
FC
FPGA
HS
IC
IO
MA
MMC
MOSFET
MRI
MSD

Quantity
Pole
Parasitic
Peak
Primary
Processor
Position
Resonant
Sample
Saturation
Switch node
Switching
Threshold
Zero

Acronyms

Acronym
ADC

A CRONYMS

Meaning
Alternating current
Analog-to-digital converter
Anisotropic magnetoresistance
Current-controlled current amplifier
Cascaded H-bridge
Common-mode rejection ratio
Direct current
Electromagnetic compatibility
Electromotive force
Electromagnetic interference
Equivalent series resistance
Flying capacitor
Field-programmable gate array
Hard switching
Integrated circuit
Input/output
Moving average
Modular multilevel converter
Metal-oxide-semiconductor field-effect transistor
Magnetic resonance imaging
Moving standard deviation
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Acronym
NPC
PCB
PFC
PID
PLECS
PWM
PSC
PV
RMS
RPI
SFDR

SiC
SISO
SS
THD
VCCA
ZCD
ZOH
ZVS

S YMBOLS AND NOTATION

Meaning
Neutral-point clamped
Printed circuit board
Power-factor correction
Proportional, integral, derivative
Piece-wise linear electrical circuit simulator
Pulse-width modulation
Pulse-shifted carrier
Photovoltaic
Root mean square
Resonant pole inverter
Spurious-free dynamic range
Silicon carbide
Single-input single-output
Soft switching
Total harmonic distortion
Voltage-controlled current amplifier
Zero-crossing detection
Zero-order hold
Zero-voltage switching
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T

Zero-crossing detection
circuit

charge-based modulation strategy for a multilevel resonant pole inverter
as described in chapter 4 requires accurate determination of the zero crossings
of the filter inductor current iLf . The calculated filter inductor current and corresponding switching times are synchronised with the actual filter inductor current
using exclusively the measured zero crossings. Due to the relatively high RMS values
of iLf for a high-power converter, shunt-based concepts are not desirable in order to
minimise the losses generated in the zero-crossing detection (ZCD) circuit. Therefore,
the method proposed in [5, 41] is preferred, where a small current transformer is
applied that is driven into saturation outside the zero-crossing range.
HE

The ZCD circuit consists of a current transformer in series with the filter inductor Lf
of the main converter, see Fig. 4.8. Additionally, a simple circuit converts the pulses
generated on the secondary side of the transformer during a zero crossing to the
desired sign signal. The core of the transformer is dimensioned such that saturation
occurs already at very small currents. As a result, the induced voltage pulses on the
secondary side are generated approximately at the zero crossing of the current on
the primary side. In the following sections, the design of the ZCD circuit is described,
and measurement results obtained with a hardware prototype are discussed. A more
detailed explanation of the working principle can be found in [5], and additional
information regarding the magnetic properties of the transformer is given in [117].
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B.1

Z ERO - CROSSING DETECTION CIRCUIT

Current transformer

To ensure fast saturation of the transformer, a core with a small cross-sectional area
and a high permeability µ is desirable. A core made of the nanocrystalline material
VITROPERM 500F [107] is chosen, which features a high relative permeability up to
µr = 150 000, and a low coercive and saturation magnetic field strength. The smallest
commercially available core made with this material (T60006-L2009- W914-03 [106])
still has a relatively large cross-sectional area. The magnetising inductance for the
standard core and a single turn for the primary winding is Lmag,a = 25.5 µH, which
is of the same order of magnitude as the filter inductor of the proposed converter. A
high impact on the behaviour of the converter is therefore expected around the zero
crossings of iLf when no alterations are made.
As the magnetising inductance Lmag is directly proportional to the cross-sectional
area of the core AFe , the geometry of the core is proposed to be altered to decrease
AFe . The respective cores are enveloped by a plastic enclosure which are opened to
unwound the tape wound core inside. It is subsequently rewound with a smaller
radius and less turns, resulting in a lower AFe and magnetic path length le , and glued
back in place. As the thickness of the tape is approximately 20 µm and the height is
approximately 4.4 mm, a rewound core with five turns gives AFe,b = 0.44 mm2 . The
resulting magnetising inductance is decreased to
Lmag,b =

AFe,b
0.44 mm2
Lmag,a =
25.5 µH = 1.90 µH ,
AFe,a
5.94 mm2

(B.1)

which is ten times lower than the filter inductor of the converter Lf = 18.9 µH. It is
therefore expected to have negligible influence on the total inductance value during
a zero crossing. Note that subscript ’a’ is used for the original core and subscript ’b’
for the rewound core.
Next to a relatively small magnetising inductance, the saturation current has to be
small as well to ensure negligible impact on the performance of the converter. The
resulting saturation current is calculated as follows:

AL,a le,a
25.5 µH · 2.56 cm
=
= 0.110 H m−1
AFe,a
5.94 mm2
Bsat AFe,b
Bsat le,b
1.2 T · π · 6.6 mm
=
=
=
= 226 mA ,
Nprim AL,b
Nprim µr µ0
1 · 0.110 H m−1

µr µ0 =

(B.2)

Isat

(B.3)

where AL is the nominal inductance per square turn, Bsat is the magnetic flux
density at saturation, Nprim is the number turns of the primary winding, and Isat is
the resulting saturation current. All values are obtained from the datasheet of the
core [106]. For a worst-case gradient of the primary current iLf , where the voltage
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Table B.1
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Specifications of the zero-crossing detection circuit

Parameter

Value

Unit

Description

Vlv
R1
R2
R3 ,R4
R5
C1 ,C2

5
82
360
3.3
100
1

V
kΩ
kΩ
kΩ
kΩ
µF

Low-voltage supply
Pulse voltage divider
Pulse voltage divider
Reference voltage divider
Hysteresis resistor
Buffer capacitors

across LLf amounts to vLf = 100 V, the calculated value of Isat is reached after


Isat Lf + Lmag,b
226 mA · (18.9 µH + 1.90 µH)
tsat =
=
= 47.0 ns ,
(B.4)
vLf
100 V
which results in a significant delay of the zero-crossing detection. However, if the
delay can be accurately predicted as a function of the gradient of iLf , it can be taken
into account for the switching times calculations, similar to what is described in
section 7.3.2.

B.2

Signal electronics

A simple detection circuit is designed to generate a signal vzcd corresponding with
the sign of iLf , from which the time instants of the zero crossings are determined.
A schematic of the detection circuit is shown in Fig. B.1, and the corresponding
component values are aggregated in Table B.1. Resistors R1 and R2 provide a
high secondary impedance as seen by the transformer T1 . The former furthermore
limits the current when va is clamped by D1 or D2 , and the latter generates the
voltage across the input terminals of the Schmitt trigger U1 . Hysteresis is added by
decreasing the value of R5 to increase the robustness of the circuit. Furthermore,
a reference voltage corresponding with 1/2Vlv is generated by R3 and R4 , buffered
by C1 and C2 . The component values are predominantly based on the values used
in [5].
A TLV350x high-speed comparator IC [97] is used in a Schmitt trigger configuration
to convert va with respect to 1/2Vlv to the desired sign signal. Small-signal fastswitching diodes 1N4148 [114] are added to clamp va to Vlv and ground, and protect
the input of the comparator to the relatively high peak values of va . However, both
diodes add parasitic capacitance to the comparator input which introduces a delay
in the zero-crossing detection. Special attention is required for component selection
and placement to mitigate the impact of the parasitic capacitance.
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Figure B.1

B.3

Z ERO - CROSSING DETECTION CIRCUIT

Schematic of the zero-crossing detection circuit consisting of a saturable transformer T1 and a Schmitt trigger U1 . Resistors R3 and R4
generate a reference voltage of 1/2Vlv , and resistors R1 and R2 provide
a high secondary impedance and pulse voltage division. Diodes D1
and D2 clamp va to ground and Vlv , and resistor R5 sets the hysteresis
of the comparator.

Measurement results

In order to verify proper functioning of the zero-crossing detection circuit, measurements are performed on a hardware prototype connected to the converter described
in section 7.1. In Fig. B.2 a photo is shown of the small saturable transformer connected between the filter inductor Lf on the right and the output voltage node vout on
the PCB on the left. A single turn for the primary winding is clearly visible, combined
with ten turns for the secondary winding.
In Fig. B.3 waveforms are shown of the filter inductor current iLf , transformer
terminal voltage vb , Schmitt trigger input voltage va , and the resulting sign signal
vzcd to determine the zero crossings of iLf . All voltages va , vb and vzcd are measured
with respect to ground. Furthermore, the symmetrical supply voltage of the main
power converter is set to Vdc = ±500 V, and the setpoint current is iset = 0 A.
The waveform of iLf shows the characteristic trapezoidal shape where the zero
crossings are indicated with vertical dashed lines. The measured waveform of vb
illustrates the shapes of the pulses generated on the secondary side of T1 during a
zero crossing of iLf . The pulses have relatively high peak values and therefore require
clamping at the input of the Schmitt trigger. Furthermore, the start of each pulse is
just before a corresponding zero crossing, as is observed in [5] as well. However, the
measured waveform of va indicates that due to the parasitic capacitance present in
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Figure B.2

The small saturable transformer connected between the filter inductor
Lf on the right and the output voltage node vout on the PCB on the
left.

Figure B.3

Measured waveforms of the filter inductor current iLf , transformer
terminal voltage vb , Schmitt trigger input voltage va , and the resulting
sign signal vzcd . Vertical dashed lines indicate the zero crossings of
iLf , and a red horizontal dashed line in the plot of va indicates the
1/2V reference voltage level.
lv
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Figure B.4

Z ERO - CROSSING DETECTION CIRCUIT

Measured waveforms of iLf and vzcd during a positive zero crossing of iLf (a) and negative zero crossing of iLf (b). The introduced
measurement delay is indicated by tdelay .

the circuit, the pulse is delayed. It crosses the reference voltage, including a small
hysteresis voltage, slightly after a zero-crossing instant. This is illustrated by the
output signal of the circuit vzcd as well. Voltage probes with a very low parasitic
capacitance are used to perform the measurements shown in Fig. B.3, however their
impact is not negligible.
To investigate the exact measurement delay introduced by the zero-crossing detection circuit, zoomed plots of iLf and vzcd are created without probe connections to
va and vb . The resulting waveforms are shown in Fig. B.4 with the measurement
delay indicated by tdelay . For both the positive and negative zero crossings of iLf the
measured delay is tdelay ≈ 48 ns. The measured value is a significant component of
the total delay of tdelay ≈ 310 ns as observed in section 7.3.2. The introduced delay
can be mitigated by minimising the added parasitic capacitance in the circuit and
minimising the hysteresis in the Schmitt trigger. Other parameters as, for instance,
the dimensioning and material of the saturable core, the amount of turns on the
secondary winding, and the values of the pulse voltage division resistors R1 and
R2 can be optimised as well. Future research is recommended to include elaborate
characterisation of all involved components.
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