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Chapter 1

Introduction
1.1

1.1.1

Background

Millimeter-Wave Wireless Technologies

Since the first experiments and demonstrations on transmitting and receiving electromagnetic waves in the late nineteenth century [1], wireless technology has been developing
for over a century. Nowadays, the advancements in wireless technology have influenced
in many aspects the way people live, work and communicate. Friends and families are
able to talk and see each other on a 3G/4G enabled hand-held device no matter how far
apart; drivers can immediately start an unfamiliar journey with the help of the global
positioning systems (GPS) without worrying about the routes; Wireless Local/Personal
Area Networks (WLAN, WPAN) significantly facilitates peoples life by assuring the seamless connectivity between devices and to the internet and/or the cloud; Wireless Sensor
Networks (WSN) are able to monitor the environment, housing, machines’ condition and
even people’s health. There are many more examples that can be listed on how wireless
technologies have penetrated into our life.
All these advancements have lead to a congested radio spectrum for the currently
popular wireless technologies, i.e. below 10 GHz. The available bandwidth in the currently
popular frequency bands starts to hamper the constantly growing demand on higher data
rate from the market. On the other hand, at millimeter-wave (mm-wave) frequencies,
i.e. 30 GHz to 300 GHz, there is a comparably large amount of spectrum available. The
wider bandwidth can support multi-Gbps data-rate, which is very challenging to achieve
at conventional RF frequencies below 10 GHz.
Other than the wider bandwidth, another advantage that can be offered in the mmwave range is the system compactness. Due to the shorter wavelength at these frequencies,
antennas are smaller than at lower frequencies. As a result, more compact systems can be
envisioned, like for phased array systems.
1
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1.1.2

Advancements in Silicon Technologies

The advantages of the mm-wave applications, however, should be supported by high performance and in-expensive technologies in order to open the consumer’s market. Traditionally, mm-wave systems were implemented in III-V compound-based technologies [2, 3].
While these technologies offer higher operation frequency and high performance (in terms
of gain, noise figure, power level etc.), they are expensive and suffer from limited fabrication yield [4]. As a result, these technologies typically are limited to professional or
military applications. In order for mm-wave systems to have mass deployment and meet
consumer market requirements, the cost and size of any solution has to be significantly
below what is being achieved using III-V semiconductor technologies. Over the last few
decades, silicon technologies (SiGe BiCMOS and CMOS) have driven the manufacturing
cost significantly lower for high volume production. Furthermore, advanced silicon processes are able to offer reasonable performance for mm-wave applications [5, 6]. Thanks
to the continuous scaling of CMOS and BiCMOS technologies, e.g. 90/65/40 nm CMOS
and 0.18/0.13 µm BiCMOS, good performance can be achieved for commercial mm-wave
applications with low cost in high volume production.
The possibility of silicon-based mm-wave systems has triggered significant interest
from the academia and industry in the last decade: fully integrated mm-wave systems are
demonstrated [7, 8]; techniques are developed to achieve performance in silicon which is
comparable to the III-V technologies [9, 10]; several standards regulations are published for
mm-wave applications [11, 12, 13]; and various mm-wave products in silicon technologies
have been launched into the market [14, 15].

1.2
1.2.1

Millimeter-Wave Applications
High Data-Rate Communication

One of the most exciting mm-wave bands in recent years is the unlicensed 60 GHz band.
In 2001, the US Federal Communications Commission (FCC) announced a continuous 7
GHz bandwidth around 60 GHz as an unlicensed band. Similar regulations are approved
in other parts of the world, e.g. in Europe, the spectrum allocation is about 9 GHz. Comparing to some of the cellular bands and WLAN bands at 2.4 GHz and 5 GHz (of which
the bandwidths are in the order of 10 MHz to 100 MHz), the spectrum available from
the 60 GHz band is significantly wider, as shown in Fig. 1.1(a). Such a wide spectrum is
attractive for multi-Gbps applications, which are magnitudes of order faster than the currently popular bands. Examples include uncompressed video streaming, ultra-high-speed
file transfer/sync between personal devices and high-speed internet access. Some of these
are visualized in Fig. 1.1(b). Several standards targeting this band are developed, including IEEE 802.15.3c [11] for the WPAN applications, IEEE 802.11ad [12] for the WLAN
applications and WirelessHD [16] for short-range high-definition multimedia transmission.
Due to the higher path loss at mm-wave frequency range, multiple antennas (or phased
arrays) are typically applied in mm-wave systems to provide additional antenna gain and
satisfy the link budget. The use of phased array technique also offers the possibility of spatial reuse, because directive beams are used for transmission and reception. In addition,
2
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60 GHz
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Figure 1.1: (a) Spectrum allocation of the 60 GHz band in Europe, in comparison to the
LTE cellular band and the IEEE 802.11 bands around 2.4 GHz and 5 GHz; (b) Typical
applications of 60 GHz indoor communication.
the lower penetration through walls and high oxygen absorption at 60 GHz also increase
the frequency re-use.

1.2.2

Millimeter-Wave Radar

Besides for the high speed communication applications, mm-wave frequency is also applied
for automotive radar systems. Automotive radars will be crucial for future smart cars to
provide better comfort and safety for the drivers and pedestrians. The importance is even
more obvious to the future autonomous cars. As compared to the camera-based or infraredbased car sensors, the mm-wave car radar offers better robustness in different conditions,
e.g. in day or night, and in rain or fog conditions. Some of the typical applications
are shown in Fig. 1.2, including automatic cruise control, collision warning and blind
spot detection. By transmitting an RF signal, information regarding distance, angular
position and relative speed is extracted from the received reflected signal. Pulsed radar and
frequency modulated continuous-wave (FMCW) radar are the two typical types. In order
to obtain higher detection resolution, both kinds of radar require large signal bandwidth.
One emerging band is the 79 GHz band (77 GHz to 81 GHz), regulated in Europe by
an ETSI standard EN 302 264 [13, 17]. The wide bandwidth of the emerging 79 GHz
automotive radar systems enables higher spatial resolution for target discrimination, which
3
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Figure 1.2: Automotive radar applications using mm-wave frequency.
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Enterprise

Downlink
around
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Consumer Broadband
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Cellular Backhaul

Figure 1.3: Ka-band VSAT applications.
offers higher reliability and safety.

1.2.3

Ka-band Satellite Communication

Very-small-aperture terminal (VSAT) is another mm-wave application. By means of satellite connections, VSATs are typically used for broadband internet access, rural area network access, enterprise communication etc. , as shown in Fig. 1.3. While today’s VSAT
systems operate in the C-band (downlink at about 4 GHz and uplink at about 6 GHz) or
Ku-band (12 GHz downlink and 14 GHz uplink), the next generation will use Ka-band (20
GHz downlink and 30 GHz uplink) to improve bandwidth and data rate [18], also referred
to as high throughput satellite (HTS). Besides, Ka-band VSAT is also equipped with more
a compact antenna. On the other hand, the Ka-band VSAT suffers from a higher rain
fade effect which degrades quality of service. In this case, more power might be required
to compensate the rain effect.
4
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1.2.4

Fifth-Generation (5G) Cellular Communication

In recent years, we have witnessed an incredible growth of mobile data communication.
It is even envisioned that the cellular networks may need to deliver as much as thousand
times of the current capacity [19]. Today’s cellular providers strive to deliver higher speed
and quality for wireless devices, but they are limited to a carrier frequency spectrum
which only offers limited available bandwidth. Amongst other potential technologies, such
as massive multiple-input-multiple-output (MIMO) technology [20], utilizing the wider
bandwidth of the mm-wave bands is one of the most promising directions for the fifth
generation (5G) cellular networks [21]. Recent research has demonstrated the feasibility of
mm-wave cellular communications [19, 21], at 28 GHz and 38 GHz frequencies. Through
the propagation measurements conducted in urban environments, continuous coverage
can be achieved with a cell radius of 200 meters, with the potential of offering an order
of magnitude increase in capacity over current fourth generation (4G) networks. Phased
array technique is important in this case to incorporate the sensitivity to physical blockages
and achieve a good coverage.

1.2.5

Millimeter-Wave Imaging and Spectroscopy

Imaging at mm-wave frequencies, e.g. at 94 GHz, has also drawn lots of interest in
research and industry for applications ranging from security detection to spectroscopy
and bio-imaging. Unlike mm-wave communications, the principle of mm-wave imaging is
based on radiation, reflection or absorption from/by the object. Comparing to imaging
technologies at the other electromagnetic spectrums, such as the visual spectrum, mmwave imaging has the advantages of being able to operate in different conditions, better
robustness, and good resolution. Furthermore, it is harmless to humans. While III-V
compound technologies were traditionally used in imaging systems, silicon technologies on
the other hand can offer a low-power, fully-integrated and compact solution for mm-wave
imaging systems. There have been many recent advances in this field [22].

1.3

Interference Issues in Millimeter-Wave Applications

Given the exciting and emerging applications and the availability of silicon technologies
for mm-wave frequencies, we can envision that mm-wave systems will become popular and
common in the future. As the number of mm-wave devices, systems or standards will grow
dramatically in the future, interference issues will become important for the co-existence
of different devices.
In the past decades, we have witnessed the rapid growth of devices in the lower frequency range, e.g. in cellular and WLAN applications. Interference has been an issue since
the early stages of these applications, and has become even more important today. Before
describing the potential interference issues in mm-wave systems, it is worthwhile to briefly
review the issues in the currently popular systems at lower frequencies. Two main types
of interference can be impacting the reception of the desired signal.
5
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Desired TX

Desired RX

Co-located TX
Interference TX

Figure 1.4: Simplified and generalized illustration of interference scenarios in mm-wave
radios.
Firstly and most commonly, the interference can be from other systems. Due to the
existence of multiple radio’s, out-of-band or in-band interference can be picked up by
the desired receiver, desensitizing or saturating the receiver. Conventional narrow-band
receivers make use of external filters to suppress out-of-band interference and are at the
same time designed with high linearity to cope with the potential in-band interference.
For the multi-standard and multi-band systems nowadays, wide-band receivers that are
resilient to interference become important and even more challenging [23].
Secondly, interference can also come from the co-located transmitter from the same
system, called self interference. In a single device or system, the transmitter and receiver
can be operating at the same time, e.g. in frequency division duplexer (FDD) transceivers
and multi-radio systems. Due to limited isolation, there can be high signal power leakage
to the receiver, resulting in saturation or even causing damage to the receiver front end.
Frequency domain filtering is generally used to reject the undesired leakage, for instance by
off-chip surface acoustic wave (SAW) filters. On-chip techniques using integrated duplexers
have been proposed in recent years to remove the off-chip filters for a more compact and
configurable system [24, 25].
Similar interference issues can happen in the mm-wave applications. We categorize
the potential interference as spatial-interference and self interference, and describe them
in the following subsections. The described interference scenarios are simplified and shown
in Fig. 1.4. Notice that the antenna of each transmitter or receiver in the figure can be
replaced by phased array antennas in practice. For simplicity, the antenna at each terminal
is generalized as a single element.

1.3.1

Spatial Interference

Interference coming from other devices can have a high power at the desired receiver,
which can block the signal reception. This problem is more obvious in future dense mmwave application, such as for the 60 GHz dense indoor communication, the potential mmwave 5G cellular networks in densely populated urban areas and the automotive radars
on the busy roads. The robustness against such interference is important to achieve
higher network capacity (for high speed communication) and also required to guarantee
6
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the reliability of the mm-wave systems (for car radar).
At mm-wave frequencies, path loss is much higher and phased arrays are typically
used to improve the link budget. Phased array systems are able to form directive antenna patterns for transmission and reception. We can see the interference from a spatial
perspective, no matter the interference is out-of-band, in-band or even co-channel. For example, in the worst case, the interference is from exactly the same direction as the desired
signal. In this case, the desired TX and RX can adopt another path, e.g. a non-line-of-sight
path through reflection instead of line-of-sight path which is physically blocked.
It is generally considered that interference issues are not significant for mm-wave
phased array systems. However, in a phased array, side-lobes towards directions other
than the main direction can still cause interference, especially in dense environments, as
will be shown in Chapter 2. It is also shown in [26] that in 60 GHz WPANs, the network
throughput can be degraded due to spatial interference, even when phased arrays are used.
There is abundant spatial reuse that can be explored with spatial mitigation techniques.
Actually, a phased array not only can form a directive beam towards the desired direction, but it can also generate multiple nulls towards other directions, which can be utilized
for spatial interference mitigation. This possibility is not fully explored in standards and
research. One main reason is that the phased arrays are typically implemented in analog/RF domain due to the high complexity and power of the wide-band analog-to-digital
conversion and base-band processing. It is challenging to achieve accurate null control due
to the practical impairments in analog/RF.

1.3.2

Self Interference

Self interference between the co-located TX and RX is another potential issue in mm-wave
applications, as shown in Fig. 1.4. For example, in VSAT applications, it is desired to
have simultaneous transmission and receiving, or full-duplex operation1 . However, it is
required to have a high power level from the TX and a high sensitivity from the RX in
VSATs. This poses a big challenge in suppressing the high power self interference with
minimal impact to the RX sensitivity. In radar or imaging systems, the self interference
is also a potential problem. The TX and RX are operating at the same time and even
around the same frequency band, for instance in FMCW radars. The self interference can
also be potentially problematic to FDD-based mm-wave communication systems.
From the above description, we can further categorize the self interference into two
scenario’s: (1). The TX and RX are at different frequency bands. For instance, in
VSAT, the frequency bands of TX and RX are 30 GHz and 20 GHz respectively, which is
relatively separated. Frequency domain filtering can be used to suppress the interference.
However, since VSAT has high requirement on the output power and RX sensitivity, a
high quality factor is required in the filter. Current VSAT systems use off-chip high quality
factor components for this purpose, e.g. waveguide filters. It is desired to move to on-chip
solutions, for their compactness and cost-efficiency, however it is very challenging, due to
the lower quality factor of on-chip passive devices. (2). The TX and RX are in the same
1
Full-duplex is sometimes referred to transmitting and reception at same time and in the same channel.
In the particular case of VSAT, uplink and downlink operate at different frequencies, and full-duplex means
the transmission and receiving are simultaneously at the corresponding frequencies.
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frequency band, e.g. radar and FDD systems. It is even more challenging to achieve the
interference suppression on-chip in this case, due to the even tighter frequency separation.
Similarly, current systems utilize off-chip components, such as ferrite-based duplexers or
circulators.

1.4

Aim and Scope of the Thesis

In this thesis, the aim is to investigate spatial interference and self interference suppression
techniques in mm-wave integrated receiver front ends. Methods and techniques are investigated for effective interference suppression while having minimal impact on the other
performance parameters of the front ends. The other objective, especially for the selfinterference, is to achieve performance in silicon technologies comparable to the off-chip
counterparts. By moving towards the integrated solutions, the final systems can be much
more compact with lower cost for the consumer market.
Some boundaries on the scope of the thesis are explained as follows:
• This thesis focuses on on-chip techniques and silicon technologies. The designs are
in CMOS or BiCMOS technology. For future wide deployment of mm-wave systems, silicon technologies will be the mainstream technology for cost reduction and
high integration level. Depending on the level of integration and/or some specific
performance considerations, either CMOS or BiCMOS will be chosen for specific applications. In this thesis, CMOS technology is used in the 60 GHz designs for spatial
interference issue, and BiCMOS is used in the designs for self interference. However, the designs and techniques investigated can adopt either CMOS or BiCMOS
technology.
• In this thesis, methods and circuits concentrate on the receiver side and on the
physical layer. While it is possible also to incorporate techniques on the TX side,
e.g. null forming by the TX phased array for spatial interference mitigation, we focus
on the RX side, since RX is the victim of interference, and techniques in the RX are
important for receiving weak signals. For self interference, techniques at an early
stage in the RX chain are used, because of the very high power of self interference
from the TX.
• For spatial interference, a typical application which potentially can face dense population problems is considered, i.e. 60 GHz indoor communication. The spatial re-use
technique is investigated and evaluated for this application.
• For self interference, the Ka-band VSAT scenario is considered for the first design.
This is a typical example for the cases when the TX and RX are in different bands.
At the same time, it poses challenging requirements on any adopted filtering technique in the frond end. For self interference within the same band, the design focuses
on a duplexer technique for radar or imaging applications. For both self interference
scenarios, it is targeted to achieve comparable performance as the off-chip components.
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1.5

Outline of the Thesis

The outline and the overview of this thesis is shown in Fig. 1.5. Two main issues are
investigated, i.e. spatial and self interference. In each chapter, the problems will be
introduced in more detail including literature reviews. The content of each chapter is
briefly explained below:
Chapter 2 and 3 focus on spatial interference issue in mm-wave applications:
• Chapter 2 proposes an analog/RF adaptive null-forming array for spatial interference mitigation, which is robust against practical impairments, such as phase and
amplitude control errors and interference direction estimation errors.
• Chapter 3 investigates the design of high resolution phase shifters which are required
for the null-forming array proposed in the previous chapter. Two phase shifters are
implemented, i.e. an LO-path phase shifter and a Baseband phase shifter, both in
40 nm CMOS technology.
Chapter 4 and 5 of the thesis investigate the self interference issue between the TX
and RX. Two scenarios are investigated:
• In Chapter 4, the scenario investigated is a VSAT scenario, where the frequencies of
the transmitter and receiver are at different bands. A filtering LNA is designed in
0.25 µm SiGe BiCMOS which achieves a high attenuation at the TX frequency with
minimal impact on the noise figure.
• Chapter 5 investigates a scenario where the TX and RX are in the same frequency
band. A hybrid-transformer based circular polarization duplexer is proposed and
implemented in 0.25 µm SiGe BiCMOS. The on-chip duplexer and a demonstrator
with on-board antennas demonstrate a high isolation of 50 dB between the TX and
RX.
Chapter 6 provides the conclusions and the recommendations for future research.
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Figure 1.5: (a) The outline of the thesis. (b) The overview of the main contents of the
thesis.
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Chapter 2

Robust Spatial Null-forming in
Millimeter-Wave Phased Arrays
2.1

Introduction

In recent years, the advances in silicon technologies have motivated extensive research and
industrial activities in wireless systems in the millimeter-wave frequency range (mm-wave,
i.e. 30 - 300 GHz). At millimeter-wave frequencies, larger bandwidth is available and it
has the potential to support multi-Gbps data rates. One of the most popular bands is
the unlicensed 60 GHz band, and several standards are in development, e.g. the Wireless
Personal/Local Area Networks (WPAN [11], WLAN [12]). Due to the increasing interests
in this unlicensed band, we can foresee that in the future the band will become densely
populated and devices of different standards are likely to co-exist. The co-channel interference (CCI) will become an issue which can degrade the co-existence and the aggregate
data rates [26]. Frequency and time domain co-ordinations can be explored to mitigate
this interference problem. However, in the frequency domain, a maximum of only four
non-overlapping channels are specified in current standards. Besides, in the time domain,
it is difficult to coordinate and synchronize between links of different standards.
A domain which offers opportunities for interference mitigation is the spatial domain.
Phased arrays in recent 60 GHz systems [27] are mainly used to beam steering towards the
desired direction with extra array gain and to compensate the high path loss at 60 GHz.
Actually, they simultaneously can be used to form nulls in other directions in order to
attenuate interference. However, this is not fully exploited due to some practical impairments. Due to the power and cost constraints, the 60 GHz phased arrays typically tune
the weights (phase shifts and amplitudes) and then combine the signals in the analog/RF
domain, so that only one high speed analog-to-digital converter and base-band processing
unit is required. The limited resolution and accuracy of the analog/RF weight control will
limit the control of the directions of the sharp nulls. Besides, it is challenging to estimate
the exact directions of interference in an analog/RF phased array. Due to these limitations
in practice, a robust method for better spatial selectivity is necessary for mm-wave phased
arrays.
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In this chapter, our goal is to find a robust and efficient method to maximize signalto-interference-plus-noise ratio (SINR) for 60 GHz applications. We propose an adaptive
receiver array assisted by genetic algorithms (GA) [28] to mitigate the CCI in the spatial
domain. The algorithm adjusts the array pattern by manipulating the least-significant-bits
(LSBs) of the weights to have a close-to-optimum SINR. Compared to other algorithms,
e.g. gradient-based algorithms, GA is computationally efficient without being trapped in
local maximas, and robust since precise knowledge of interferences is not required.
Two further improvements are proposed in order to improve spatial selectivity for
different situations. Firstly, we propose an algorithm that can automatically adapt the
number of LSBs used by the GA to increase the SINR in different interference situations.
For a dense 60 GHz indoor environment, the angle of arrival (AoA) of CCI can be close
to the AoA of the desired signal, in which case the optimization by standard GA can
not reach convergence with good SINR. The proposed adaptive GA can achieve a nearoptimum SINR even when the AoA of the interferer is close to the AoA of the desired
signal. Secondly, we incorporate antenna selection capabilities into the algorithm. In
case of line-of-sight situations and/or lower data rates, not all antennas are required to
satisfy the link budget, which leads to lower power consumption [27]. Compared to fixed
selection, the extended GA which simultaneously performs antenna selection (out of the
full array) and weight optimization, provides larger interference suppression range and
further improves the spatial selectivity.
The remainder of this chapter is organized as follows. Section 3.2 gives an introduction
to the principle of uniform linear arrays, including the formulation of beam-steering and
null-forming. Section 3.3 discusses the impairments in practice that can degrade the
performance of the analog/RF null-forming arrays. To overcome the degradation due to
practical impairments, an adaptive array with a genetic algorithm is proposed in section
3.4. Section 3.5 presents simulation results on the proposed null-forming array. Section 3.6
will discuss the implications in the practical implementation. The conclusions are given
in section 3.7.

2.2

Uniform Linear Array Principles

The first use of phased arrays dates back to the 1930’s [29] and has been developed
through the decades in various applications, ranging from radar [30, 31], satellite [32] and
communication [33, 12]. Despite the various applications of phased array systems, the
basic principle remains unchanged. In this section, the basic principle of uniform linear
arrays is revisited, including the concept of beam-steering and null-forming.

2.2.1

Beam-Steering

We consider a uniform linear array (ULA) receiver consisting of N antennas, as shown
in Fig. 2.1. The antennas are equally spaced with a distance d of half a wavelength,
i.e. d = λ/2. In each path, there are independent weight controls on the phase (φk )
and the amplitude (ak ) of the signal. We assume 0 6 φk < 2π and 0 6 ak < 1. The
phase and amplitude controls, as indicated in the figure, can be implemented in practice
12
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Figure 2.1: General model of a phased array receiver.
respectively by a phase-shifter (PS) and a variable-gain-amplifier (VGA) 1 . Throughout
this chapter, we use phase shift rather than time delay because we consider here a relatively
low fractional bandwidth scenario. For a signal using a single channel (e.g. 2.16 GHz in
[11, 12]) in the 60 GHz band, the fractional bandwidth is only about 3.6%, which only
introduces a main-lobe gain variation of less than 0.11 dB across the bandwidth for a
16-path array with a ±60◦ main-lobe scanning range 2 . Therefore, in this chapter, phase
shift approximation will be used instead of time delay.
We define the signal arriving at the first antenna (for k = 1) as A cos(2πf ·t), where A is
the amplitude of the received far field signal and f is the frequency of interest. We denote a
farfield signal is incident from direction θ as sin (θ). This signal is received by each antenna
at different time instances. Since the path length difference between adjacent antennas
is d · sin(θ), the time delay difference between two adjacent antennas is ∆t(θ) = d·sin(θ)
,
c
where c is the speed of light. So the signal at the kth antenna is:


(k − 1)d · sin(θ)
sin,k (t, θ) = A · cos 2πf · t − 2πf ·
c
(2.1)
n
o
(k−1)d·sin(θ)
j·2πf t
−j·2πf ·
c
= Re A · e
·e
The term A · ej·2πf ·t denotes the received farfield signal at the first antenna, and the
signal at each subsequent antenna sin,k has an extra phase difference dependent on θ.
After receiving the signal from each path, different weights can be applied to the signal,
i.e. a phase shift of φk and an amplitude of ak in the kth path. The resulting signal in
1

The absolute gain in each path is ignored in the model, and we normalize the ak to the maximum
gain.
2
The main-lobe gain variation is a function of the array size, scanning range and the fractional bandwidth. A detailed quantitative analysis is given in Appendix A.
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the kth path can then be represented as:
n
o
(k−1)d·sin(θ)
c
sk (t, θ) = Re A · ej·2πf t · e−j·2πf ·
· ak · e−jφk



(k−1)d·sin(θ)
−j 2πf ·
+φk
j·2πf t
c
= Re A · e
· ak · e

(2.2)

The final output after combining can then be derived as:
sout (t, θ) = Re

= Re

(N
X
k=1
(N
X

)
sk (t, θ)
j·2πf t

A·e

· ak · e

)

(k−1)d·sin(θ)
+φk
−j 2πf ·
c

(2.3)

k=1

n
o
= Re A · ej·2πf t · AF (θ)
where the AF (θ) is called the array f actor, and:

AF (f, θ) =

N
X

ak · e



(k−1)d·sin(θ)
−j 2πf ·
+φk
c

(2.4)

k=1

It denotes the array gain that can be achieved at θ. In case of a desired signal having
an angle-of-arrival (AoA) of θs , it is obvious that the maximum array gain at θs can be
obtained if:
ak = 1


(k − 1)d · sin(θs )
φk = −2πf ·
c

modulus of 2π

(2.5)

In other words, the complex weight in each path (the phase component) compensates
the phase difference between the received signals that arrive at the various antennas, so
that the signals sk combine constructively at the output. In this case, AF (θs ) at the desired
direction equals to N . This is also called beam-steering with constructive combining of
the desired signal.
An example of the array factor of an 8-element phased array beam-steered to θ = 30◦
is shown in Fig. 2.2. As can be observed from the figure, the maximum AF, i.e. the
main-lobe, is steered towards the desired AoA, thanks to the weight setting in each path.
As a result of the beam-steering, the signal-to-noise ratio (SNR) of the receiver array will
improve by a factor of N . We assume an uncorrelated input referred noise power3 of A2n,k
at the input of each path, with A2n,k = A2n for k = 1, · · · , N . Since the noise in each path
is uncorrelated, it will combine in terms of power. When the desired signal is incident
3
Here the input referred noise only includes the noise until the combining stage, since the noise after
the combiner will not be weighted. To focus on the property of an antenna array, only the noise before
the combiner is considered in the following analysis.
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Figure 2.2: Array factor of an 8-path phased array beam-steered to θs = 30◦ with halfwavelength spacing, i.e. d = λ/2 = c/2f .
with an AoA of θs , we can derive the SNR at the output of the array as:
s2 (t, θs )
SN Rout = Pout
N
2
k=1 An,k
= AF 2 (θs ) · PN

A2s

2
k=1 An,k

=N·

(2.6)

A2s
A2n

which is N times better than a single-path’s SNR.
Thanks to beam-steering, the AF is focused towards a certain direction, while the
gain for the other directions is lower. This provides some level of spatial interference
suppression. In Fig. 2.2, we can also observe that there are side-lobes in directions other
than the main-lobe; the highest side-lobe can have an absolute AF of about 5 dB. These
sidelobes can still cause interference issues if a large interference happens to be around
the side-lobe directions. The side-lobes can be suppressed by amplitude tapering [34]
instead of using a uniform amplitude where ak = 1 for k = 1, · · · , N . On the other hand,
the amplitude will inevitably increase the main-lobe beam-width and reduce the gain.
Amplitude tapering is more effective for large array sizes, and will not be explored in this
work.

2.2.2

Null-Forming

In addition to the constructive combining in a specific direction, a phased array can also
generate spatial nulls in other directions, as shown in Fig. 2.2. In the presence of spatial
interferences, the weights in the phased array can be manipulated to adjust the directions
of the nulls to the interference directions. Actually, the theoretical optimum weight setting
for the signal-to-interference-plus-noise ratio (SINR) can be derived, given the knowledge
of interference power levels and directions. The derivation can be given from the signal
processing perspective [35] as follows.
Eq. (2.3) can be re-written in vector form. The received signal from direction θs at
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Figure 2.3: The array patterns with a non-optimized weight and with the optimized
weight for SINR given by (2.13). In this example, the array has 8 element, and the power
of interferences are the same as the desired signal. The directions of the two interferences
are −21◦ and 38◦ .
the output of the array can be written as:
n
o
sout,s (t) = Re As · ej·2πf t · v H
·
w
s

(2.7)

where the subscript s denotes the desired signal, and v s and w are the desired signal’s
propagation vector and the array’s weight vector, denoted as:
vH
s
w

H

= [1, · · · , e−j
jφ1

= [a1 · e

2πd
(k−1)·sin(θs )
λ

jφk

, · · · , ak · e

, · · · , e−j

, · · · , aN · e

2πd
(N −1)·sin(θs )
λ

jφN

]

]

(2.8)
(2.9)

and the superscript H denotes the Hermitian operation which is the complex conjugate
of the transpose of the marked matrix or vector.
We assume that there are Nint interferences, and they have amplitudes of Aint,l and
AoA’s of θint,l for l = 1, · · · , Nint . Similar as Eq. (2.7), we can denote the l-th interference
at the output sout,int,l (t) as:
o
n
·
w
(2.10)
sout,int,l (t) = Re Aint,l · ej·2πf t · v H
int,l
where:
−j
vH
int,l = [1, · · · , e

2πd
(N −1)·sin(θint,l )
λ

]

(2.11)

The output SIN Rout can then be written as:
SIN Rout = PN
int
l=1

|sout,s (t)|2
|sout,int,l (t)|2 +

PN

wH A2s ·

=
wH

hP 
Ni
l=1

2
k=1 An,k

vsvH
s w

(2.12)


i
2 ·I
A2int,l · v int,l · v H
+
A
w
N
n
int,l

with the assumption that the receiver array has no knowledge on the interferences and
experiences them as noise. I N is an identity matrix of size N . If the powers (A2s and
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A2int,l ) and AoA’s (θs and θint,l ) of the desired signal and interferences are known, it is
known that the solution for maximum SINR can be derived as follows [35]:
"
wmax−SIN R = βc · A2s A2n · I N +

Ni
X

#−1
A2int,l · v int,l · v H
int,l



· vs

(2.13)

l=1

where βc is a normalization constant. This max-SINR solution gives the maximum achievable SINR in theory. Fig. 2.3 shows an example of the optimized array factor of an 8element phased array in presence of a desired signal at 0◦ and two interferences at −21◦
and 38◦ . The interferences have the same power level as the desired signal in this example. For the reference array factor, we can see that the interferences are entering the
two side-lobes. With the theoretical optimum weight wmax−SIN R , two spatial nulls are
tuned to the interference directions, and the SINR is improved from 10.4 dB using the
non-optimized weights to 17.8 dB, i.e. an improvement of 7.4 dB.

2.3

Practical Degradations to Analog/RF Null-Forming Arrays

In the last section, principles of beam-steering and null-forming of a ULA are revisited,
and the closed-form solution for the optimum SINR in the presence of a spatial interference is introduced. Continuous phase shifts and amplitude controls are assumed in the
wmax−SIN R in Fig. 2.3, and knowledge of precise interference directions and power levels is assumed as well. However, due to the practical impairments, the performance of a
null-forming phased array might be degraded. Particularly, the spatial nulls in the array
pattern are sharp and sensitive in angle. For example, as can be observed from Fig. 2.3,
a minor shift of the null at −20◦ can significantly degrade the attenuation.
In this section, we will focus on several main impairments in an analog/RF phased
array, including the quantization on the weights, the inaccuracy on the weights and the
estimation error on the interference direction. We will demonstrate the sensitivity of the
null-forming due to these impairments through simulations.

Quantized weights
Discrete phase shifters and variable gain amplifiers [36, 37, 38] are typically used in practical systems4 . The first source of the impairments is the quantization error in the weights,
both for their phase shifts and amplitudes. We demonstrate the effect of quantized phase
shift and amplitude values on wmax−SIN R with different number of bits, using Fig. 2.4.
In the simulation, a ULA consisting of 8 elements is assumed and it is beam-steered to θs
= 0◦ for a desired signal. A single element has an SN R of 9 dB in case of no interference,
which means the total SN R from an 8-element array is 18 dB. An interference is assumed
with a 10 dB higher power level than the desired signal, while its AoA (θint ) is swept from
5◦ to 85◦ . For each AoA of the interference, wmax−SIN R is calculated using (2.13), and the
4

Continuous phase shifters can also be implemented [33, 39]; they will require digital-to-analog converters for the control signals from the base-band.
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corresponding SINR is plotted in Fig. 2.4 as dashed lines. The SINR with no optimization
is also calculate with ak = 1 and φk = 0◦ for each path for k = 1, · · · , N (which simply
beam-steers the pattern towards θs = 0◦ ), as shown in Fig. 2.4 as dashed-dotted lines. As
can be expected, the SINR values are significantly improved to around 18 dB except for
|θint | less then 10◦ in which case the interference is too close to the desired signal and the
main-lobe gain has to be influenced by the wmax−SIN R in order to place a null close to
the main-lobe.
However, the quantization on wmax−SIN R can degrade the SINR. Different numbers
of bits are applied to quantize the phase and amplitude of wmax−SIN R , i.e. Nbit,ps and
Nbit,amp . In the simulation, the phase shifts and amplitudes of wmax−SIN R are rounded
to the closest uniformly quantized steps, which are:
(n − 1) · 2π
,
2Nbit,ps − 1
m−1
= N
,
bit,amp
2
−1

f or n = 1, · · · , 2Nbit,ps

φqtz,n =
aqtz,m

(2.14)
f or m = 1, · · · , 2

Nbit,amp

The quantized weights are applied to (2.12) to calculate the resulting SINR. When
using 4-bit phase shifters with continuous ideal amplitudes, as shown in Fig. 2.4(a), the
SINR can drop to below 10 dB, while minimal influence on the SINR can be obtained
only when the phase quantization is at least 6-bit. In case of quantized amplitudes with
continuous phase shifts, as shown in Fig. 2.4(b), the influence on the SINR is less sensitive,
and a 3-bit amplitude quantization already gives minimal impact. With both the phase and
amplitude quantization, as shown in Fig. 2.4(c), minimal impact on the SINR is obtained
when Nbit,ps = 6 and Nbit,amp = 4, with ideal quantized steps. Similar conclusions apply
to a 16-element ULA, as shown in Fig. 2.5.

Error in the weights
On top of the quantization effect, errors can further degrade the null-forming performance
even with a high number of bits. First, the discrete steps from the quantization can be
inaccurate, which can be due to the limited accuracy of the analog/RF phase shifters
and variable gain amplifiers, especially when operating in the range of millimeter-wave
frequencies. Second, there can be path-to-path mismatches. The adjacent paths are
separated on-chip, and due to process variation, the exact phase shift and amplitude for
the same bit setting in each path can be different. Besides, the path-to-path mismatch
can also come from the antennas and its interface to the chip (if off-chip antennas are
used). Third, other causes such as temperature and supply variations can also introduce
time-varying variations.
The impact of the random errors on the SINR of the null-forming array will be simulated next. We can model the quantization inaccuracy and the path-to-path mismatch by
a random error on each quantized step and an offset error on all the settings in each path,
respectively. We define all the random errors with a Gaussian distribution which has a
mean value of zero, and respective standard deviations of:
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Figure 2.4: The SINR values versus the interference direction on an 8-element ULA using
different weights: a non-optimized weight for beam-steering only, an ideal optimized weight
vector from (2.13), and optimized weight after quantization with different number of bits
on phase shift and/or amplitude. (a) with quantized phase shift, (b) with quantized
amplitude, (c) with quantized phase shift and amplitude.
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Figure 2.5: The SINR values versus the interference direction on a 16-element ULA using
different weights: a non-optimized weight for beam-steering only, an ideal optimized weight
vector from (2.13), and optimized weight after quantization with different number of bits
on phase shift and/or amplitude. (a) with quantized phase shift, (b) with quantized
amplitude, (c) with quantized phase shift and amplitude.
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SINR when N = 8, θs = 0◦
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Figure 2.6: The SINR using wmax−SIN R optimized for different AoA of interference with
random errors, including errors on the quantized steps and offset error between paths.
The errors are generated independently 1000 times. The average value and the range are
plotted for each θint . Also plotted are the ideal SINR, reference SINR and the SINR with
ideally quantized wmax−SIN R for comparison.
Phase shift quantization steps
Amplitude quantization steps
Offset on all the phase shift steps in each path
Offset on all the amplitude steps in each path

:
:
:
:

σps,qtz =20%×(Phase shift resolution)
σamp,qtz =20%×(Amplitude resolution)
σps,of f set =4◦
σamp,of f set =5%

In order to demonstrate the sensitivity to the errors, the above assumed errors are
realistic and even relatively low. For example, the phase offset between paths can easily
exceed 4◦ without dedicated calibration, considering the process spread, on-chip coupling,
and antenna mismatch. With these four random errors included in the quantized optimum
weight wmax−SIN R , we can evaluate the SINR similar as in Fig. 2.4. The four error items
are generated independently 1000 times and applied to wmax−SIN R derived for different
directions of the interference, which has has a 10 dB higher power level than the power
of the desired signal. The average value, minimum and maximum values of the resulting
SINR are plotted in Fig. 2.6. We can observe that the average SINR’s are degraded by
about 2 dB, and in the worst cases, the SINR’s are degraded to below 10 dB.
The errors in the weights can be characterized and corrected through dedicated calibration and/or built-in-self-test hardware. However, it will inevitably increase complexity,
since it is necessary to determine the error in each setting.

Direction estimation error
Other than the quantization or random errors on the weight control, the exact direction
of the interference is difficult to obtain in practice for an analog/RF array. For digital
adaptive arrays, there are dedicated algorithms that can estimate the AoA [40]. But for
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Figure 2.7: The SINR using wmax−SIN R optimized for different AoA of interference with
random errors on the knowledge of the interference direction in calculating the wmax−SIN R .
The errors have a Gaussian distribution with a mean value of 0◦ and a standard deviation
of 2◦ are generated independently 1000 times. The average value and the range are plotted
for each θint . Also plotted are the ideal SINR, reference SINR and the SINR with ideally
quantized wmax−SIN R for comparison.
analog/RF arrays which combine the signal in the analog or RF domain and have only
0
one base-band section, there can be errors in the estimated interference direction, i.e. θint .
0
We assume θint = θint + ϑerr , where the error term ϑerr has a Gaussian distribution with
0
0
a mean value of 0◦ , and a standard deviation of 2◦ . Based on this θint , the wmax−SIN R
and its resulting SINR are then calculated. In this simulation, no quantization or random
0
errors are applied on the wmax−SIN R . Based on 1000 independent runs, the average values
and ranges of the SINR are plotted in Fig. 2.7. It can be observed that when θint is close
to θs , the degradation due to the estimation error can be significant, because the main-lobe
0
gain can be significantly influenced when θint is close to 0◦ . The average and worst-case
SINR’s tends to become closer to the upper boundary for larger θint , which is because the
reduced side-lobe levels and wider null width for larger θint .
In summary, it is shown through simulations that several practical issues can lead to
a significant degradation to the optimum null-forming, including quantization and random errors on the phase shift and amplitude, and the accuracy of interference direction
estimation. They can result in a severely degraded SINR.

2.4

Genetic Algorithm Assisted Robust Null-forming Array

To overcome the practical degradations in a null-forming array which are demonstrated in
the previous section, we propose a robust null-forming array assisted by a genetic algorithm
for a 60 GHz communication application scenario.
In [28], a genetic algorithm (GA) was first proposed in antenna arrays for efficient
interference nulling. It has several advantages. First, it doesn’t require knowledge of
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Figure 2.8: Adaptive null-forming array assisted by a Genetic Algorithm. The phase
shifters have in total Nbit,ps -bit and the VGAs have Nbit,vga -bit. The MSBs are used for
mainlobe control, while the LSBs are manipulated by a genetic algorithm to adjust the
nulls. The number of the LSBs and MSBs can be adjusted in case when nulls are close
to the desired signal. Furthermore, the array has antenna selection capability and the
optimum selection of active antennas can be jointly optimized by the genetic algorithm.

the interference directions and power levels. Second, it has a fast convergence speed and
therefore it is potentially suitable for low-latency applications, e.g. wireless HD streaming. Third, it requires only one ADC and baseband processor which are relatively power
consuming for multi-Gigabits processing. Therefore, we propose an adaptive array with
GA to mitigate spatial co-channel interference for 60 GHz applications. The robustness
against practical impairments will be verified. Furthermore, we will improve the method
to be able to null nearby interference and to include antenna selection capabilities.

2.4.1

Proposed Method

Fig. 2.8 shows the proposed array architecture. It adopts Nbit,ps -bit phase-shifters and
Nbit,vga -bit variable-gain-amplifiers (VGA). In each path, the most-significant-bits (MSBs)
of the phase-shifter (Nbit,ps,M SB ) are dedicated to control the main-lobe, while the leastsignificant-bits (LSBs) of the phase-shifters (Nbit,ps,LSB ) and the VGAs (Nbit,vga,LSB ) are
manipulated by an optimization algorithm to add perturbation in the array pattern to
adjust the nulls at interference directions. With the MSBs fixed for steering the mainlobe to the desired direction, the LSBs can be adjusted without changing the mani-lobe
significantly. The LSBs can significantly influence the directions of the nulls to suppress
the interferers.
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In case of fixed MSBs, the main-lobe direction is relatively fixed. In order to maximize
the SINR, we can reduce the power of the undesired signals, i.e. the denominator in
equation (2.12). As a result, before the desired signal reception, we can allocate a time
slot for minimizing the power of the undesired signals. The power at the output can
be measured, as shown in Fig. 2.8, and the information is fed to the algorithm core
which will gradually optimize the LSB settings to reduce the total received power. The
power detector block in the figure can re-use the received-signal-strength-indicator (RSSI)
function necessary in the standards [11, 12].
The procedure can be as follows. It starts a by beacon communication, after which
the direction of the desired signal is decided at the RX side, determining the MSBs of the
phase-shifters. This can be implemented using the beamforming protocols in the available
60 GHz standards [11]. After the beacon communication and before starting the data
communication, a dedicated time slot is allocated to apply optimization on the phase and
amplitude LSBs settings to minimize the reception of undesired signal at the output, also
denoted as the denominator in (2.12). When the algorithm converges, which means the
undesired signal power is minimized, an acknowledgement is sent to the TX side to start
the desired signal transmission and the communication starts.
Actually, we can extend the method further with other forms of signal quality detectors.
For example, instead of using a power detection as in Fig. 2.8, bit-error-rate (BER)
detection in the base-band is an alternative. In this work, we will only focus on the
solution using a power detector to demonstrate the improvement on the spatial selectivity,
keeping in mind other possibilities.
As said, regarding the optimization, a genetic algorithm is proposed for the algorithm
core due to its fast convergence speed and its search for global optimum [28, 41, 42]. Being
an evolutionary algorithm, the GA used in this work iteratively optimizes the weighting
LSBs to reduce the output interference power until the algorithm reaches a convergence
threshold on the minimum allowed interference power level. The GA used in this work
consists of typical GA operations, as shown in Fig. 2.9. One set of the LSBs from the
weights in all paths is coded as a single string of bits, which is called a chromosome in
the algorithm. The operations in the GA include random generation of a population
of chromosomes, chromosome evaluation, selection with elitism based on roulette wheel
weighting, uniform crossover and mutation [43]. In general, only better performing chromosomes will survive and will be used to generate the new chromosomes, which ensures
the tendency of evolution towards better results. The mutation operation creates the
possibility to explore the whole search space, without ending in a local-optimum. The
detailed description of all the operations are presented in Appendix B. The main goal is to
minimize the number of iterations to reach convergence. The parameters in the algorithm
are critical for the convergence speed, and need careful selection. The detailed derivation
of the parameters in the GA in this work is also presented in Appendix B. The conclusion
from Appendix B suggests that a population size of 4, with mutation rate and discard
rate of 7% and 50% respectively gives good convergence performance.
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Figure 2.9: The genetic algorithm description.

2.4.2

Adaptable MSB and LSB

Other than the proposed general method in the last paragraphs, there is room for further
improvements. The first improvement is to have adaptable MSB and LSB control.
In general, higher number of fixed MSBs is preferred for minimal impact on the mainlobe and minimal impact on the desired signal gain. However, in this case, the algorithm
will have less degree-of-freedom on optimizing the array pattern, since the adjustable phase
shift and amplitude is small. As a result, in some interference scenarios, the algorithm
cannot reach a convergence to further minimize interference power. For example, one obvious reason that the GA in some cases can’t converge is the interference AoA being close
to the mainlobe. In this case, although the main-lobe is beam-steered to the direction of
the desired signal, the SINR is low since the interference cannot be nulled. Actually, a
nearby null can be formed by shifting the mainlobe and trading-off some desired signal
gain. Therefore, instead of always using a fixed number of MSBs and LSBs, we introduce
adaptivity in the GA such that, in case of non-convergence, it will use also the last bit of
the MSBs of the phase shifter in the algorithm, denoted as the dashed line in Fig. 2.8, to
increase phase perturbation and to allow some shift on the mainlobe. In this way, a null
can be formed at AoA close to the direction of the desired signal to improve the output
SINR.

2.4.3

Antenna Selection

In 60 GHz applications, it is preferred that the front-end array can be scalable for different
wireless environments to compromise between power, distance and data rate [27]. For
example, when the communication link is line-of-sight (LOS) over a short distance, only a
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fraction of the antennas is needed to achieve a certain link budget, while the full array will
be used for larger distances and/or non-line-of-sight (NLOS) situations. When less than
the total available antennas are required, we propose to carry out the antenna selection in
the GA to increase diversity. Compared to a fixed ULA with λ/2 spacings, a linear array
with larger spacings can form more nulls in the array pattern and the beam-width of the
mainlobe can be narrower. This can actually improve the interference nulling capability.
To implement this in the GA, we extend the chromosomes with selection bits. Here, an
example is given on a ULA of a total size of eight elements (N = 8) and only four antennas
are needed (Nsel = 4). In this case, an example of a single extended chromosome with
antenna selection is shown below:
Antenna selection bits: 0 1 1 0 0 1 1 0
Weighting bits: 001 010 010 001
For the weighting bits, the four groups each with 3 bits correspond to the LSBs of
the weights in the four selected antenna paths. The position of the selected antennas
are denoted as 1 in the selection bits. When crossover and mutation are done on the
selection bits, we constrain the number of 1s to Nsel . The GA treats the selection bits
and weighting bits as one chromosome, so to jointly optimize them in order to minimize
the received undesired power.

2.4.4

The Summary of the Combined Method

As a summary of the proposed method, the adaptive null-forming array adjusts the LSBs
of the phase shifters and variable gain amplifiers to reduce the output interference power
which effectively creates nulls towards the interference directions. Further extensions
by adding adaptivity in the MSB and LSB control and antenna selection capability can
improve the null-forming performance in different situations. There are three main advantages of this method:
1. Knowledge of the directions of the interferences is not critical. It is only important
to know the direction of the desired signal to set the MSBs, and it doesn’t have to be
accurate, because of the relatively wide beamwidth of the mainlobe. After this, the
GA will evaluate and minimize the output undesired power, without the necessity of
knowing the direction of the interference. This avoids the accurate AoA estimation
as required for the closed-form derivation for the wmax−SIN R in (2.13).
2. This method is efficient in finding a close-to-optimum solution. The GA doesn’t require much computation complexity, and the convergence speed is fast, as suggested
in [44, 28]. This will also be verified in the next section by simulations.
3. The GA is robust to weight errors. The actual phase-shift and amplitude can have
errors around the quantized levels especially in the analog/RF implementation. But
the GA can automatically search for better settings to compensate the errors. As a
result, accurate calibrations are not needed in this method.
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In order to evaluate the performance of the proposed method, simulation results will
be presented in the next section.

2.5

Simulation Results

The following simulations are done on a ULA with d = λ/2 spacing between adjacent
antennas. We use Nbit,ps,M SB = 4, Nbit,ps,LSB = 2, Nbit,amp,M SB = 2, Nbit,amp,LSB = 1
considering both the implementation complexity and convergence in the algorithm. The
motivation of these numbers of bits will be explained in Section 2.6, while here we will
directly apply these values to demonstrate the performance of the proposed method. For
the desired signal, we consider only the LOS channel between the intended TX and RX,
and assume θs = 0 and A2s = −64 dBm. The noise figure (NF) of a single path (until the
combiner) is assumed to be 8 dB, so A2n = −73 dBm for 2 GHz signal bandwidth5 . The
GA core uses a small population size of 4 and a mutation rate of 0.07, which are chosen
for higher convergence speed, as discussed in Appendix B.

2.5.1

Array Pattern Simulations

First, the array patterns are simulated assuming certain interference AoAs. Three array
patterns will be compared for each case:

1. Reference array pattern. It only points the mainlobe to the broadside, i.e. the
direction of the desired signal, without any adaptivity, i.e. ak = 1 and φk = 0 for
k = 1, · · · , N .
2. Optimized array pattern using wmax−SIN R . It assumes precise knowledge of the
AoA(s) and power level(s) of the interference(s) in (2.13).
3. GA optimized array pattern. The settings are specified in the last subsection. The
GA function call ends when the undesired signal power (i.e. the denominator in
(2.12)) is below a threshold level, which is here defined to be ∆u (in dB) higher than
the noise floor. This ∆u , being the allowance for interference, is set to be 0.3 dB
here, in order to ensure a convergence meanwhile having enough suppression on the
interference.

To demonstrate the optimized array pattern, we simulate a 16-element ULA. The first
case assumes two interferences of power -60 dBm with angles of θi,1 = −10◦ and θi,2 = 26◦
respectively, indicated by the arrows in Fig. 2.10(a). The optimization uses all the 16
paths without antenna selection. For the reference array pattern, the two interferences
are entering the side-lobes, which leads to an SINR of only 8.25 dB. The pattern by the
max-SINR solution forms deep nulls at the interference directions, and gives an SINR
of 20.85 dB. The solid line which is optimized by the GA achieves a close-to-optimum
5

The noise floor A2n is calculated as A2n = −174dBm/Hz + N F + 10 log(BW ), where BW is the signal
bandwidth in Hz.
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Figure 2.10: (a) The array patterns on a 16-element ULA assuming two interferences with
AoAs of θi,1 = −10◦ and θi,2 = 26◦ (denoted as arrows in the figure); (b) The optimization
by the GA on the SINR versus iterations.
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Table 2.1: SINRs by different optimizations for small AoAs of an interference

AoA

6°
5°
4°
3°

SINR (dB)
with adapted
(Nbit, ps, MSB, Nbit, ps, LSB)

SINR (dB)
with fixed
(Nbit, ps, MSB=4, Nbit, ps, LSB=2)

max-SINR
(dB)

20.4 to 20.9

21

12.3 to 19.8

20.5

5.1 to 7.3

19.5

0.69 to 1.24

17.7

20.4 to 20.9
(4, 2)
19.1 to 20.2
(3, 3)
18.7 to 19.2
(3, 3)
11.7 to 16.6
(2, 4)

Table 2.2: The GA optimized antenna selection and the weights.
Selected Elements:
Amplitude:
Phase Shift(°):

1
1
0

3
1
11.25

4
1
5.625

6
0.875
5.625

11
0.875
-5.625

13
1
-5.625

14
1
-11.25

16
1
0

output SINR of 20.62 dB. For this specific GA run, the optimization converges at the
58-th iteration, as shown in 2.10(b). This is a small number of iteration to meet a closeto-optimum result, considering the size of the search space. The length of the chromosome
in the GA is 48 bits (3 LSBs in each of the 16 paths), which corresponds to a search space
of 248 possibilities. Furthermore, as can be observed in Fig. 2.10(b), at the 12-th iteration,
the SINR is already significantly improved to more than 18 dB.
Next, we consider a situation when the interference is within the main-lobe direction.
We assume an interference with θi = 4◦ . In this case, Nbit,ps,LSB = 2 in the GA cannot
reach the convergence threshold. Instead, Nbit,ps,LSB = 3 is necessary. The reference
array pattern gives an output SINR of only 1.02 dB. The max-SINR solution improves
the SINR to 19.46 dB and the GA converges to a near-optimum SINR of 19.09 dB within
68 iterations, as shown in Fig. 2.11. In this case, the size of the search space is 264 , since
one more LSB from each path is involved in the optimization.
Table. 2.1 shows the optimized SINRs for small interference AoAs, recorded from 100
independent simulation runs for each AoA. The GA with adaptive weight control can give
near-optimum SINR for very small interference AoAs, up to 4◦ , while the GA with fixed
weight control degrades significantly for small AoAs. For even smaller angles, e.g. 3◦ , while
outperforming the SINRs by fixed weight control in average, the SINRs by the adaptive
GA suffers from variations due to the large perturbation imposed on the mainlobe.
The performance of the GA with antenna selection is shown in Fig. 2.12. Suppose
a link budget requires only 8 receiver paths out of a 16-element ULA. We assume two
−60 dBm interferences with θi,1 = −6◦ and θi,1 = 21◦ . When adopting a ULA of size 8
with λ/2 spacing, the interferences are entering the mainlobe and sidelobe of the reference
array pattern, and the SINR is -1.76 dB. The reference pattern is not shown in the figure
for better clarity. Max-SINR solution on this ULA improves the SINR to 14.21 dB.
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Figure 2.11: (a) The array patterns on a 16-element ULA assuming one interference
entering the main-lobe with AoAs of θi,1 = 4◦ (denoted as arrow in the figure); (b) The
optimization by the GA on the SINR versus iterations.
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Figure 2.12: (a) The array patterns on a 8-element ULA and a ULA of 16 elements in
total which has the antenna selection of 8 working antennas. The interference directions
are assumed to be θi,1 = 6◦ and θi,2 = 21◦ (denoted as arrow in the figure); (b) The
optimization by the GA on the SINR versus iterations.
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The GA optimization on a 8-element ULA gives a relatively close value, 12.99 dB. The
corresponding array pattern is shown as dotted line in Fig. 2.12(a). The GA with selection
capability can give an even better performance. Denoted as solid line in Fig. 2.12(a), the
array pattern with antenna selection has a smaller main-lobe beamwidth, so a null can be
generated at small AoAs without shifting the mainlobe which is the case for the 8-element
ULA. Its SINR is 17.95 dB which is 3.74 dB higher than the theoretical max-SINR solution
on the 8-element ULA. Notice also that more nulls are generated in the pattern, which in
principle gives more degrees-of-freedom in interference nulling. The reason of the narrower
main-lobe beamwidth and the higher number of nulls is the larger average spacing between
adjacent selected antennas. The side-effect of it is the increased side-lobe levels, as shown
also in Fig. 2.12(a). However, the algorithm makes sure that the side-lobes will not be
at the interference directions. The selected antenna positions and their corresponding
weights for the optimized array pattern are listed in Tab.2.2.

2.5.2

Statistical SINR Simulations for an Indoor Scenario

In the last sub-sections, simulations are done for certain directions of interferences. The
chosen directions are some relatively worse cases (e.g. interferences coming from the sidelobe directions) to demonstrate the improvement by the proposed method. It is also
interesting to verify the improvement on the spatial selectivity by a statistical simulation
which assumes random directions of interferences.
In the following paragraphs, in order to evaluate the spatial re-use gain of the GA
assisted array, statistical simulations based on a simplified indoor environment are conducted [26]. The top view of a room of size 10 m × 10 m is assumed, as shown in Fig.
2.13. The receiver array is located at the center of the room’s sidewall, and the desired
transmitter is located on the other side of the room with a distance of 10 meters. In
addition, an interference transmitter and a reflector are randomly placed in the room. We
assume the interference transmitter has a ULA of 8 antennas, each transmitting 6 dBm on
the same frequency channel as the intended TX. The array pattern of the interference TX
has a random main-lobe direction without any null-forming. This results in two potential
interfering signals reaching the desired receiver by a direct and in-direct reflected path
via the reflector, the power levels of which depend on the path lengths. The reflection
loss is assumed to be 4 dB. Here we assume that the direct signal and the reflected signal
are uncorrelated, because the delay between two signals is typically much larger than the
symbol duration of a 2 GHz bandwidth signal.
In the statistical simulations, the interference and reflector placement and direction
the interference’s array pattern are randomly generated 104 times. The initial setting
the GA uses Nbit,ps,LSB = 2 and Nbit,amp,LSB = 1 as in the last sub-sections. In case
non-convergence, the GA increases the number of phase-shifter LSBs until a maximum
4.

of
of
of
of

For the 104 independent runs, the complementary cumulative distribution functions
(CCDF)6 of the SINR are compared, as shown in Fig. 2.14. In the figure, results on ULAs
6

The CCDF describes the probability of the SINR being higher than or equal to a certain value (in the
x-axis).
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Figure 2.13: Indoor environment simulation setup.
with 4, 8 or 16 working paths are shown. First we examine the fixed ULA of size 16 without
antenna selection. When using the reference pattern, the SINR degrades to around 10 dB
from 21 dB for 90% level indicated by the solid line, which means that for 10% of the cases
the SINR is below 10 dB. This implies a potential CCI problem: even though a phased
array is used, CCI can still degrade the SINR, e.g. by entering the side-lobes or close to
the main-lobe. The optimum by wmax−SIN R with perfect knowledge of the interferences
improved the SINR at 90% level to 18.4 dB, as shown by the solid-diamond line. For the
proposed GA assisted adaptive array, its CCDF on a ULA of size 16 is close to the ideal
max-SINR optimization, indicated by the solid-square line. The SINR is 17 dB at the
90% probability level, which means a 7 dB spatial re-use gain. The maximum SINR that
it can achieve in most cases is slightly below the highest value which is 21 dB, because of
the perturbation on the mainlobe when the interference is not severe. But this trade-off
(less than 0.5 dB) is minor compared to the performance improvement when interference
starts to have a significant impact.
Similar improvements can be observed also for the results by ULAs with 4 or 8 working paths, and the CCDF of the GA optimized array is close to the one optimized by
wmax−SIN R and improved significantly from the reference array without any optimization. Notice also that larger array size can better sustain the highest SINR and provide
a more stable SINR improvement (in other words, a more vertical curve around the high
SINR part). This is because the larger array has higher directivity and is capable of
generating more spatial nulls in the array pattern.
In Fig. 2.14, the performance improvement by adding antenna selection is also shown
by the dashed and dashed-symbolic lines. In cases where 8 antenna paths are used, the
fixed ULA with λ/2 spacings already achieved a spatial re-use gain by applying the GA
without selection. However, including the antenna selection capability in the GA gives an
even better result than the max-SINR solution, thanks to its capability to null CCI with
small AoAs and more degrees-of-freedom in nulling. This was also observed previously
in Fig. 2.12. With antenna selection, it achieves an SINR of 16.3 dB at the 90% level
compared to 5.3 dB when no adaptivity is applied, i.e. a spatial re-use gain of 11 dB,
while the fixed ULA by max-SINR has a spatial re-use gain of 7.4 dB.
Furthermore, we can demonstrate the robustness of the proposed method against prac33
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Figure 2.14: Complementary cumulative distribution functions (CCDF) of the SINR based
on an indoor setup. ULAs of 4, 8 or 16 working paths are simulated. For each array size,
the reference pattern, wmax−SIN R optimzied patterns and GA optimized patterns are
evaluated using the indoor model in Fig. 2.13 with 104 independent runs. For the 4 and
8 working paths cases, the proposed method with antenna selection is also evaluated. A
full array size of 16 is assumed and the selection of 4 or 8 is jointly optimized by the GA.
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tical impairments discussed in Section 3.3. Simulations on the 16-element ULA receiver
array are conducted while taking into account weight errors and interference estimation
errors, as shown in Fig. 2.15. The 16-element ULA results from Fig. 2.14 are plotted
again in Fig. 2.15 for comparison. Similar to the applied errors in Section 3.3, two levels
of random errors with Gaussian distribution are applied in this simulation:
• Errors on the quantized phase shift and amplitude steps with zero mean value and
standard variation of 20% of the resolution; and offset errors on the phase shifts
and amplitudes on each path with zero mean value and standard variations of 4◦
and 5% respectively.
• Errors on the quantized phase shift and amplitude steps with zero mean value and
standard variation of 40% of the resolution; and offset errors on the phase shifts
and amplitudes on each path with zero mean value and standard variations of 8◦
and 10% respectively.
With the above errors applied on wmax−SIN R , the resulting CCDFs (the dotted-square
and dotted-circle lines) get closer towards the result of the reference array, and degraded
to about 17 dB and 15 dB at the 90% CCDF level for the two error levels respectively. The
proposed method is less sensitive to the weight errors, as shown by the dashed-symbolic
lines. For either error level, the CCDF by the GA optimized array remains close to the
result from ideally quantized weights. This is because the errors are inherently taken into
account by the algorithm and close-to-optimum weights with the errors are searched to
minimize the undesired power.
Fig. 2.15 also shows the effect of estimation errors on the directions and power levels of
the interferences on the results optimized by wmax−SIN R , denoted by the dotted-triangle
line. It can be observed that it is very sensitive to the estimation error, which is in line
with the result in Fig. 2.7. We assume Gaussian distributed random errors, which have
mean value of 0 and standard variations of 2◦ and 5% respectively on the direction and
power level of the interferences. As shown by the solid-triangle line, the CCDF curve gets
close to the CCDF by the reference array pattern, and almost no spatial re-use gain is
obtained. The proposed GA assisted adaptive array doesn’t require precise knowledge on
interference, since the criteria of the optimization is only the undesired signal power at
the output.
Fig. 2.15 also shows the effect of estimation errors on the directions and power levels of
the interferences on the results optimized by wmax−SIN R , denoted by the dotted-triangle
line. It can be observed that it is very sensitive to the estimation error, which is in line
with the result in Fig. 2.7. We assume Gaussian distributed random errors, which have
mean values of 0 and standard variation of 5% on the power level of the interferences, and
standard deviations of 1◦ , 2◦ and 3◦ on the direction of the interferences. Their results
are shown as the dotted-triangle lines. As shown, an error of 1◦ of the standard deviation
already gives noticeable degradation. Interestingly, the CCDF curve almost coincide with
the CCDF by the reference array pattern when the direction estimations error has a
Gaussian distributed random error with standard deviation of 2◦ . This means that the
result from the optimization with this level of estimation error performs as bad as if no
optimization is done. Higher errors will further degrade the performance to even worse the
reference. This can be qualitatively explained by looking at the array pattern, e.g. in Fig.
35
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Figure 2.15: Complementary cumulative distribution functions (CCDF) of the SINR based
on an indoor setup, with practical impairments, including quantization and in-accuracy
in the weights and AoA estimations error of the interference.
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2.11(a). With the direction estimation error, nulls are placed to a wrong direction, and
the array factor towards the real interference direction is on the rising edge of the sharp
null. Higher standard deviation on the error means that the real interference has a higher
possibility to be farther away from the nulling region of the wrongly derived array pattern.
In worst case, the interference will fall onto the side-lobe of the array pattern. On the
other hand, the proposed GA assisted adaptive array doesn’t require precise knowledge
on interference, since the criteria of the optimization is only the undesired signal power at
the output.

2.5.3

Conclusions for Simulation Results

In summary, this section demonstrates the effectiveness of the proposed method by several simulations. First, array pattern simulations show the improvement on the SINR
and fast convergence under several severe interference scenario’s. Second, the statistical
simulation demonstrates the spatial re-use gain by the proposed method in an indoor environment. Besides, it is also shown that the proposed method is robust to the practical
impairments, including quantization and inaccuracy on the weights and estimation error
on the interference direction.

2.6

Phase Shifter and VGA Resolution Consideration

The phase shifts and amplitudes of the above sections will be implemented by phase
shifters and variable-gain-amplifiers (VGA) in practice. In the previous section on the
simulations results, 6-bit (Nbit,ps = Nbit,ps,M SB + Nbit,ps,LSB ) phase shifters and 3-bit (i.e.
Nbit,amp = Nbit,amp,M SB + Nbit,amp,LSB ) VGAs are assumed.
The number of bits is determined based on two considerations, i.e. the mainlobe
coverage and the degree-of-freedom for the GA optimization. First, the minimum number
of bits of the phase shifter should be able to steer the main-lobe with good coverage.
In equation (2.4), a continuous phase shifter can beam-steer the main-lobe of the array
factor to any wanted direction. However, if only discrete phase shifts are available,the
beam-steering angles are also in discrete steps [45]. In order to have reasonable main-lobe
coverage for the desired signal, there is a minimum requirement on the number of phase
shifter bits. There are 2Nbit,ps steps that an array with Nbit,ps phase shifters can steer to,
which are achieved by setting a phase shift difference between adjacent antenna paths to
±k · N2π
, for k = 0, · · · , 2Nbit,ps − 1. For example, as shown in Fig. 2.16(a), the main2 bit,ps
lobes of an array of 8 paths with 3-bit phase shifters are denoted in solid lines. We can
notice that due to the limited steerable directions, at certain directions the array will lose
some array gain, e.g. the array factor is reduced by about 4 dB at 7◦ , 14.2◦ , etc. A 4-bit
phase shifter is necessary to have good main-lobe coverage, in which case, the main-lobes
in dashed lines can also be obtained. Similarly, for an array of 16 antennas, 5-bit phase
shifters are necessary for the main-lobe coverage, as shown in Fig. 2.16(b). In the next
chapter, phase shifters targetting this resolution will be investigated and implemented.
While a minimum number of MSBs can be decided for the main-lobe consideration, ex37
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Figure 2.16: The main-lobe coverage for different number of bits on the phase shifters in
a ULA of 8 or 16 paths: (a) 8-path ULA. The main-lobes in solid lines are obtained using
only a 3-bit phase shifter; 4-bit phase shifters can additionally achieve the main-lobes in
dashed lines; (b) 16-path ULA. The main-lobes in solid lines are obtained using only 4-bit
phase shifter; 5-bit phase shifters can additionally achieve the main-lobes in dashed lines.
Only θ with a range from 0◦ to 90◦ is plotted, while the range from −90◦ to 0◦ is simply
symmetric.

tra LSBs are needed for the optimization of the weights to tune the nulls for the algorithm.
The number of LSB should be able to provide enough degree-of-freedom for tuning the
nulls. Here, we can consider a relatively difficult interference scenario, and simulate the
convergence of the GA optimized array with different number of LSBs. Two interferences
are assumed to be in the side-lobes of the reference pattern of an 8-path ULA (i.e. -21◦
and 38◦ ) and a 16-path ULA (i.e. -10◦ and 26◦ ), while the main-lobe is fixed towards 0◦ .
Both interferences are with a power of -60 dBm. The rest of the assumptions are the same
as the simulation in Fig. 2.10.
In Tab. 2.3, 8 sets of MSB and LSB combinations are tested for both 8-path and 16path ULAs with the above mentioned interferences by 103 independent runs. The average
number of iterations to meet convergence and the resulting SINR ranges are listed. If
the phase shifter only has 4 MSBs for the main-lobe control and 1 LSB for optimization,
the algorithm cannot find a set of weights that can reach convergence. While the 3rd set
using 1 MSB and 2 LSBs for the VGA can reach convergence, the number of iterations,
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Table 2.3: The convergence of the algorithm and optimized SINR range by different number of LSBs. The interferences are assumed with power of -60 dBm and with AoAs of -10◦
and 26◦ for the 8-path ULA and -21◦ and 38◦ for the 8-path ULA.
Phase Shifter

Set #

VGA

8-path ULA

MSB LSB MSB LSB

16-path ULA

Average
# of iterations

SINR
Range (dB)

Average
# of iterations

SINR
Range (dB)

1

4

1

1

1

>1000

16.7

>1000

17.3 to 18.2

2

4

1

2

1

>1000

7.9

>1000

15.1 to 15.3

3

4

1

1

2

207

16.8 to 17.7

420

20.3 to 20.8

4

4

2

1

1

205

17.4 to 17.7

105

20.3 to 20.8

5

4

2

2

1

>1000

10.1

>1000

19.4 to 19.7

6

4

2

1

2

30

17.4 to 17.8

47

20.3 to 20.8

7

4

3

1

1

140

17.2 to 17.7

48

20.3 to 20.8

8

4

3

1

2

26

17.4 to 17.8

34

20.3 to 20.8

however, is relatively high. Similar results are obtained for 4th set. The 5th set is similar
to the 2nd set, in the sense that the 2 MSB and 1 LSB VGA are not giving enough degreeof-freedom to tune the spatial nulls to reach convergence. From the 6th set, convergence
speed is improved and good SINR results are obtained. Interestingly, further increasing
the number of LSBs in the phase shifters can improve the convergence speed, even though
the search space is larger.
Overall, the 6th set of the number of bits from the phase shifter and VGA provides good
convergence performance, with less hardware complexity than set 7 or 8. The bottleneck is
more on the 6-bit phase shifter rather than the 3-bit VGA, since the discrete phase shifters
at mm-wave frequencies found in literatures are not more than 5-bit [45, 46]. Notice that
the algorithm doesn’t require accurate 6-bit phase shifts, as it has been demonstrated in
Fig. 2.15. Instead, it is more important to have interpolated finer phase shift steps for
the algorithm to globally tune the setting to minimize the undesired received power.
Actually, with these considerations, IQ-modulated phase shifters can also be an interesting candidate for the weight control [39, 47, 48]. The IQ-modulated phase shifter combines two quadrature signals by different amplitudes to achieve certain phase/amplitude.
The difference of the weights achieved by the IQ-modulated phase shifter and traditional
phase shifter is shown by the constellation plot in Fig. 2.17. Only the first quadrant is
plotted for simplicity. In Fig. 2.17, circular points are the constellation points of a 6-bit
phase shifter in combination with a 3-bit VGA, while the dotted points are by the IQ
modulation with 3-bit amplitude levels (i.e. 7 non-zero levels) for both I and Q. We can
say that they are evenly distributed in a Polar coordinate and a Cartesian coordinate.
Referring back to the proposed method in this chapter, the adjustment on the LSBs by
the algorithm is equivalently searching around a MSB weight. For example, if (1,0) is the
MSB setting, the algorithm will search around the dashed box and the solid box for the
39
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Figure 2.17: The constellation points in the first quadrant achieved by a phase shifter
with a VGA (circles) and I/Q modulation (dots) respectively. If (1, 0) is the MSB setting
for the weight on one of the antenna paths, what the GA optimization does is tune this
setting within the boxes for the two types of weight controls.
Table 2.4: The convergence of the algorithm and optimized SINR range by sets of constellations points from Fig. 2.17. The simulation setup is the same as in Tab. 2.3.

8-path ULA

16-path ULA

Average
# of iterations

SINR
Range (dB)

Average
# of iterations

SINR
Range (dB)

6-bit Phase shifter + 3-bit VGA

30

17.4 to 17.8

47

20.3 to 20.8

3-bit I/Q Modulation

47

17.3 to 17.8
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Polar and Cartesian implementations respectively. They have a comparable tuning range,
while the Cartesian implementation has slightly less points. If we test them similarly as
the simulation for Tab. 2.3, we can find that they have comparable performance in terms
of convergence and SINR for these two sets of constellation points (Tab. 2.4).

2.7

Summary and Conclusions

In this chapter, an adaptive array with genetic algorithm (GA) is presented for spatial
co-channel interference mitigation to facilitate the co-existence for future 60 GHz applications. In practice, the null-forming of an analog/RF phased array can be degraded
by practical impairments in the phase shift or amplitude control, or in the directions of
interferences. To achieve robust null-forming, an adaptive array assisted by a fast GA
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optimization is proposed, which can efficiently find the proper weights to decrease the
received undesired power, so increasing the SINR. It is demonstrated through simulations
that this method can improve the SINR in different interference situations including interferences relatively close in angle-of-arrival to the desired signal. Furthermore, the array is
capable of adjusting the number of working antenna paths and finding the near-optimum
selection and weigthings. The spatial selectivity is further improved compared to the fixed
ULA of the same size. It is also shown that the method is robust to weight errors. We
expect it can be a useful method for future standards to exploit the spatial selectivity as
an extra resource, which can help co-existence and increase the total network throughput
efficiently.
The proposed method in this chapter requires a high resolution phase shifter. This is
necessary to have a good main-lobe coverage for a ULA of 8 or 16 elements, meanwhile
providing extra degrees-of-freedom so that the null-forming array is able to tune the array
pattern to place nulls to certain directions. It is shown that it is desired to have 6-bit phase
shift resolution or comparable I/Q modulated tunable constellation points. In the next
chapter, phase shifters in CMOS technology will be investigated and designed to satisfy
the requirement for the analog/RF null-forming arrays.
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Chapter 3

High Resolution Phase Shifters for
Null-Forming Phased Arrays
3.1

Introduction

In the previous chapter, a robust method to adaptively generate spatial nulls in a 60 GHz
phased array is described. In order to form nulls for different situations and with fast
convergence, a high resolution phase shifter is required for the tuning. At the end of the
last chapter, it is claimed that a 3-bit variable gain amplifier VGA in combination with a
6-bit phase shifter is desired, i.e. a phase tuning step of about 5.6◦ . An I/Q modulated
phse shift with 3-bit on both I and Q levels is also capable of providing the required
performance. In this chapter, two high resolution phase shifters are designed that can be
used in the adaptive null-forming array introduced in Chapter 2.
Recent state-of-the-art silicon-based phase shifter designs at millimeter-wave (mmwave) frequency ranges are reviewed in section 3.2. In section 3.3, the sliding-IF architecture used in this chapter is described and possible phase shifting implementations are
discussed. In sections 3.4 and 3.5, two high resolution phase shifter designs are presented
with measurement results. The performance of these two phase shifters is summarized in
section 3.6, with a discussion on a comparison and benchmarking to the reported phase
shifters in literature. Finally, conclusions are presented in section 3.7.

3.2

State-of-the-Art

In recent publications, many phased array systems are demonstrated at mm-wave frequencies [39, 33, 36, 49]. Most of the phased array systems mainly make use of the phased
array to coherently combine the desired signal towards or from a certain direction. This
is necessary to compensate for the high path loss and satisfy the link budget at mm-wave
frequencies. For a phased array of small or medium size (e.g. 4 or 8 elements, in [49]
and [36]), the main lobe of the antenna pattern is relatively wide, in which case a 4-bit
resolution is typically sufficient for main lobe coverage. This has been also demonstrated
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Figure 3.1: The different phase shifter implementations, including RFPS, LOPS, BBPS
and digital PS. For simplicity, a receiver phased array front end with single stage mixing
is shown.

in Fig. 2.16(a).
The implementation of phase shifters can be at various locations in a front end. Typical
locations for phase shifters are in the RF path (RFPS), in the LO path (LOPS), in the
baseband (BBPS) or during digital processing (Digital PS), as demonstrated in Figure
3.1.
While a digital PS has the most flexibility and is commonly used at lower frequencies
and/or for professional applications, it requires N (which is the number of antennas)
analog-to-digital converters (ADCs). For the applications in the mm-wave frequency range,
the targeted bandwidth is in the GHz range (e.g. 2-9 GHz of bandwidth in the IEEE
802.11.ad 60GHz WLAN standard [12]), which requires a power hungry ADC. Multiple
power hungry ADC’s will lead to an exceedingly large power consumption for the digital
PS architecture.
The RFPS shown in Figure 3.1 is adopted in [33, 48]. It can reduce the number of
mixers compared to the other architectures, with a potential reduction of the power consumption and hardware complexity. However, the RFPS and combiners at RF frequency
can directly degrade the signal, in terms of gain, noise figure (NF) or linearity. The passive
reflection-type RFPS in [39] introduces a loss of 4 dB to 7.5 dB after the LNA, which can
degrade the total gain and NF. Extra active combiners are used to compensate the loss
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from the RFPS and combiner networks. The 4-bit active RFPS in [36] consumes about
27 mW of power.
The LOPS architecture is an alternative, such as in [39, 46]. On the one hand, the
phase shifter implementation of a LOPS is decoupled from the signal path and will not
directly influence the signal path quality, such as gain, NF and linearity. This relaxes the
design of the LOPS. On the other hand, however, the high frequency distribution network
for the LO signal to each mixer will increase the complexity, which also holds for the BBPS
as shown in Fig. 3.1.
The BBPS is also an interesting option, which works at much a lower frequency than
RFPS and LOPS. As a result, in principle, the BBPS has the potential of high resolution
and low power. The receiver baseband section with beamforming functionality in [37]
demonstrates a phase shift resolution of 6.8◦ .
A summary on the phase shifters in literatures can be found in Table. 3.1.
In this chapter, the main target of the phase shifter design is to achieve a high resolution
(6-bit) according to the work in chapter 2. From the discussion on different phase shifter
implementations in Fig. 3.1, the LOPS and BBPS are two interesting candidates. The
LOPS is decoupled from the signal path and can have less impact on the signal quality
while achieving a high resolution. Besides, as will be shown in the next sections, a slidingIF front-end architecture will be used, in which case an LOPS architecture making use of
the frequency division can be designed without adding much extra hardware to the front
end. For the BBPS it is in general easier to achieve a high resolution due to the much lower
operating frequency. In addition, the power consumption is expected to be relatively low.
So in this chapter, we will focus on these two options, and two solutions are implemented
separately for comparison, i.e. LOPS and BBPS.
Before presenting the phase shifter designs, the sliding-IF receiver front end in which
they will be used is described in the following section.

3.3

A 60 GHz Sliding-IF Front-End Architecture

Fig. 3.2 shows the single-path 60 GHz sliding-IF receiver front end. The signal path
consists of an LNA and two mixing stages. The RF and IF mixers are driven by a 48 GHz
LO (fLO ) and its divided-by-4 version at 12 GHz respectively, as shown in the LO path.
This architecture requires a reduced LO frequency, i.e. 48 GHz instead of 60 GHz for a
direct conversion architecture. At the same time, from the frequency divider-by-4, nearperfect quadrature signals can be obtained, because both I and Q outputs are triggered
by the rising edge of the divider input. A similar sliding-IF architecture with 40 GHz LO
signal and frequency divider-by-2 can further reduce the required LO frequency, but the
I/Q balance can be degraded, e.g. due to a non-50% duty cycle LO signal. As a result,
the architecture shown in Fig. 3.2 is chosen.
In order to extend the sliding-IF receiver architecture into a phased array configuration,
phase shifters and combiners need to be implemented at certain location, as discussed in
the last section in Fig. 3.1. In the sliding-IF architecture, since there are two mixing
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Figure 3.2: The 60 GHz sliding-IF receiver front-end architecture.
stages, an alternative of doing phase shift is at the intermediate frequency (IF), i.e. at 12
GHz in this case. It can operate at a lower frequency than the RFPS. However, the LOPS
and BBPS are chosen here in order to take advantage of (1) the frequency divider-by-4
operation and (2) the I/Q signals at the baseband. The details and advantages of the
two chosen topologies will be explained in the following sections. In the next section, two
separate phase shifter designs will be presented, i.e. a LOPS and a BBPS.

3.4
3.4.1

LO-Path Phase Shifter
Architecture

For a LOPS, variable phase shifts in the LO signal will be applied to the signal after the
mixing operation. Assume an input signal at the input of a mixer as As cos(2πfs t + φs ),
and an LO at the other input of the mixer as cos(2πfLO t + φLO + ∆φLOP S ), where fs
and fLO are the signal and LO frequencies, φs and φLO are their phases, and ∆φLOP S is
the tunable phase shift in the LO signal. After the mixing operation, the output can be
derived as:
Gmixer As cos(2πfs t + φs ) cos(2πfLO t + φLO + ∆φLOP S )
where Gmixer is the gain of the mixer. Ignoring the the other frequency components by
proper filtering, the down-converted output can be simplified as:
Gmixer As cos [2π(fs − fLO )t + φs − φLO − ∆φLOP S ]
This implies that the phase shifts in the LO-path can be transferred to the output
signal. As previously discussed, the LOPS has the advantage of being decoupled from the
signal path, and it has less requirements on the noise and linearity. However, it is still
working at a relatively high frequency. In the following paragraphs, a LOPS in a sliding-IF
receiver front end is proposed, targeting for high resolution.
In the sliding-IF architecture shown in Fig. 3.2, the LO path uses a frequency dividerby-4 to generate the 12 GHz signal for the IF mixer. It is interesting to notice that
from a frequency divider-by-4 (FD4), a 3-bit phase shift is already available. A typical
conventional static frequency divider-by-2 (FD2) consists of two latches (as shown in the
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Figure 3.3: The 60 GHz LO-path phase shifter architecture in the sliding-IF receiver front
end.
next section 3.4.2), and the phases of the outputs of the two latches are 90◦ out-of-phase
at the divided frequency, i.e. at 24 GHz. Passing either signal to the next FD2, a 45◦
phase difference can be distinguished at 12 GHz. In a differential topology, a 180◦ phase
shift can be achieved simply by inverting the differential connections.
The already available 3-bit phase shift from the FD4 can be used for a LOPS design,
to reduce the extra hardware and power consumption. Extra multiplexers are required to
select either output from the static FD2’s, but they also act as buffers between dividers
and before the IF mixer, which are necessary anyway.
In order to achieve a 6-bit phase resolution, the three least significant bits are still
missing. Notice that in order to evenly distribute the centrally generated 48 GHz LO
signal to each front-end path, a tree-like distribution network is typically used. Actually
we can use part of the distribution transmission line, and by making it tunable, such as
in [50, 51], fine phase tuning steps can be achieved.
From the discussion above, the proposed LO phase shifter is shown in the dashed
box in Fig. 3.3, consisting of a 48 GHz tunable transmission line (Tline), two frequency
dividers-by-two (FD2) and two phase selection amplifiers (PSA). The first PSA selects
either the I or Q output at 12 fLO from the first FD2, which corresponds to 0◦ or 45◦ at
1
4 fLO after the second FD2. Besides selection, the second PSA is also capable of inverting
the phase. The two FD2’s in combination with the two PSA’s achieve a 45◦ phase shift
resolution (3-bit).
The finer phase shift steps are adjusted by the tunable Tline. Thanks to the FD2’s
and PSA’s, a reduced phase tuning range is required for the Tline, so it requires a smaller
area. Assume that the Tline’s tuning range is 4φ, then the 12 GHz output of the second
◦
PSA can be phase shifted by 4φ
4 + N · 45 , where N = 0, · · · , 7. The total phase shift from
the RF and IF mixers incurs to the baseband output is 45 · 4φ + N · 45◦ , which needs to
cover 360◦ , so we can derive that the required tuning range for the tunable Tline is only
4φ = 36◦ . The tunable Tline does not significantly add to the total silicon area because it
can be part of the LO distribution network, which is necessary to distribute the centrally
generated LO signal to the mixers in each path of a phased array front end. Furthermore,
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Figure 3.4: (a). Schematic of the tunable transmission line. (b). Model of the tunable
transmission line.
in a phase array context, the local frequency divider before each IF mixer can help to avoid
distributing the 12 GHz I/Q signals. Only a 48 GHz distributing network is necessary for
this phase shifting architecture.

3.4.2

Circuit Description

In this section, the design details of the circuits in Fig. 3.3 are described.

(a) Tunable Transmission Line
The principle of the tunable transmission line for fine phase steps can be explained by Fig.
3.4(a). In the schematic, a single-ended Tline is periodically loaded by a shunt capacitor in
series with a switch. By controlling the number of switches that are tuned on, the effective
propagation speed of the Tline is changed. As a result, with a fixed physical length, the
phase shift across the Tline can be tuned.
Trade-offs exist in the design of this tunable Tline, between length, phase tuning range
and impedance mismatch. This can be better illustrated by analysing a simplified lumped
model shown in Fig. 3.4(b). The total physical length of the Tline is assumed to be ltot ,
and Nsec sections are equally divided and loaded with a switched capacitor (CSW ). In our
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case, as aforementioned, a phase tuning range (4φ) of at least 36◦ with 3-bit is required
from this tunable Tline, which means Nsec > 8. A small section of ideal Tline can be
simplified by a lumped LC model with good accuracy, as shown in Fig. 3.4(b). The phase
tuning range of this Tline is the phase shift difference between the all-on state and the
all-off state. When all switches are off, the phase shift at the interest frequency f0 is:

where :

φOF F = βOF F · ltot
r
Lsec Csec
βOF F = 2πf0 ·
·
lsec lsec
p
Nsec
= 2πf0 · Lsec · Csec ·
ltot

(3.1)

For the all-on state, the total shunt capacitance at each section becomes Csec + CSW =
Csec · Ratio, where we assume an on-off capacitance ratio of Ratio. Similarly as (3.1), the
total phase shift when all switches are on is:
φON = βON · ltot
where :

βON = 2πf0 ·

(3.2)

p
Nsec √
· Ratio
Lsec · Csec ·
ltot

Subtracting (3.1) from (3.2) will give the phase tuning range:
4φ = φON − φOF F
p
√
= 2πf0 · Lsec · Csec · Nsec · ( Ratio − 1)

(3.3)

Increasing Ratio can lead to a larger tuning range. However, it will also increase the
impedance variation between the all-on and all-off states. The characteristic impedances
of the Tline during all-on and all-off states are:
r
Lsec
Z0,OF F =
(3.4)
Csec
r
Lsec
Z0,ON =
(3.5)
Csec · Ratio
A larger Ratio will reduce Z0,OF F , and can cause impedance mismatch. The Tline
can be designed in such a way that it satisfies Z0 = 21 (Z0,ON + Z0,OF F ), where Z0 = 50 Ω
is the single-ended system impedance. This gives less input reflection variation over the
tuning range. From (3.4) and (3.5), it follows:
r
1
1 Lsec
· (1 + √
Z0 =
)
(3.6)
2 Csec
Ratio
Another boundary is set by the unloaded Tline when all switches are turned off. For an
unloaded Tline, the propagation speed and wavelength are typically constant and determined mainly by the effective dielectric constrant εef f,OF F . For a conventional co-planar
waveguide on-chip Tline, the value of εef f,OF F is typically between dielectric constant of
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the on-chip dielectric (≈ 4.2) and the dielectric constant of the silicon substrate (≈ 11.9).
It can have a much larger value (> 11.9) if slow-wave technique is adopted in the Tline
2π
[52]. The wavelength of the unloaded Tline is λOF F = βOF
. The εef f,OF F can be derived
F
as:
√
c0 · Lsec Csec
λ0
√
=
(3.7)
εef f,OF F =
λOF F
lsec
where c0 is the speed of light, and λ0 is the wavelength at f0 in air. From (3.3) and (3.7),
we have:

4φ = 2π ·

√
ltot √
· εef f,OF F · ( Ratio − 1)
λ0

(3.8)

From (3.8), we can observe the relation-ship between the phase tuning range (4φ),
physical length (ltot ) and the on-off capacitance ratio (Ratio). In general, the tuning range
can be increased by a longer Tline and/or higher Ratio. If area is not a problem, to have
the same 4φ, larger ltot with lower Ratio can have a more stable Tline impedance for
different tuning status, as derived in (3.4), (3.5) and (3.6). On the other hand, the area
can be reduced by using a higher Ratio, or larger CSW . However, Ratio shouldn’t be too
large, otherwise impedance variation can be too large and cause amplitude variation.
Another interesting observation from (3.8) is that a higher εef f,OF F can also reduce
the length while achieving the same phase tuning range and using the same Ratio. So
a slow-wave structure in the unloaded Tline is preferred, which will be described in the
following paragraphs.
The more detailed schematic of the tunable Tline is demonstrated in Fig. 3.5. The
Tline is implemented with a differential structure, as shown in the dashed box. In this
design, twelve sections with a total tuning range of 46◦ are designed, i.e. Nsec = 10
and 4φ = 46◦ , in order to intentionally leave some design margin in case of inaccuracies
from EM simulations and/or process spread. In order to reduce the line length while
maintaining the same tuning range, a slow-wave structure and a large Ratio ratio are
used. However, this leads to a larger impedance change upon switching. The matching
network between the TLine and the divider cannot be optimal for all line impedances in
the various switching states. To achieve low reflection variation, an LC matching network
is designed to have Zi div matched to an intermediate value of Zo line , calculated as the
average between the impedance values when Non,sw = 0 and Non,sw = 12.
At the input to the FD2, differential lines with weak capacitive coupling to the LO
lines are inserted for measuring the relative phase shift tuning achieved by the Tline. By
overlapping the LO and testing lines in two adjacent metal layers, a coupling factor of
about -25 dB is achieved without much influence on the LO signal. This capacitively
coupled differential line is terminated by 100 Ω on one side, and goes to a differential
output pad through a 100 Ω Tline on the other side, as shown in Fig. 3.5.
The layout of the designed tunable Tline is shown in Fig. 3.6. As shown in Fig.
3.6(a), the co-planar waveguide (CPW) tunable Tline has a ground-signal-signal-ground
(GSSG) configuration with a total length of 250 µm. It has grounded stripes in metal
1 which provides the slow-wave effect and increases the effective dielectric constant. In
each section, the Tline is loaded with two interdigital capacitors and a switch, which are
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Figure 3.5: The tunable transmission line loaded with switched capacitors, the interstage
matching and the weak capacitive coupled output line for relative phase measurement.
shown in Fig. 3.6 (c) and (d) respectively. The multi-layer interdigital capacitor in the
used technology (40 nm CMOS) can provide high capacitance density, thanks to the fine
finger width and spacing (0.063 µm). The maximum capacitance density is 2.8 f F/µm2 if
metal 1 to metal 5 are used. In our design, metal 2 to metal 5 are used (with a capacitance
density of 2.2 f F/µm2 ) to reduce the parasitic capacitance to the substrate.

(b) Frequency Dividers
The static FD2’s are implemented by cascading two current-mode-logic latches (L1 and
L2) with an inverted feedback from the output of L2 to the input of L1, as shown in
Fig. 3.7(a). Fig. 3.7(b) shows the schematic of the latch with inductive peaking at the
load for higher working frequency. The second FD2, however, works at lower frequency,
and the peaking inductor can be excluded in order to save area and avoid unnecessary
magnetic coupling which may cause I/Q imbalance. For the same reasons, the inductor
is desired to have a small area. The peaking inductor in the first FD2 is designed as
a two-layer-stacked inductor with two turns in each layer. Effectively, it is a four-turn
inductor. The two stacked layers are not overlapping directly, in order to reduce the
parasitic capacitance. Meanwhile, due to the skin-effect, the current crowded along the
edges is still strongly coupled between turns, so the self inductance is not reduced too
much. As a result, the custom four-turn inductor can achieve a higher inductance value
at the output frequency with a more compact layout. The layout of the custom inductor
is shown in Fig. 3.8, with a width of about 69 µm. In addition, the tail current source is
excluded in the latches in Fig. 3.7(b) due to the limited voltage headroom.

(c) Phase Selection Amplifiers
As shown in Fig. 3.9, the PSAs are implemented by two cascode amplifiers in parallel
with the I and Q signals from the divider as the inputs, and the cascode transistors as
switches to pass either current to the output load. The cross-connected pairs M2/M3 and
M6/M7 are for phase inverting in the second PSA controlled by s2 and s4 respectively.
51

CHAPTER 3. HIGH RESOLUTION PHASE SHIFTERS

(a)

Csw1
(b)

SW

Csw2

+

-

+

-

+

Metal 5

-

+

-

+

-

Metal 4

+

-

+

-

+

Metal 3

-

+

-

+

-

Metal 2

(c)
Metal 5
Metal 4
Metal 3
Metal 2

Control

(d)

Csw2

Csw1

Figure 3.6: Design details of the tunable transmission line. (a) The tunable TLine is
in ground-signal-signal-ground (GSSG) co-planar-waveguide (CPW) configuration, with
slow-wave technique, and it consists of 12 sections. (b) In each section, the Tline is loaded
with shunt capacitors (CSW 1 and CSW 2 ) and a switch (SW). (c) The 3-D view and crosssection view of the multi-layer interdigital capacitor used as CSW 1 and CSW 2 . (d) The
schematic of the switch.
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Figure 3.7: (a). Block diagram of the static frequency dividers-by-2 (FD2’s), consisting
of two current-mode-logic latches (L1 and L2); (b). Schematic of the latch with inductive
peaking.

These phase-inverting transistors are not required in the first PSA. Besides the selection
function, the PSA’s have simulated voltage gains of 6.9 dB and 8.0 dB around 24 GHz
and 12 GHz respectively. So they also act as buffer stages between the dividers and the
IF mixer.

3.4.3

Measurement Results

The proposed phase shifter is designed and fabricated in 40-nm low-power CMOS technology from GLOBALFOUNDRIES. This process has a standard baseline back-end, with 6
copper metal layers and 1 aluminum top metal. EM simulations in ADS Momentum [53]
and modeling are done on the passive components to capture the high frequency performance. The chip photo is shown in Fig. 3.10, with an active area of 550 µm× 260 µm.
The length of the tunable Tline is about 250 µm. Excluding the output buffer, the chip
consumes 16.9 mW from a power supply of 1.2 V. Each of the FD2 consumes only 3.8
mW, which is considerably lower than other static dividers in the similar frequency range
[54] [55].
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Figure 3.8: The peaking inductor used in the first FD2 (Fig. 3.7(b)). It is a stacked
inductor in the two top metal layers, and with two turns in each layer. Grounded metal
stripes in metal 1 are used underneath for shielding from the lossy substrate.
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Figure 3.9: The second phase selection amplifier (PSA), with phase inverting capability.
For the first PSA, transistors M2, M3, M6 and M7 are excluded.

(a) Standalone Passive Structures
In order to verify the performance of the critical passive structures characterized by
EM simulations, some standalone structures are independently taped-out and measured.
Shown in Fig. 3.11 are the differential inductor from Fig. 3.8 and the tunable Tline from
Fig. 3.6. The RF differential pad and tapering are first characterized by open-short-load
configurations (not shown in the figure) and de-embedded from the measured results of
Fig. 3.11. So the reference plane is moved to the input and output of the test structures,
as shown in the figure.
54

3.4. LO-PATH PHASE SHIFTER

Figure 3.10: Chip micrograph.

Reference
plane

Reference
plane

Figure 3.11: Passive structures for testing. Left: differential inductor in Figure 3.8. Right:
tunabe Tline in Fig. 3.6.

As shown in Fig. 3.12, the measurement results of the inductance and quality factor
fit to the simulation results quite well. Especially the self-inductance (low frequency
inductance) and the resonance frequency are very accurate. There is some minor deviation
between the measured and simulated quality factor (10 versus 8).
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Quality Factor

Inductance (H)

Frequency (GHz)
Figure 3.12: The measured and simulated inductance and quality factor of the custom
inductor shown in Fig. 3.8. Smooth curves are simulated results, and curves with ripples
are measured results.
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Figure 3.13: Measurement and simulation results of the tunable Tline, including the characteristic impedance (Z0 ), line loss per millimeter and phase shift across the line (φ(S21 )).
Plots on the left column are results when all switches are off, while on right column are
for the all-on state.
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Figure 3.14: The measurement results and the fitted simulation results of the tunable
Tline. The fitted simulation results here are obtained by scaling up the CSW by a factor
of 1.2.
The measured results of the tunable Tline are shown in Fig. 3.13. Shown in the plots
are the Tline’s characteristic impedance (Z0 ), line loss per millimeter and phase shift
across the line (φ(S21 )), which are extracted from the S-parameters [56]. For the all-off
state, measurement results fit well to the simulation results. However, for the all-on state,
measurement shows a lower line impedance and a larger phase shift (|φ(S21 )|). This is
mainly due to the lower accuracy in simulating the interdigital capacitors. By comparing
the EM simulation to the model provided by the foundry 1 on the same capacitor, it can
be found that the capacitance value simulated by ADS Momentum is lower by about a
factor of 1.2, even at low frequencies. The source of the inaccuracy can be due to the fine
width and spacing (0.063 µm) of the fingers in the interdigital capacitors. In practice, the
exact shape of the fingers tends to be rounded on the edges and the exact diameter might
vary, which is not captured accurately by the planar shapes models (2.5D) in Momentum.
Besides, a protective layer is typically adopted around the fingers, which has a thickness
comparable to the finger width and spacing in this case, and this might give rise to the
actual capacitance value. If we take this into account in the simulation, by scaling up the
CSW value by 1.2 times, the results fit better to the measurement, as shown in Fig. 3.14.
1

The model from the foundry only supports limited size of interdigital capacitors and until a maximum
model frequency of 30 GHz. The capacitor used in this work is less than the minimum supported dimension
and works around 48 GHz. As a result, the design of the capacitors in the tunable Tline is based on EM
simulation rather than the model while taking into account of the in-accuracy.
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Figure 3.15: Measured output spectrum for a 48 GHz input.
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Figure 3.16: Measured phase noise of 48 GHz input (upper curve) and the divided 12 GHz
output (lower curve).
(b) Frequency Division
With a -3 dBm input at 48 GHz, the measured power level of the divided 12 GHz output
is about 2.5 dBm, as shown in the output spectrum in Fig. 3.15. Taking the loss due to
the output buffer and output transmission line (about 2 dB in total in simulation) into
consideration, the second PSA can deliver about 4.5 dBm for the IF mixers in the receiver
front end. The phase noise of the divided output signal is -113.6 dBc/Hz at 1 MHz offset
as shown in Fig. 3.16, while the 48 GHz input signal has a phase noise of -101.8 dBc/Hz.
The input reflection coefficients (S11 ) for different phase shift settings, i.e. different Non,sw
value, is shown in Fig. 3.17.
S11 is kept below -6.5 dB for all cases between 44 GHz and 54 GHz. Fig. 3.18
shows the sensitivity curve for proper frequency division measured on multiple samples.
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Figure 3.17: Measured S11 versus the tunable Tline’s control.
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Figure 3.18: Measured input sensitivity for the frequency division.
The divider-by-4 is not designed with self resonance around the center frequency as most
static frequency dividers do, which is due to the minimized current in the latches for low
power consumption. However, the minimum required power level of less than -2 dBm for
input frequencies from 44 GHz to 54 GHz is not an issue for normal LO generation with
buffer stages.

(c) Phase Shift
The phase shift steps achieved by the tunable Tline for different Non,sw are shown in Fig.
3.19. The plotted phase shifts are referred to the phase response when Non,sw = 0. The
phase shift by the tunable Tline results in a tuning range of 44.3◦ to 59.5◦ for frequencies
between 44 GHz and 54 GHz, with a maximum and average phase shift step of 5.4◦ and
3.5◦ respectively. This corresponds to about 6-bit phase shift resolution. The total phase
constellation points are plotted in Fig. 3.20, including the 45◦ phase steps tuned by the
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Figure 3.19: Measured tunable Tline’s phase shifts, relative to the phase response when
all switches are tuned on.
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Figure 3.20: The phase shift constellation points at 48 GHz, including tunable Tline’s
phase shift and N × 45◦ phase shift steps by the PSA’s.

PSA’s which are denoted as solid dots. The denser points around the solid dots are due
to the more than 36◦ phase shift range of the tunable Tline.
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Figure 3.21: (a). The 60 GHz sliding-IF receiver front-end architecture and the baseband
I/Q modulated phase shifter. (b). I/Q modulated phase shifting.

3.5
3.5.1

Baseband Phase Shifter
Architecture

In Fig. 3.2, from the I/Q IF mixers, there are quadrature signals available, which can be
used to generate different phase shifts by I/Q modulation. In this way, we can have a BBPS
working at much lower frequency, to achieve high resolution and low power consumption.
The proposed baseband phase shifter is shown in Fig. 3.21(a). The proposed baseband
phase shifter utilizes the quadrature signals from the I/Q mixers in order to generate the
modulated phase shifts and amplitudes by combining the IF I and Q signals with certain
ratios, as shown in Fig. 3.21(b).

3.5.2

Circuit Description

Figure 3.22 shows the top level schematic of the baseband phase shifter. Only one combining pair (for either I or Q output) is shown for simplicity. It includes differential I
and Q IF mixers each loaded with a resistor chain at the output, which allows uniformly
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Figure 3.22: The baseband I/Q modulated phase shifter testchip with 12 GHz I/Q mixers
and polyphase filter.

interpolating of the output voltage. A level selection gm-cell is inserted at each series resistor in the chain with enabling controls so that one of the voltage levels can be selected
and converted into current. By enabling one of the gm-cells in the I and Q resistor chains
respectively, certain levels of I and Q outputs are selected and further combined in the current domain. As a result, the modulated signals with different phase shifts and amplitudes
can be generated. The topology can be scaled to higher resolutions by simply increasing
the number of interpolating resistors, meanwhile maintaining the power consumption and
accuracy.
Each node along the resistive chain shares the same DC voltage, so that no DC current
flows through the resistors. The common voltage along the resistor chain provides at the
same time biasing for the gm-cells. Notice that the dummy gm-cell for zero amplitude
selection is necessary for maintaining proper DC biasing at the output.
Eight levels are implemented on the test chip with 7 resistors in each resistor chain.
Notice, however, that the proposed topology can be easily extended to higher number
of levels without extra power consumption. Also implemented on the test chip is a two
stage RC polyphase filter, generating quadrature LO signals for the I/Q mixers for testing
purposes. In the actual system, the I/Q outputs of the divider will be used instead.
The I/Q mixers use a Gilbert cell double-balanced topology, as shown in Fig. 3.23. At
the source of the input transistors, degeneration inductors are applied to improve linearity.
The current bleeding technique [57] is used to reduce the current through the switching
transistors, so that smaller switching transistors can be used for reduced LO loading and
larger load resistors can be used to increase the gain.
The level selection gm-cell, shown in Fig. 3.24, consists of two different input pairs for
0◦ and 180◦ outputs respectively. The gm-cell is enabled by turning on one of the current
source transistors by either EN and EN inv. When not selected, the inverter selection
signal is used to ground the gates of the corresponding current source transistors.
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Figure 3.23: 12 GHz Mixer with current bleeding.
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Figure 3.24: Gm-cell for level selection.

3.5.3

Measurement Results

The proposed phase shifter was designed and fabricated in a 40-nm low-power CMOS
process from GLOBALFOUNDRIES. The chip photo is shown in Fig. 3.25. The chip has
an active area of 510 µm × 720 µm. On-chip shift registers are included to reduce the
pad usage for the control signals. Excluding the output buffer, the chip consumes 14.7
mW with a power supply voltage of 1.1 V, while each mixer and gm-cell consumes 3.1
mA and 3.6 mA respectively. On-wafer measurements are conducted to characterize the
performance.
The input is matched around 12 GHz and the S11 is below -10 dB between 10.3 GHz
63

CHAPTER 3. HIGH RESOLUTION PHASE SHIFTERS

Out
+

Out
720µm

B
LO+

RF+

C
RF-

LO-

A
510µm

D

Figure 3.25: Chip micrograph. A: I/Q mixers; B: Resistor chain with level selection
gm-cells; C: Two stage RC polyphase filter; D: Shift registers.
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Figure 3.26: Measured input reflection coefficient (S11 ) of the I/Q mixers.
and 14.1 GHz, as shown in Fig. 3.26. When ENI 7 = 1 and ENQ 0 = 1, the whole circuit
provides a power conversion gain of 6.6 dB (Fig. 3.27) and a double-side-band NF of
minimum 13.0 dB and 15.2 dB at the lower frequency (Fig. 3.28). The baseband 3 dB
bandwidth is about 700 MHz, which could be further extended with inductive peaking
at the load of the mixer. Using the same gain setting as mentioned above, the measured
OIP3 is about 7.1 dBm, as shown in Fig. 3.29.
The relative amplitudes and phase shifts of all possible I and Q level settings are measured with the setup shown in Fig. 3.30. Since RF and LO signals are from independent
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Figure 3.28: Measured double-side-band NF, with the setting ENI

10

7

= 1 and ENQ 0 = 1.

signal generators with noncoherent phase noise, the phase difference of the RF and LO
signal drifts across time, which results in a drifting phase at the IF output. This hampers
accurate relative phase shift measurements. To achieve stable phase measurement, the RF
and LO signals are splitted and combined into the high speed oscilloscope, as shown in
Fig. 3.30. Through built-in FFT calculations, the drifting phase difference between the
RF and LO signal is subtracted from the phase of the output signal. An alternative is
using an external mixer to generate a reference IF signal with equal drifting phase.
The measured constellation points are shown in Fig. 3.31, with a 12 GHz LO and 12.2
GHz RF signal. The phase and amplitude constellation points are normalized to the ones
corresponding to ENI 7 = 1 and ENQ 0 = 1, i.e. (1,0) in Fig. 3.31. It can be observed
that dense constellation points are achieved around the unit circle. A maximum phase
shift resolution of 8.6◦ is obtained within an amplitude variation of ±1dB (within the
65

CHAPTER 3. HIGH RESOLUTION PHASE SHIFTERS

Pout, IMD (dBm)

20
0

−20
−40
−60
−80

−100
−30

−20
−10
Pin (dBm)

Figure 3.29: Measured IIP3, with the setting ENI
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Figure 3.30: Setup for stable phase shift and amplitude measurement.
dotted circles).

3.6

Benchmarking and Performance Summary

In the previous two chapters, two versions of phase shifters have been discussed, i.e. a LOpath phase shifter (LOPS) and a baseband phase shifter (BBPS) in a 60 GHz sliding-IF
receiver front-end architecture. A summary of the performances of the two phase shifter
designs are listed in Tab. 3.1, with a benchmark to some recent phase shifter designs in
silicon technologies.
While consuming a relatively low power, both phase shifters presented in this chapter
achieve a high phase resolution, which is comparable to another baseband phase shifter
implemented in [37]. The passive RFPS in [58] doesn’t consume power, but it suffers from
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Figure 3.31: Normalized constellation points. Solid dots are ideal points, and circles are
measured points.
an insertion loss of up to 18 dB. Furthermore, both phase shifting in this work doesn’t
introduce much extra power consumption and complexity. This is because the two phase
shifters in this work also include components that are anyway part of the receiver front
end, such as frequency divider, buffers, I/Q mixers.
Comparing between the two presented designs, the BBPS is more general than the
LOPS presented in this chapter, and can be applied in various architectures. The LOPS
is more specific to the sliding-IF architecture, since it makes use of the 45 ◦ phase steps
available from the frequency divider-by-4 operation. In other front-end architectures which
don’t have the frequency dividers, polyphase filters [38, 59] can be used instead to generate
the 45 ◦ phase steps. In combination with the tunable Tline for fine phase shift tuning,
it is possible to extend to higher resolution phase shifts in different architectures. On
the other hand, it is also worthwhile to notice that the BBPS has a limited bandwidth
and has to be improved, while the LOPS is decoupled from the signal path and has less
degradation to the signal quality.
Both phase shifters achieve the required performance as described in Section 2.6. The
LOPS has a phase shift resolution slightly more than 6-bit, together with a 3-bit VGA
in the signal path. It is possible to deliver tunable weight constellation points as in Fig.
2.17. Similarly, the achieved constellation points by the BBPS fit well to the ones by IQ
modulation in Fig. 2.17. As a result, it is expected that they are suitable for the introduced
null-forming array in Chapter 3. They can not only provide main-lobe coverage, but also
have enough degree-of-freedom for the algorithm to robustly adjust the spatial nulls to
improve the SINR.
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Table 3.1: Performance Summary of Recent Millimeter-Wave Phase Shifter Designs.
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3.7

Summary and Conclusions

In this chapter, we demonstrated two phase shifter designs targeting for the null-forming
array presented in the previous chapter. In a sliding-IF receiver front-end architecture, we
selected the LO-path phase shifter (LOPS) and baseband phase shifter (BBPS) to achieve
the required resolution.
The proposed LOPS makes use of the N ×45◦ phase steps available from the frequency
divider-by-4 to achieve 3-bit coarse phase shifting. With a switched capacitor loaded
tunable transmission line, finer phase steps are achieved. The LOPS is designed and
implemented in a 40-nm CMOS technology. The measured results show a phase shift
resolution of 5.4◦ , i.e. about 6-bit, from 44 GHz to 54 GHz. The chip occupies an active
area of 550 µm × 260 µm, and consumes 16.9 mW from a 1.2 V supply excluding the
output buffer.
For the other phase shifter design, a scalable BBPS in the same technology has been
presented. It combines different levels of the I and Q outputs from the quadrature mixers
by means of two resistor chains and level selection gm-cells. The proposed baseband phase
shifter is scalable in resolution without extra power consumption. The measurement results
show a total conversion gain of 6.6 dB and a minimum noise figure of 13.0 dB, with 14.7
mW total power consumption. It achieves in total 225 constellation points for both phase
and amplitude adjustment. The active area of the implemented BBPS is 510 µm × 720
µm, including also the 12 GHz I/Q mixers.
The performance of the two phase shifters demonstrates high tuning resolution and low
power consumption comparing to the other phase shifters. Comparing between the two
designs, the BBPS is more general and can be applied in other receiver phased array front
ends, while the LOPS presented in this work is more specific in the sliding-IF architecture.
However, the LOPS is decoupled from signal path and has less degradation to the signal
quality, while the BBPS has a limited bandwidth and has to be improved.
From the work in Section 2.6 in the previous chapter, both of the two designed phase
shifters can be used in the 60 GHz sliding-IF receiver front end, especially for the adaptive
null-forming array to improve the spatial re-use.
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Chapter 4

Filtering LNA for Self-Interference
Suppression
4.1

Introduction

In the previous two chapters, spatial interference mitigation technique in a mm-wave
receiver phased array front end is investigated. Other than the spatial interference, selfinterference from the co-located TX is another interference scenario in practical millimeterwave applications. Due to limited isolation, the high power leakage TX signal can cause
problems to the RX, such as desensitization or saturation, or even cause reliability problems.
In this chapter, we investigate a scenario when the TX and RX are relatively separate
in frequency, i.e. Very-Small-Aperture Terminal (VSAT) devices. In the next generation
VSAT system, the uplink and downlink will use the Ka-band (17.5-22 GHz downlink and
27.5-31 GHz uplink) to increase the data rate [18]. Full duplex operation is a desired
feature for VSAT applications. Due to the high transmitted power, high isolation is
required between TX and RX antennas to avoid saturating and desensitizing the receiver
and degradation of the link budget. Off-chip frequency selective filters with low loss
and high quality factor are typically implemented to solve this isolation issue. On-chip
filters can be integrated with the rest of the front end with reduced system size and cost.
However, on-chip passive filters generally suffer from higher insertion loss [60] due to power
loss in the substrate and the metal resistive losses. This loss will directly degrade the NF
of the system.
The VSAT application typically has critical requirements, especially on the receiver
noise figure (NF). VSAT receivers are traditionally realized using III-V compound technologies to achieve a NF of lower than 2 dB. Recently, comparable NF has been demonstrated in silicon-based technologies [61, 62, 63], which can offer lower cost and higher
integration. Filters are typically located in front of the LNA. However, with the loss from
the filters, it will be challenging to achieve the required overall NFs (less than 2 dB) in
current silicon technologies. On the other hand, the on-chip implementation opens the
possibility to distribute the filtering function across the various stages of the LNA and
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thereby opens new opportunities to co-optimize the receiver front end for TX/RX isolation
and NF.
With this consideration, this chapter proposes a 20 GHz LNA with notch filters at
different stages. Lumped LC notch filters are implemented at the input and inter-stages
to achieve the required filtering within the 2 dB NF requirement. Two high performance
LNAs are presented, with and without filtering respectively, in order to compare the
performance. This chapter is organized as follows. Section 5.2 introduces the requirements
on the isolation for full-duplex operation in VSAT, and the challenges on achieving a low
NF at the same time. Section 5.3 reviews some filtering or cancellation techniques that
might be suitable for the VSAT duplex operation. The proposed filtering LNA will be
presented in Section 5.4 with detailed design considerations. The measurement results
and benchmarking are presented in Section 5.5., followed by conclusions in Section 5.6.

4.2

Challenge of Full-Duplex Operation in VSAT

Full duplex operation is a desired feature for VSAT applications. High isolation is required
between TX and RX antennas to avoid saturating and desensitizing the receiver by the
coupled transmit signal at 30 GHz. As shown in Fig. 4.1(a), at the RX side, a coupled
blocker signal at 30 GHz and also noise around 20 GHz can be present and deteriorate
the RX. On the other hand, VSAT has a stringent requirement on a low NF for the
receiver and a high output power at the transmitter, typical required values are less than
2 dB for the NF and 30 dBm for the saturated output power. Therefore any isolation
technique applied after the PA or before the LNA needs to be low loss, otherwise it will
introduce direct output power and NF degradation. So the main challenge for the full
duplex operation in VSAT applications is achieving a high attenuation with low loss.
At a VSAT terminal, the uplink and downlink operate at 17.5 - 22 GHz and 27.5 31 GHz respectively, as introduced in [refer to Chapter 2]. Typically the RX and TX
have separate feeds and antennas [64], and there is already some level of isolation between
the RX and TX antennas. However this isolation is limited. The distance between the
antenna’s typically has to be small because they share the same dish antenna in a VSAT
terminal. As a result, the coupling between the RX and TX antennas is not negligible.
In [64], the shared aperture method is proposed for VSAT antennas to reduce area, and
orthogonal feeds are applied to improve isolation. The reported isolation at a scaled-down
prototype (at 4 GHz/6 GHz) achieved an isolation of 26 dB. However, this is not enough,
and higher isolation is required. As will be calculated in the following paragraphs, 26 dB
of isolation can still cause degradation to the link budget due to the coupled blocker signal
and noise.
To illustrate the need for extra isolation and derive the requirement, we will use a
simplified model shown in Fig. 4.1(b). The isolation provided by the antenna itself is
30G
ISOL20G
ant and ISOLant (in linear scale) respectively around 20 GHz and 30 GHz. We
30G
assume there is some extra isolation (ISOL20G
T X and ISOLRX ) achieved by some isolation
techniques, e.g. filtering, cancellation etc. Without losing generality, we assume them as
filtering at the corresponding frequencies at RX and TX respectively. The total isolations
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Coupled blocker @ 30 GHz

Coupled noise
@ 20GHz
NRX,in
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(a)
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RX, 20 GHz
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ISOL30G
RX

LNA

(b)

Figure 4.1: Illustration of the impact of limited isolation between TX and RX in a VSAT
application. (a) From the TX, blockers at 30 GHz and noise around 20 GHz can be coupled
to the RX, and cause saturation and desensitization to the RX. PRX is the received desired
signal power, and NRX,in is the input noise floor of the RX. (b) The simplified diagram of
30G
the TX and RX of the VSAT scenario. ISOL20G
ant and ISOLant are the antenna isolation
(absolute value of the antenna coupling) at 20 GHz and 30 GHz, and ISOL20G
T X and
ISOL30G
are
the
extra
isolation
or
filtering
provided
from
the
front
end
at
20
GHz
and
RX
30 GHz respectively.
30G
20G
20G
at 20 GHz and 30 GHz are then ISOL20G
tot = ISOLant × ISOLT X and ISOLtot =
30G
ISOL30G
ant × ISOLRX . As shown in Fig. 4.1(a), the coupled noise at 20 GHz and the
coupled blocker at 30 GHz at the RX input are:

Coupled blocker @ 30 GHz @ RX input:
Coupled noise @ 20 GHz @ RX input:

PP30G
A
ISOL30G
tot
NP20G
A
ISOL20G
tot

(4.1)
(4.2)

where PP30G
A is the power amplifier (PA) output power at the transmitter, which can be in
the watt level (i.e. more than 30 dBm), and NP20G
A is the PA noise at the RX band. The
noise power can be equivalently denoted by a noise temperature TP20G
A =
the Boltzmann’s constant and B is the signal bandwidth.

NP20G
A
KB ,

where K is

We first look at the required isolation at 20 GHz to keep a minimal degradation to
the link budget from the coupled TX noise at 20 GHz. We assume the noise factor of the
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Figure 4.2: The degradation factor to the link budget due to the coupled PA noise
(σP Anoise ) versus the isolation between the TX and RX at the 20 GHz band ISOL20G
tot for
the three PA devices. A zoomed-in part is shown for a σP Anoise from 0 dB to 0.25 dB.
RX as FRX , and an antenna temperature as Tant . So the total input referred RX noise
temperature is:
TRX,in = (FRX − 1)T0 + Tant
(4.3)
where T0 = 290K is the earth temperature. Since the antenna is pointing to the space in
VSAT application, the antenna temperature Tant is typically much lower than the earth
temperature. We assume Tant = 50K here.
If the coupled PA noise is taken into account, we can derive its degradation to the link
budget, i.e. signal-to-noise-ratio (SNR), by a degradation factor (σP Anoise , in dB) of:

σP Anoise = 10log10 

TP20G
A
ISOL20G
tot

+ TRX,in

TRX,in




(4.4)

In order to get a practical value of the 20 GHz noise power from the TX, three commercially available devices were measured by NEWTEC. The three measured PAs are Triquint
TGA-4509-SM, Triquint TGA-4539-SM and Avago AMMP-6432, each capable of delivering a saturated output power of more than 30 dBm. The measured noise power density in
the 20 GHz band for these three PA’s are respectively -157 dBm/Hz, -155 dBm/Hz and
-170 dBm/Hz, or equivalently noise temperatures of 1.4 × 104 K, 2.3 × 104 K and 6.2 × 102
K 1 . If we assume an RX noise figure of 1.8dB, and an antenna temperature of 50 K, with
(4.3) and (4.4), we can plot the degradation factor (σP Anoise ) versus the isolation at RX
band (ISOL20G
tot ), as shown in Fig. 4.2. Vice-versa, we can also derive the required total
isolation at 20 GHz in order to maintain a link budget degradation of e.g. 0.05 dB or 0.2
dB, as shown in Tab. 4.1.
It can be observed that different 20 GHz isolation levels are required depending on the
1

These measurement results are a courtesy of NEWTEC.
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Table 4.1: TX/RX isolation requirements in the RX band, for a 0.05 dB or 0.2 dB degradation on the link budget.
PA Device
30G
)
(Psat
Degradation factor
σPA noise (dB)

TGA-4509-SM
(31 dBm)

TGA-4539-SM
(31 dBm)

AMMP-6429
(34 dBm)

0.05

0.05

0.05

0.20

2.30

9.38

0.20

Total input system noise
temperature, TRX,in (K)
Noise temperature coupled
from PA (K)
Noise temperature at PA
20G
(K)
output, TPA
Required Isolation
Isol20G
tot (dB)

0.20

198.93
2.30

9.38
14000

37.84

2.30

9.38
23000

31.74

39.99

33.90

620
24.30

18.20

PA in use. In future silicon-based PA’s, the required isolation might vary, but Fig. 4.2
and Tab. 4.1 give an idea on some typical requirements. The degradation factor needs
to be compensated by a better NF at the RX to keep the same link budget. So it is
desired to have a minor degradation to be lower than 0.05 dB. This corresponds to a total
isolation of more than 40 dB required at the RX band in the worst case shown in Fig.
4.2. In addition, the degradation factor will be 1.1 dB if no extra isolation is provided
(i.e. only the 26 dB isolation from the antenna) in the worst case when using Triquint
TGA-4539-SM.
For the isolation around 30 GHz, the coupled blocker at the input of the RX needs to
be suppressed enough such that it wouldn’t saturate and desensitize the RX. We denote
the TX output power as PP30G
A,out , and the 1-dB input compression point of the LNA as
ICP1dB,RX (in dBm). If we further assume the input power is 5 dB below that point, to
avoid affecting the NF, the required total isolation around 30 GHz is:
30G
ISOL30G
tot = PP A,out − (ICP1dB,RX − 5 dB)

(4.5)

30G
in dBm. In case of PP30G
A,out =30 dBm and ICP1dB,RX =-10 dBm, the required ISOLtot is
as high as 45 dB. Apparent from (4.5), the isolation requirement can be relaxed by further
improving the linearity, which will in general increase the power consumption.

To achieve the total isolation of up to 41 dB at the RX band (17.5 - 22 GHz) and 45
dB at the TX band (27.5 - 31 GHz), different techniques can be applied at the front end
in combination with the isolation from the antenna. However, if the technique is totally
applied between the antenna and PA/LNA, the insertion loss or NF from it will degrade
the output power or the NF directly. Moreover, the degradation to the link budget on
the RX side is actually more than the added loss. This is because of the low antenna
noise temperature, as in (4.3). We assume an extra loss or noise factor by the isolation
technique before the LNA of Fisol , in case of a passive technique. The total input refered
RX noise temperature is:
0
TRX,in
= (FRX Fisol − 1)T0 + Tant

(4.6)

assuming the PA noise around 20 GHz is ignored due to the isolation technique. Comparing
to the case without any extra loss, the degradation factor to the link budget due to the
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Figure 4.3: Degradation factor σisol to the link budget due to the extra noise figure from
the isolation technique.
extra NF can be derived as:

σisol = 20log

(FRX Fisol − 1)T0 + Tant
(FRX − 1)T0 + Tant


(4.7)

When Tant = T0 , σisol equals the extra noise figure. However, when Tant = 50 K, σisol
is more than this ’dB-per-dB’ rule. As plotted in Fig. 4.3., the extra N Fisol will give a
degradation on link budget by almost twice of N Fisol in dB.
In conclusion, the challenge in a full-duplex operation is to achieve a high total isolation
while maintaining a low loss or low NF. Similar levels of isolation are required around the
RX band and TX band. In this chapter, we will focus on isolating the blocker around 27.5
- 31 GHz at the RX input, i.e. ISOL30G . The target is to achieve a high attenuation in
order to tolerate the large leakage power from the 30 dBm transmitted power, meanwhile
maintaining a total LNA NF of lower than 2 dB. In the next section, we will first review
the state-of-the-art 20 GHz LNA’s and introduce some potential filtering or cancellation
techniques.

4.3

Literature Review

As explained in the introduction, the VSAT application typically has critical requirements,
especially on the receiver noise figure (NF), which is traditionally realized using III-V
compound technologies. Such technologies can achieve a low NF below 2 dB [65] at K/Kaband. Recently, comparable NF has been demonstrated in silicon-based technologies,
which can offer lower cost and higher integration [61, 62, 63]. Sub 2 dB NF are achieved
in CMOS-SOI and SiGe BiCMOS technologies at the K/Ka-band.
However, silicon technologies still suffer from higher loss from passive devices than
compound technologies. An on-chip 3-rd order bandpass filter [60] implemented in BiCMOS technology has a loss of more than 5.1 dB from 23.4 GHz to 31.0 GHz. For our
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isolation purpose, using passive filtering completely at the input of a LNA is difficult as
very low loss and high filtering attenuation are required at the same time.
An alternative is to use an active notch filter. In [66], a dual-band LNA with two
active notch filters achieves about 23 dB attenuation (compared to the gain at pass-band)
at 30 GHz. However, the filtering is narrow-band and it can have linearity issues in case
of high power blockers due to the non-linear properties of the active devices.
Another active approach is feed-forward cancelling (FFC), such as in [67, 68]. Given the
fact that the TX and RX are co-located, the FFC technique couples part of the TX signal
and couples it back at the RX input after tuning it to an anti-phase copy of the leakage
TX signal. In order to have low loss, the coupling factor needs to be low, which requires a
very high power operation in the FFC path. It increases significantly the complexity and
power consumption. Besides the FFC can also add uncorrelated noise from the canceling
path.
In this work, passive filtering will be used, due to the high TX power in the VSAT
application. In order to minimize the additional loss and achieve a total NF of less than
2 dB, the filter is co-designed with the LNA. The design details are presented in the next
section.

4.4
4.4.1

Design Description
Trade-off Between Filtering and Noise Figure Degradation

To prevent the leakage transmitter signal from desensitizing and saturating the LNA, notch
filters at 30 GHz can be implemented at the input. In general, higher order filtering will
induce higher pass-band insertion loss, which poses a direct trade-off between the filtering
and noise figure degradation. To relax this direct trade-off, we propose to implement
notch filters with lower order at different stages of the LNA. Initial filtering at the input is
necessary to avoid the input transistor already being saturated and desensitized. Typically,
the input transistor with degeneration doesn’t provide much transducer gain, since it is
generally optimized for low NF and the stages afterwards provide most of the gain. As a
result, the input filtering is more relaxed and most of the filtering can be done after the
input transistor. In addition, the input filter can be part of the input matching to further
reduce its impact on the NF. Due to the available gain from the first transistor, loss from
the following filters has less contribution to the total NF.
To illustrate this consideration more quantitatively, we can calculate the total NF and
input compression point of the simplified cascaded amplifier with filters between each stage
shown in Fig. 4.4. In this generalized and simplified model, we assume a 3-stage amplifier,
with notch filter at the input and between stages. The notch filters have loss of L20G
at 20
i
GHz and attenuation of Att30G
at
30
GHz,
for
i
=
1,
2,
3.
All
the
performance
parameters
i
of each block are listed below in Fig. 4.4. All the parameters are in linear scale.
Further assumptions are made on the G30G
and L20G
. We assume each amplifier has
i
i
a peak gain at 20 GHz with a roll-off factor of two (Rf = 2) at 30 GHz (e.g. due to
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Figure 4.4: Simplified model of a 3-stage amplifier with notch filters at each stage. All
the parameters are in linear scale.The unit of input compression point is mW. Lower score
denotes the number of the component and upper score denotes the frequency that the
parameter indicates.
matching). This means that, if there is no filter, the total gain at 30 GHz from three
stages is 9 dB lower than the 20 GHz gain. Besides, we assume a scalable L20G
with
i
30G
Atti :
Att30G
|dB = γ · L20G
|dB
(4.8)
i
i
where γ is a scalar with an assumed value of 20. This means 20 dB of attenuation at
30 GHz from the filter will contribute 1 dB loss at 20 GHz. The scalability comes from
the fact that we can cascade more stages of filters to have more attenuation at the stop
band which also increases loss (in dB) proportionally. The value of γ is dependent on the
quality factor of the filter and the frequency separation. The use of it can simplify the
analysis here.
20G ) at 20 GHz as:
Using Friis formula, we could derive the total noise factor (Ftot

20G
Ftot
= L20G
· F120G +
1

(L20G
· F220G − 1) · L20G
(L20G
· F320G − 1) · L20G
· L20G
2
1
3
1
2
+
20G G20G
G20G
G
1
1
2

(4.9)

For the input compression point with respect to 30 GHz signals, we can view F ilter i
and the amplifier after it Amp i as one component, and the input compression point is
improved from ICPi30G to ICPi30G · Att30G
for i = 1, 2, 3. Similarly, we can derive the
i
total input compression point at 30 GHz as:


30G
ICPtot
=

1
+
· Att30G
1

ICP130G

G20G
1
Rf Att30G
1
ICP230G · Att30G
2

+

−1
G20G
G20G
1
2
Rf Att30G
Rf Att30G
1
2

30G
ICP3 · Att30G
3

The assumed values of the parameters in Fig. 4.4 are summarized below:
20G
20G
• G20G
1 |dB = 8 dB, G2 |dB = 8 dB, G3 |dB = 12 dB.
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20G (dotted contour) and ICP 30G (solid contour) versus
Figure 4.5: The contour plot of Ftot
tot
30G
30G
Att1 |dB and Att2 |dB .

• N F120G = 0.9 dB, N F220G = 1.2 dB, N F320G = 2 dB.
• ICP130G |dBm = 2 dBm, ICP230G |dBm = 2 dBm, ICP330G |dBm = 6 dBm.
If the total attenuation from the 3 filters is assumed to be 40 dB, i.e. Att30G
1 |dB +
30G
20G and ICP 30G versus
Att2 |dB + Att30G
|
=
40
dB,
we
can
plot
the
contour
of
F
dB
tot
tot
3
30G
Att30G
1 |dB and Att2 |dB , as shown in Fig. 4.5. The dashed contour lines are the resulted
20G (in dB) and solid curved contour lines are the ICP 30G (in dBm). A bounded line
N Ftot
tot
30G
can be observed at the top right, due to the constraint equation Att30G
1 |dB + Att2 |dB +
Att30G
3 |dB = 40 dB.
30G
The first observation is that if there is no filtering at all for Att30G
1 |dB and Att2 |dB ,
the compression point against 30 GHz blocker is about -5 dBm. When the TX power is
30 dBm, and the coupling between TX and RX antenna is -26 dB, this compression point
should be better than 9 dBm with 5 dB margin. If no filtering is implemented at stage
30G
30G
2, i.e. Att30G
2 |dB = 0 dB, we need Att1 |dB of about 14 dB (while Att1 |dB = 26 dB)
30G , and the N F 20G is about 1.9 dB. It is close to the 2 dB
to reach the 9 dBm ICPtot
tot
requirement, leaving no margin for the layout degradation.
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Figure 4.6: Simple series or parallel LC resonance filters. (a) Series notch filter, (b) Parallel
notch filter.
Table 4.2: Simple series or parallel LC resonance, and their effective inductance or capacitance above or below the resonance frequency fres . Z(fres ) is the effective impedance at
fres .
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This can be relaxed by applying filtering at the second stage. From this illustration
and
plot, we can observe the we can actually distribute the levels of filtering by Att30G
1
30G .
Att30G
to
achieve
a
lower
noise
figure
while
keeping
on
the
same
contour
level
of
ICP
tot
2
30G is at least 9 dBm, the optimum values of Att30G and Att30G in this
If the desired ICPtot
1
2
case are around 8 dB and 12 dB respectively, as denoted in the dashed circle in Fig. 4.5.
20G can be improved by 0.2 dB compared to the case when Att30G |
In this case, the N Ftot
dB
2
30G
= 0 dB. Although the overall filtering and loss from Att30G
1 |dB and Att2 |dB is higher,
30G level. Besides, we can
the resulted total noise figure is even better for the same ICPtot
30G
30G
30G will
also notice that, for a certain level of Att1 |dB , as Att2 |dB increases, the ICPtot
increase and saturate to a certain level, because the limited linearity of the first stage will
dominate.
In Section 4.4.3, we will use this strategy in the filtering LNA design to achieve a low
noise figure at 30 GHz while with 30 GHz blocker tolerance.

4.4.2

Series or Parallel LC Resonance Filter

Other than optimizing the level of filtering at different stages, further reducing the impact
on NF can be achieved by co-designing the filtering and matching.
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In general, a simple filter is prefered given that it provides a good filtering property,
especially for the filter at the input which directly gives rise to the total NF. In our case, the
simplest form of filter can be a resonant type notch filter. For example, a shunt capacitor
in series with an inductor can provide a low impedance at the resonance frequency fres as
in Fig. 4.6(a), or an inductor and a capacitor in parallel gives a high impedance at fres
as in Fig. 4.6(b).
Meanwhile, at frequencies other than fres they can be viewed effectively as a capacitor
or an inductor. Take the series LC in Fig. 4.6(a) as an example, it is as an inductor shunt
to the ground for frequencies higher than fres , and as a shunt capacitor for frequencies
lower. We can derive the narrow-band effective capacitance or inductance values for the
series and parallel LC resonance as listed in Tab. 4.2. This actually can be utilized to
obtain matching for different frequencies. For example in Fig. 4.6(b), it can be used at
the input of an LNA as a notch filter at 30 GHz, while it acts as a series inductance for
(part of) the input matching.
However, this simple LC resonance filters in Tab. 4.2 only provide limited possibilities.
For cases when the matching frequency is lower than the notch frequency (fres ), only the
first column in Tab. 4.2 is useful, which only gives the possibility of a shunt capacitance or
a series inductance for matching purpose. Similarly, when the matching frequency is higher
than the notch frequency (fres ), only the last column in Tab. 4.2 is useful. Actually, we
0
0
can extend the resonance filters by adding one more component (L or C ). We conclude
the general properties of the effective reactances of the three-component resonant notch
filters in Appendix C for reference. In the following design, only the simple LC parallel
and series resonances in Tab. 4.2 is used, because they can already provide the desired
matching at the critical locations in the design described in the next section, and because
it is not necessary to add the complexity which also increases loss and chip area.

4.4.3

Filtering Low Noise Amplifier Design

The schematic of a single-ended filtering LNA is shown in Fig. 4.7. The LNA consists
of a cascode stage followed by a common emitter output stage. Three-stage filterings are
implemented in the LNA.
In order to have low NF, the input matching and filtering at the input needs to be
designed carefully. First, the input transistor is biased at the optimum current density for
the minimum NF (Jopt = 2.3mA/µm2 ) at 20 GHz. The transistor size is scaled to have the
real part of the optimal noise impedance (Ropt = Real(Zopt )) to around 50 Ω, as shown in
Fig. 4.8. The degeneration inductor (Le1 ) at the emitter is selected in order to have the
0
0
real part of the input impedance seen into the base (Rin = Real(Zin )) to around 50 Ω,
while not influencing the Zopt much. A series ind uctance at the input can then achieve
a simultaneous noise and power matching. This simplifies the input matching with less
loss. In this design, transistor Q1 has a total length of 20 µm with the minimum width
of 0.3 µm from the technology, with a biasing current of 13.7 mA. The biasing is simply
provided by a base voltage for the common-emitter transistors in this test chip design.
To implement the input filter with minimum impact on the NF, a parallel LC (Lf 1 of
169 pH and Cf 1 of 165 fF) lumped filter is added in series at the input which resonates
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Q1: 0.3µm x 4µm x 5
Q2: 0.3µm x 14µm x 5
Q3: 0.3µm x 12µm x 7

Figure 4.7: Schematic of the two-stage 20 GHz LNA’s with 30 GHz notch filters.
at fres = 30 GHz. It can have an attenuation of about 10 dB around the notch frequency
from 27.5 GHz to 31 GHz. Meanwhile, it acts as a series inductance around 20 GHz, as
explained in the previous section. The combination of Lf 1 and Cf 1 creates an effective
inductance of about 304 pH. It provides the main part of the input matching inductance
which only needs an extra small inductor (Lb1 ) of 30 pH in this design. In this way, this
very simple input matching is adopted to provide 10 dB of filtering around 30 GHz and
an optimum noise matching at the same time.
The second filter is implemented right before the cascode transistor (Q2). A high
Q resonance is selected due to the small impedance seen looking into the common base
transistor Q2. Between the first and second stage, further notch filtering is done by a
shunt series LC (Lf 3 and Cf 3 ) and a series parallel LC filter (Lf 4 and Cf 4 ). This provides
most of the overall filtering, and avoids the output stage being compressed too soon. At
the output stage, a common emitter amplifier is used to provide sufficient gain with good
linearity. Furthermore, a high voltage transistor is used for the output stage to improve
linearity.

4.4.4

Reference Low Noise Amplifier Design without Filtering

In order to compare the filtering performance and the noise figure degradation due to
filtering, an LNA without filters is also designed as a reference LNA. It excludes all the
filters, as shown in Fig. 4.9. In order to have a fair comparison, the matchings are re-tuned
accordingly for its optimum performance, especially in terms of noise figure and gain. In
this reference LNA, the input transistor Q1 is scaled to a larger size (total length of 25 µm),
which results in a lower real part in the optimum noise impedance (Real(Zopt )). Shown in
Fig. 4.10, a shunt inductor can then be used for simultaneous noise and power matching
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−j0.5

−j2.0
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Figure 4.8: Input stage design for gain and NF matching for the filtering LNA. Zopt is the
optimum source impedance for minimum NF, and Zin is input impedance seen into the
0
0
transistor Q1. They are changed to Zopt and Zin with the degeneration inductor Le .
in this case, and it gives a better overall NF. Furthermore, the required degeneration
inductance (Le ) has a smaller value than in Fig. 4.8, which also helps slightly for reducing
the NF.
One may consider to use this scaled-up transistor for the input in the filtering LNA.
The required shunt inductance can be implemented using filter ¬ or ¯ in Fig. C.1 in
APPENDIX C. However, due to the higher loss from the extra inductor which leads to a
NF higher than 2 dB, it is not used in this design.
The second stage is the same for the reference LNA, and the output matching is similar
as for the filtering LNA.

4.4.5

Layout Design

The two LNAs are designed and fabricated in a 0.25µm SiGe:C BiCMOS technology which
features peak ft /fmax of 216/177 GHz [69] and a minimum NF of about 0.9 dB at 20 GHz.
A full-custom layout is realized for optimized performance. The whole layout including
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Figure 4.9: Schematics of the reference two-stage 20 GHz LNA’s without filters.

probe pads is simulated and optimized in ADS Momentum [53]. The layout of the filtering
LNA is shown in Fig. 4.11. A ground plane at the top metal layer surrounding the passive
devices is implemented throughout the chip to provide a good ground reference in the
single-ended design. The ground plane also provides a well defined path for the return
current. The inductors use the top two metals stacked together to have a better quality
factor. The input transistor is placed as close to the input pad as possible to reduce NF
degradation. The distance between the transistors is kept with some distance, so that the
inductors are not close to each other in order to have lower coupling between the inductors.
The inevitable connection lines (acting as transmission lines) are taken into account in the
EM simulations.

4.5

Simulation and Measurement Results

The fabricated chip micrograph is shown in Fig. 4.12. The two LNA’s occupy about 660
µm× 780 µm each including pads. The measured power consumptions of the filtering LNA
and the reference LNA are 87.5 mW and 92.5 mW respectively under a 2.5 V supply.
The measured |S21 | is shown in Fig. 4.13. The filtering LNA achieves a |S21 | of 24.3
dB at 20 GHz. It is about 3 dB lower than the gain of the non-filtering LNA, which is
27.4 dB. The 3-dB gain bandwidths are about 4.3 GHz and 5 GHz respectively for the
two LNA’s.
At the TX band 27.5 GHz to 31 GHz, there is 17.5 dB to 15.2 dB gain for the LNA
without any filtering. For the LNA with filtering, the gain at this frequency range is
reduced to -12.9 dB and -18.5 dB at the two edge frequencies, namely a total attenuation
of more than 30 dB. Between 28.5 and 29.5 GHz an attenuation of more than 45dB is
achieved.
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Figure 4.10: Input stage design for gain and NF matching for the reference LNA without
filters. Zopt is the optimum source impedance for minimum NF, and Zin is input impedance
0
0
seen into the transistor Q1. They are changed to Zopt and Zin with the degeneration
inductor Le .

The measured minimum NF of the filtering LNA is about 1.9 dB, as shown in Fig.
4.14, while it is 1.8 dB for the non-filtering version. At 22 GHz, the filtering LNA’s NF
raises up to about 2.3 dB, which is 0.4 dB higher than the non-filtering version.
The reflection coefficients are plotted in Fig. 4.15. Some deviation between simulation
and measurement can be observed on the |S11 | of the filtering LNA, which is due to
20G )
simulation inaccuracies on the substrate. The input 1-dB compression point (ICP1dB
and the input third-order intercept point (IIP3) of the filtering LNA is -11.7 dBm and -0.5
dBm respectively, while -14.5 dBm and -2.5 dBm for the non-filtering LNA.
To verify the linearity performance in presence of a large blocker around 30 GHz, gain
compression and triple-beat (TB) intermodulation distortion [25] are measured. As shown
in Fig. 4.16, in the worst case, the gain of the filtering LNA at 20 GHz is compressed by
30G is around
1 dB when there is a 28.5 GHz blocker at about 6 dBm, whereas the ICP1dB
-11 dBm for the non-filtering LNA. This corresponds to an improvement of more than 17
dB for gain compression.
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Figure 4.11: The layout of the filtering LNA.

660 m

660 m

Figure 4.12: Die photo of the LNA’s with (left) and without (right) filtering.
Another measurement on the linearity in presence of large blockers is the TB measurement. In this measurement, three tones are present at the input, as shown in Fig. 4.17.
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Figure 4.13: Simulated (dashed lines) and measured (symbolled lines) S21 of the LNA’s
with and without filtering.
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Figure 4.14: Simulated and measured NF of the LNA’s with and without filtering.
The two tones around 30 GHz Pblk1 and Pblk2 represent a modulated leakage signal from
the TX. If a 20 GHz signal is received, two 3rd-order distortion products will be generated
around the 20 GHz tone. The level of the TB1 and TB2 tones with respect to the 20 GHz
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Figure 4.15: Simulated (dashed lines) and measured (symbolled lines) S11 and S22 of the
LNA’s with and without filtering.
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Figure 4.16: Gain compression at 20 GHz versus power level of the blockers from 27.5
GHz to 31 GHz.
tone is defined as triple beat ratio (TBR), in dBc. Similar as IIP3 definition, we define
the TBIIP3 (in dBm) as:
T BR
T BIIP 3 = Pblk +
(4.11)
2
where Pblk (in dBm) is the power of the two blocker tones. The TBIIP3 actually represents
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Pblk1
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Figure 4.17: Triple beat (TB) test in presence of large blocker signals at 30 GHz.

Without Filtering

With Filtering

Figure 4.18: Measured spectrums from the triple beat measurement on the two LNA’s.
fblk = 30 GHz, ∆f = 50 MHz, Pblk = −10 dBm for the non-filtering LNA and Pblk = 10
dBm for the filtering LNA.
the extrapolated level of the blocker tones when the TB’s have the same power as the 20
GHz tone.
For the TBIIP3 measurement, two tones around 30 GHz with a spacing of 50 MHz
are applied at the input with a single-tone jammer at 20 GHz, and the cross-modulation
products at ± 50 MHz offset around 20 GHz are measured. The two-tone blockers are -10
dBm and 10 dBm at the input for the LNA’s with and without filtering respectively. As
shown in Fig. 4.18, the TBR is 17.8 dBc and 26.0 dBc, corresponding to a TBIIP3 of -1.1
dBm and 23.0 dBm for the two LNA’s respectively. The ICP1dB,blk and TBIIP3 versus
blocker frequencies from 27.5 GHz to 30 GHz is shown in Fig. 4.19 according to (4.11).
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Figure 4.19: The 1 dB input gain compression point and TBIIP3 due to the presence of
large blocker at fblk .
We can refer back the measurement results to the discussion on the VSAT requirements
in section 4.2. In a VSAT scenario, a TX signal in the range 27.5 - 31 GHz will reach
at the filtering LNA input with a power of 4 dBm (assuming the antenna coupling of -26
dB). It is about 2 dB lower than the ICP1dB,blk in the worst case (when the blocker is
around 28.5 GHz). And it is more then 9 dB lower than the ICP1dB,blk at 30 GHz. As
shown in Fig. 4.16, the total gain is compressed by less than 0.5 dB in presence of the 4
dBm blocker at the filtering LNA input, while the gain is compressed by far more than 2
dB for the reference LNA.
For the 3rd-order distortion due to this 4 dBm coupled blocker, from (4.11), we can
calculate that the TBR is 27 dB in the worst case, i.e. the distortion product is more
than 27 dB lower than the desired signal at 20 GHz. In case of adjacent channel interference in the 20 GHz band from other communication links, significant degradation to
the SINR might occur if the adjacent channel has a much higher power comparing to the
desired signal. This adjacent channel problem can be mitigated by frequency planning,
e.g. adopting larger guard bands between carriers [70], and is not within the scope of this
work.

4.6

Benchmarking and Performance Summary

Tab. 4.3 summarizes the performance and benchmarks of recent LNA’s around 20 GHz
[65, 71, 63, 72, 61], and a filtering LNA [66]. For the LNA performance around 20 GHz,
both LNA’s in this work demonstrate lowest NF at K-band in silicon and with high overall
performance in terms of the figure-of-merit. Moreover, the filtering LNA demonstrates a
low NF around 20 GHz and high attenuation across the 27.5 - 31 GHz band, comparing
to the other LNA with active notch filters. And the filtering LNA demonstrates high
linearity performance in presence of a block in the frequency range between 27.5 and 31
GHz.
In the last two columns in Tab. 4.3, the performance of two commercially available
waveguide filters [73, 74] are summarized assuming they are integrated with the nonfiltering LNA chip designed in this chapter. The waveguide bandpass filter Model 18810
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[73] from Microwave Filter Company, Inc. has a passband between 18.3 GHz to 22 GHz
with a loss of 0.75 dB (typical value), and for frequencies above 24 GHz it has a rejection
of more than 30 dB. If we place this filter in front our non-filtering LNA, it can achieve
a better blocker tolerance than our filtering LNA design. However, the NF is over 2 dB,
when the loss from the interface between chip and waveguide is not yet considered. When
the band reject filter Model 18811 [74] is used, which is dedicated to reject the TX band
from 27.5 GHz to 31 GHz, very deep rejection can be achieved with a low loss. When an
ideal interface is assumed, the achieved total NF is similar as our filter LNA design.
In summary, for scenarios when much higher isolation is required, e.g. when TX power
is significantly higher or the antenna isolation is low, the waveguide filters are still more
competitive in terms of performance. For our case, the on-chip filtering LNA in this
chapter can provide the required tolerance against 30 GHz blocker, with minimal impact
on the total NF. It can be a compact and integrated solution for the VSAT full-duplex
operation.
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Table 4.3: Performance Summary and Benchmarking.
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4.7. SUMMARY AND CONCLUSIONS

4.7

Summary and Conclusions

In this chapter, we explained the design challenges in full-duplex operation for VSAT
application. High isolation is required in order to avoid significant degradation to the link
budget, while the isolation technique needs to be low loss. For the isolation around the TX
band, we demonstrated a 20 GHz LNA design with passive filtering fully integrated on-chip
in SiGe BiCMOS 0.25 µm technology, and compared to a reference LNA without filtering
in the same technology. The proposed filtering LNA adopts passive filters at different
stages to achieve high order of attenuation with minor impact on the NF. Meanwhile, the
co-design of the filter and matching networks further reduces the impact on the NF from
the added filtering function. The non-filtering LNA achieves a record NF of 1.8 dB. The
filtering LNA achieves an attenuation of more than 30 dB from 27.5 GHz to 31 GHz with
a 0.1 dB to 0.4 dB degradation on NF. It improves the linearity in presence of strong
blockers by more than 17 dB for both gain compression and triple beat measurements.
The proposed filtering LNA demonstrates that it is possible to provide high isolation
with a low loss by a careful design on the on-chip passive filters and matching networks.
This integrated solution can be used for future Ka-band VSAT full-duplex applications.
A similar approach can be used in the PA design to filter the noise around 20 GHz.
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Chapter 5

Hybrid-Transformer Based
Duplexer for Self-Interference
Suppression
5.1

Introduction

The previous chapter presented a filtering LNA design with high attenuation at the transmitter (TX) band and low noise figure at the receiver (RX) band, for the duplex operation
in a VSAT application. In the targeted VSAT scenario, the frequency difference between
the RX and TX is relatively large (20 GHz versus 30 GHz). Another scenario is when
the RX and TX frequencies are close to each other. In this case, passive filtering becomes
very challenging, due to the limited quality factor of the on-chip passive devices. Examples of this scenario include frequency-division duplexing (FDD) communication as well
as imaging and radar applications.
In this scenario when RX and TX are close in frequency, duplexers are critical components in order to simultaneously transmit and receive while sharing the same antenna.
However, signal leakage from the transmitter’s (TX’s) high power output to the receiver
(RX), due to the finite TX/RX isolation, can cause saturation and desensitization in the
RX. Meanwhile, low insertion loss is desired. The duplexer is located between the antenna
and the transceiver front end, so its loss will directly degrade the RX’s noise figure (NF)
and TX’s output power, and will therefore further deteriorate the system’s link budget.
As a result, high isolation and low loss is crucial for duplexers.
This chapter focuses on exploring duplexer design at millimeter-wave frequency (mmwave). A millimeter-wave tunable hybrid-transformer based duplexer concept with dualantenna configuration will be presented. By using orthogonal sequentially-rotated linearlypolarized antennas and the hybrid-transformer based duplexer, the transmitter and receiver duplexes the two antennas with orthogonal circular-polarized signals. An on-chip
tuning technique is proposed to improve the isolation of the duplexer in case of impedance
imbalances. The on-chip duplexer is implemented in a 0.25 µm SiGe BiCMOS technology,
and measurement results demonstrate an isolation of more than 45 dB by the duplexer for
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a 1 GHz bandwidth. This high isolation can be tuned from 27 GHz to 34 GHz. The total
RX path’s noise figure (NF) is 4 dB and TX path’s insertion loss is 3.1 dB. An alternative
duplexer with a similar principle using an on-board rat-race coupler is also proposed and
designed for comparison. Packaged prototype modules using the on-chip duplexer and
the rat-race coupler both integrated with on-board aperture-coupled microstrip antennas
with sequential rotation technique have been developed. Measurement results demonstrate
the orthogonal circular polarizations for the RX and TX mode on both prototypes. The
achieved isolation by the on-chip tunable duplexer is better than 50 dB between 30.2 GHz
and 31.2 GHz, while the achieved isolation by the rat-race version is about 20 dB in the
same bandwidth.
The chapter is organized as follows. A literature review of the state-of-the-art duplexers
is presented in Section 5.2. Section 5.3 introduces the proposed dual-antenna architectures.
An alternative duplexer using a rat-race coupler is introduced in Section 5.4. Section 5.5
gives an overview of the 30 GHz prototype that is developed using the hybrid-transformer
duplexer. The design details of the duplexer chip and the antenna board are described in
Section 5.6 and Section 5.7 respectively. Measurement results are presented in Section 5.8.
Section 5.9 discusses some possible extensions of the duplexer concept. Finally, Section
5.10 concludes this chapter.

5.2

Literature Review

Low-loss external ferrite-based circulators are traditionally used as duplexers [75]. However, they are relatively bulky, narrow-band, and the isolation is typically limited to 20
dB at mm-wave frequencies [76]. Alternatively, on-chip integrated duplexers can provide
a compact and low-cost solution. An on-chip active quasi-circulator is an alternative to
a duplexer. [77, 67] demonstrates narrow-band TX/RX isolation of up to 26 dB. The
isolation is achieved by an additional path from the TX that destructively combines with
the leakage signal at the RX. However, they suffer from a high insertion loss (>8.5 dB)
and high NF (17 dB), and the use of active devices can also cause linearity issues. An
isolation of 35 dB is achieved by a passive quasi-circulator in in [78] from 10.2 to 12.8 GHz
with a good power handling capability. But it has 4.5 dB insertion loss for both TX and
RX and it is area consuming due to the use of three Lange couplers.
An alternative is the integrated tunable hybrid-transformer-based duplexer. It was
first proposed for cellular applications in [79] and further extended in[24, 25, 80, 81, 82].
More than 50 dB of isolation was demonstrated around a center frequency of 2 GHz.
However, it has 3 dB inherent loss for both TX and RX paths in case of a symmetric
transformer, because half of the signal power is dissipated in the balance network. [24]
adopts an asymmetric hybrid-transformer and achieves a 2.5 dB TX insertion loss and a
5 dB RX NF around 2 GHz. [81] demonstrates a prototype connected to a real antenna
with an RX insertion loss of 11 dB. The high insertion loss will significantly degrade the
already stringent link budget for mm-wave applications.
A different approach for duplexing at mm-wave frequencies is transmitting and receiving orthogonal circular-polarized (CP) signals. Waveguide-based [83] and grating-based
[84] circular polarization duplexers for radar applications have demonstrated high isola96

5.3. HYBRID-TRANSFORMER BASED DUAL-ANTENNA DUPLEXER

Balun

TX+

Zbal

RX

Zbal
TX-

(a)

(b)

Figure 5.1: Integrated transformer-based duplexer architectures. (a) single-ended duplexer
[79, 24], (b) differential duplexer [25, 80].

tion as well as low insertion loss at mm-wave and sub-mm-wave frequencies. However, the
dedicated external hardware leads to higher cost and larger dimensions.
In the following sections, we will introduce a high-isolation and low-loss integrated
tunable duplexer [85] that combines the aforementioned two techniques, i.e. hybridtransformer-based duplexer and circular polarization duplexer. Replacing the antenna
and the balance network in [25, 24] by two orthogonally linear-polarized (LP) antenna’s,
the proposed configuration is capable of duplexing both antennas by the TX and RX,
transmitting and receiving orthogonally CP signals. To demonstrate the concept, A 30
GHz on-chip duplexer and on-board aperture-coupled microstrip antennas with sequential
rotation technique are developed and measured.

5.3

Hybrid-Transformer Based Dual-Antenna Duplexer

In this section, the principle of the hybrid-transformer based duplexer is first described.
Afterwards, the proposed configurations using two identical antennas and using two orthogonal linearly-polarized antennas are presented.

5.3.1

Hybrid-Transformer Based Duplexer

A tunable transformer-based duplexer [25, 79, 24, 80], shown in Fig. 5.1, achieves isolation
between TX and RX by balancing the impedance of the antenna and the tunable balance
network. Here, we call the coil which is connected to the antenna the primary coil, while
the coupled coil is the secondary coil. In Fig. 5.1(a), when a balance is obtained between
the antenna impedance and the balance impedance (Zbal ), the transmitted signal appears
equally at the two sides of the primary coil, and ideally cancels out at the secondary coil.
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The isolation of a symmetric hybrid-transformer based duplexer is derived in [25] as:


1
IsoldB (ω) = 20log10
|Γ1 (ω) − Γ2 (ω)|
(5.1)
2
where Z0 = 50 Ω is the system impedance, and
Γ1 (ω) =

Z1 (ω) − Z0
Z1 (ω) + Z0

and

Γ2 (ω) =

Z2 (ω) − Z0
Z2 (ω) + Z0

(5.2)

The concept was further extended to differential configuration [25], shown in Fig.
5.1(b), to reduce the common-mode coupling due to capacitive coupling. However, for
these two topologies, the dissipation in the balance network introduces a total inherent
loss of more than 3 dB for both RX and TX, which degrades the total system link budget
by 6 dB. To overcome these drawbacks for mm-wave applications, we propose to replace
the tunable balancing load (Zbal ) by an antenna, as shown in Fig. 5.2 and Fig. 5.3. Two
dual-antenna architectures are proposed as follows.

5.3.2

Using Identical Antennas

In Fig. 5.2(a), two identical antennas are connected at the two sides of the primary coil. In
this case, better impedance balance for the transformer-based duplexer is expected, due to
the better matching between the identical antennas. Ideally, it could achieve a wide-band
high isolation. Note that the position of RX and TX is swapped, as compared to Fig.
5.1, in order to avoid the common-mode coupling issue from TX to RX [25]. Although
TX will experience extra loss due to the limited coupling coefficient of the transformer,
this avoids common-mode coupling from TX to RX if otherwise positioned [25]. In [25], a
differential form could be implemented, but it requires a balun to interface to the singleended antenna, which will again introduce extra loss. With two antennas, both TX and
RX can benefit from an extra antenna gain of 3 dB. However, the 3 dB antenna gain for
RX and TX are obtained only at orthogonal directions. This is because only in-phase
signals from the two antennas can combine coherently into the RX, while the TX signals
are out of phase at the two antennas. As a result, if the two antennas are spaced by
half wavelength, the TX and RX will have antenna patterns in orthogonal directions, as
shown in Fig. 5.2(b). This can be useful for applications with multi-path effects [86], e.g.
indoor communication at the 2.4 GHz band. For mm-wave applications, however, this is
normally not desired, because a direct line-of-sight or a non-line-of-sight path dominates
over multi-paths.

5.3.3

Using Orthogonal Linearly-Polarized Antennas

For most mm-wave applications, e.g. point-to-point (P2P) and satellite communication,
imaging and radar application, identical TX and RX beam direction is desired. An alternative dual-antenna configuration is proposed in Fig. 5.3(a), which includes two orthogonal LP antennas, i.e. vertically (VP) and horizontally polarized (HP) antennas, and a
quarter-wave transmission line (Tline) in one of the antenna paths.
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Figure 5.2: (a) Dual-antenna architecture with transformer-based duplexer using two identical antennas (Ant1 and Ant2); (b) The total TX and RX antenna pattern assuming two
isotropic antennas with half-wavelength spacing.

It is well known that by applying a proper phase difference (either +90◦ or −90◦ )
between the HP and VP antennas, orthogonal circular polarizations (CP) can be generated
[64, 87], i.e. either right-handed (RHCP) or left-handed circular polarization (LHCP). One
example is shown in Fig. 5.3(b), in which two patch antennas with different orientation
and feed locations operate in orthogonal linear polarizations (VP and HP). In the proposed
configuration in Fig. 5.3(a), the differential TX signals coupled to the primary coil are
out of phase at P1 and P2, i.e. φP 2 − φP 1 = 180◦ . The RX connected at the center
tap is isolated from the differential TX signal. After the 90◦ delay line, at the VP and
HP antennas, we have φAnt,HP − φAnt,V P = (φP 2 − 90◦ ) − φP 1 = 90◦ . This results
in a transmitted signal with RHCP, i.e. counter-clockwise seen from the direction of
propagation. Reciprocally, in the RX direction, if LHCP signal is received, it will result
in the same phase difference at the antenna, i.e. φAnt,HP − φAnt,V P = 90◦ . In this case,
after the 90◦ delay line, the received signals at P1 and P2 are in phase, i.e. φP 2 − φP 1 =
(φAnt,HP − 90◦ ) − φAnt,V P = 0◦ . The common mode signals will further add up in the RX,
and are isolated from the TX.
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Figure 5.3: (a) Dual-antenna architectures with transformer-based duplexer using two
orthogonal LP antennas at the primary coil. (b) The two antennas are duplexed by both
RX and TX with orthogonal circular polarizations towards the same direction.
To summarize the properties of the architecture shown in Fig. 5.3(a): it is capable of
duplexing the orthogonal LP antennas by both the TX and RX, while transmitting and
receiving orthogonal circularly-polarized signals towards and from the same direction, as
demonstrated in Fig. 5.3(b). We can also call it a circular polarization duplexer. This
characteristic can be used in various applications. For FDD communication applications,
the circular polarization is more immune to misalignment. It is particularly useful for
radar and imaging systems, in which the reflected and incident signals typically have orthogonal polarizations [83]. In practice, there can be both polarizations at the receiver
after reflection, for example, some paths might go through double reflections. The undesired polarization for the RX can be rejected by the proposed duplexer, and will not
degrade the isolation. This should be considered in the system design, since it degrades
the system’s link budget. Regarding the impact to the duplexer, the undesired CP will
not cause problems to the isolation. For example, the TX is transmitting RHCP, and
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Figure 5.4: The isolation (in dB) of the duplexer in Fig. 5.3(a) versus the antenna
impedance (ZAnt ), due to the impedance transformation by the quarter-wave Tline. It
assumes equal impedance (ZAnt ) at the VP Ant and HP Ant and an ideal Tline.
ideally LHCP will be received and further picked up by the RX. Practically, some RHCP
components might also be received. However, the RX will reject the RHCP, similarly as
rejecting the TX RHCP signal.
It is worth noticing that the quarter-wave Tline in Fig. 5.3(a) can degrade the TX/RX
isolation if the antennas impedance deviates from 50 Ω. In Fig. 5.2(a), ZAnt1 and ZAnt2
do not have to be exactly equal to 50 Ω, but as long as the ZAnt1 = ZAnt2 , perfect isolation
can be achieved. For the configuration in Fig. 5.3(a), however, the 50 Ω quarter-wave
0
Tline will transform ZAnt2 by 180◦ around the center of the Smith chart, to ZAnt2 [88]:
0

ZAnt2 =

Z02
ZAnt2

(5.3)

If we assume ZAnt1 = ZAnt2 = ZAnt and ZAnt 6= 50 Ω, imbalanced impedances will
0
occur at the hybrid-transformer input, i.e. ZAnt2 6= ZAnt . From Eq. (5.1) and Eq. (5.3),
the isolation can be derived as:
ISOLDU P |dB (ω) = 20log10

ZAnt (ω) − Z0
ZAnt (ω) + Z0

(5.4)

which is plotted in Fig. 5.4 for a single frequency. The isolation is quickly degraded if
ZAnt is different from 50 Ω. As a result, the configuration poses a high requirement on the
antenna impedance and tuning capability of the duplexer is highly preferred. This will be
covered in Section 5.6.
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Figure 5.5: An alternative dual-antenna duplexer using rat-race coupler.

5.4

Alternative Dual-Antenna Duplexer Using Rat-Race Coupler

Another way of understanding the hybrid-transformer-based dual-antenna duplexers is
that the TX and RX signals at the two transformer outputs (P1 and P2 in Fig. 5.3(a)) are
differential-mode and common-mode respectively, and the symmetry provides the isolation
between TX and RX. Interestingly, a distributed alternative using a rat-race coupler can
function in a similar manner as the lumped implementation using a hybrid-transformer.
As shown in Fig. 5.5, with proper delays for each section in the rat-race coupler, the
P1 and P2 ports are seen as common-mode and differential-mode ports for the RX√ and
TX ports respectively, and the RX and TX ports are isolated. Moreover, the 50 2 Ω
impedance of the ring makes sure that each port is matched to 50 Ω.
In this work, this alternative using the rat-race coupler of Fig. 5.5 is implemented on
PCB board level, because the working frequency is 30 GHz and the size of the ring can take
significant chip area. It will be used for comparison with the hybrid-transformer-based
duplexer. Notice that for higher frequencies in the mm-wave range, on-chip integration of
the dual-antenna duplexer using the rat-race coupler with on-chip antennas becomes very
attractive.

5.5

30 GHz Duplexer Prototype

The top diagram of the prototype is shown in Fig. 5.6. It consists of on-board antennas,
the feed network and the duplexer. Instead of two LP antennas, the prototype utilizes
a 2 × 2 array of sequentially rotated LP antennas. This configuration has better axial
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Figure 5.6: Top diagram of the 30 GHz duplexer prototype. The duplexer will be implemented by an on-board rat-race coupler or an on-chip hybrid-transformer based duplexer.
ratio1 (AR) response over a wide angular range [87]. Antennas at the diagonal (1 and
3, 2 and 4) are first coherently combined with a half-wavelength delay difference, and
the two combined ports act effectively as the VP and HP antennas in Fig. 5.3 and Fig.
5.5. Two versions of the duplexers were designed and implemented in this work, namely
the on-chip tunable hybrid-transformer-based duplexer and the on-board rat-race coupler
based duplexer.

5.6

Design of the On-Chip Tunable Hybrid-TransformerBased Duplexer

The design details of the critical parts are discussed below.

5.6.1

Tunable Hybrid-Transformer

As discussed in Section 5.3.3, it is desired to have a tuning capability to compensate for
the impedance imbalance caused by the quarter-wave Tline. Fig. 5.7 shows the proposed
tunable transformer-based duplexer. Notice that the imbalance between ZAnt,1 and ZAnt,2
can be caused by both resistance and reactance imbalances. Accordingly, two compensation mechanisms are proposed. For the reactance, it can be simply tuned by shunt
varactors at the antenna connections, i.e. Cim,1 and Cim,2 . For the resistance imbalance,
a magnetic tuning, which is a technique used in VCO designs [89] [90] to improve the
tuning range, is proposed to tune the isolation of the duplexer. Two additional coil loops
1

Axial ratio is often used to quantify the quality of the circular polarization, defined as the ratio of two
orthogonal components of an E-field. It will be discussed in detail in Section 5.8.2
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Figure 5.7: Proposed tunable transformer-based duplexer.
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Figure 5.8: (a) Schematic model of the transformer-based duplexer with magnetic tuning;
(b) Simplified half schematic for analysis.

closed by varactors are placed at the two sides of the transformer. Intuitively it can be
understood that when the real part of ZAnt1 is larger than that of ZAnt2 , the coupled
current from the TX coil to the left side of the primary coil is lower than the coupled
current on the right side. By tuning Cre,2 to a larger value, the right side of the TX coil
becomes more coupled to the auxiliary coil with Cre,2 , and less current is induced on the
primary coil on the right. This can compensate the reduced current on the left due to the
higher Re{ZAnt1 }, and no redundant TX current flows into the RX.
The principle of the magnetic tuning can be analyzed using the schematic shown in
Fig. 5.8(a). We assume here a symmetric transformer. In TX mode, there is a current
i1 flowing through L1,1 and L1,2 . In case of imbalance, i.e. ZAnt,1 6= ZAnt,2 , and without
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any tuning, the coupled current i2,1 is unequal to i2,2 . The difference current flows into
RX, so TX/RX isolation is degraded. By tuning the capacitances (C3,1 and C3,2 ) in the
auxiliary coils, i2,1 and i2,2 can be varied separately until they are equal. This can achieve
isolation in case of imbalanced antenna impedances. When i2,1 = i2,2 , the RX can be seen
as a virtual ground for the differential TX signal, so we can simplify the schematic into
half for the analysis, as shown in Fig. 5.8(b). In this case we obtain:
v2 = jωL2 · i2 + jωM1,2 · i1 + jωM2,3 · i3

(5.5)

v3 = jωL3 · i3 + jωM2,3 · i2 + jωM1,3 · i1

(5.6)

v2 = −i2 · ZAnt
(5.7)
1
v3 = −i3 ·
(5.8)
jωC3
where M1,2 , M2,3 , M1,3 are the mutual inductances between the inductors shown in Fig.
5.8. We assume that the coils have the same self inductance L, with a coupling coefficient
of 1, i.e. L1 = L2 = L3 = M1,2 = M2,3 = M1,3 = L. Then we can derive that:
i2 = i1 ·

jωL
jωL − (1 − ω 2 LC3 ) · ZAnt

(5.9)

We observe that if ZAnt is a real value and is changed, it can be compensated by
varying the value of C3 . Referring back to Fig. 5.8(a), the following equation should be
satisfied in order to have i2,1 = i2,2 :
(1 − ω 2 LC3,1 ) · Re{ZAnt,1 } = (1 − ω 2 LC3,2 ) · Re{ZAnt,2 }

(5.10)

This is the criteria for C3,1 and C3,2 to ideally compensate the real part imbalance of the
antenna impedances. In practice, the coupling factor of the transformer is about 0.8 based
on the EM simulations. Comparing to the ideal case, for practical mutual inductances,
larger tuning range on the Cre,1 and Cre,1 in Fig. 5.7 will be needed to compensate for
the same real part imbalance.
It is also interesting to note that in case of impedance variations, the proposed tuning
method not only compensated the impedance imbalance to improve isolation, but also
can partly improve impedance matching. For example, if ZAnt1 has a more capacitive or
inductive imaginary part comparing to ZAnt2 , by reducing or increasing the capacitance
from the shunt varactor, not only the isolation can be improved, but it also compensates
the matching on the imaginary part.
The simplified layout of the tunable duplexer is shown in Fig. 5.9. The primary coil in
the middle has the center tap connected to a co-planar waveguide (CPW) Tline with the
ground line connected through the transformer in the middle. The CPW further connects
to the LNA. The outer coil is the secondary coil connected to the TX. The coils, stacked
by the top two metal layers, are 7 µm wide with 3 µm spacing. The varactors connected
to the inner auxiliary coils and the shunt varactors at the input of the primary coil can
be tuned to maximize the duplexer’s isolation.
The varactors used in the prototype design are reverse-biased junction diodes. The
control voltages are DC coupled through large resistors, as shown in Fig. 5.9. The varactors in the auxiliary coils are in a differential configuration. The varactors can withstand
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Figure 5.9: Simplified layout of the tunable transformer-based duplexer.
a breakdown voltage of about 6 V. This corresponds to a maximum output power of 19.5
dBm with a 50 Ohm antenna impedance at P1 and P2 in Fig. 5.6, and the simulated output 1-dB compression point is higher than this, as shown in Fig. 5.10. Besides the output
power, linearity of the isolation is also important. As shown in the simulation result in
Fig. 5.10, below the breakdown level of the varactor, there is only minor degradation.
In practice, to further increase the maximum output power and the isolation linearity,
a multi-stacked technique [91] can be used to reduce the voltage swing across a single
varactor.

5.6.2

Low Noise Amplifier

After the duplexer, a low-noise-amplifier (LNA) is also implemented. Fig. 5.11 shows the
schematic of the single-ended two-stage LNA . The LNA has a cascode stage as the input
stage, which is optimized for simultaneous noise and gain matching [92]. The integrated
duplexer makes it possible to optimize the impedance matching between the duplexer
and the LNA, instead of a 50 Ω matching. The required optimum source impedance is
obtained by optimizing the transformer dimension, and no extra input matching network
is necessary. The second stage is a common-emitter stage with higher voltage headroom
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Figure 5.10: Simulated linearity of the duplexer, including output power (at either antenna
ports, Pout ) and the isolation (between the RX and TX ports of the duplexer) versus the
input power at the TX port of the duplexer (PT X ). The dashed parts are when PT X is
higher than 20 dBm, which might cause breakdown on the varactors and the simulation
model might be not valid.

Figure 5.11: Schematic of the LNA.
to improve the output 1-dB compression point.

5.6.3

The Implemented IC

The on-chip hybrid-transformer-based duplexer and the LNA described above are designed
in a 0.25 µm SiGe:C BiCMOS technology [93]. The die photo of the test chip is shown
in Fig. 5.12, which consists of the transformer duplexer, LNA, and a balun for singleended TX port measurement. The total chip area is 1.2 mm×0.8 mm, while the duplexer
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Figure 5.12: Chip micrograph.
occupies only about 0.25 mm×0.25 mm.

5.7
5.7.1

Design of the Demonstrator with On-Board Antennas
Sequentially-Rotated Circularly-Polarized Patch Antenna

An aperture-coupled microstrip antenna (ACMA) [64, 94, 95, 96] is used as a basic antenna element in the 2 × 2 array with sequential rotation. The substrate stack-up with
high frequency Rogers materials is shown in Fig. 5.13. The patch antennas are printed on
the top metal layer, surrounded by a ground plane to reduce unwanted surface-wave propagation. The patch antennas are coupled through a slotted ground plane in the middle
layer, to the feed lines on the back side of the board. The top and middle ground layers
are connected by abundant vias around the antennas. Compared to a patch antenna with
direct feed, the ACMA element can achieve a wider bandwidth [94].
The dimensions of the antenna structure and feed network are described in Fig. 5.14.
The distance between the adjacent patch antennas is 7.5 mm, corresponding to 0.75λ at
around 30 GHz, in order to obtain a compromise between antenna size, mutual coupling
and pattern characteristic [97]. Impedance matching is achieved mainly on the feed layer,
using a stub of 0.65 mm long (effectively as a shunt capacitance) in combination with an
inductive line in series. The input matching fractional bandwidth (S11 < −10 dB) at
point P1 and P2 in Fig. 5.14 is more than 13% around 30 GHz in simulation. In the feed
layer, the 50 Ω microstrip Tline has a width of 0.45 mm in this stack-up. The lengths of
the feed lines satisfy the length difference shown in Fig. 5.6. For simplicity,
a non-isolated
√
reactive power combiner is used in this design. It consists of two 50 2 Ω lines with length
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Figure 5.13: Stack-up of the antenna board.
of λ/4. If it is applied in a larger antenna array system and mutual coupling between
antennas become more significant, an isolated wilkinson combiner can be used instead.
The dimensions of the final board design are optimized around 31 GHz 2 . The length of
the ground slot is optimized to obtain a double tuning [94], which improves the bandwidth.
And more importantly, the impedances at P1 and P2 in Fig. 5.14 are optimized to be close
to each other around 31 GHz, which is important to achieve high isolation as explained in
Section 5.3.3. The simulated impedances at P1 and P2 are shown in Fig. 5.15.

5.7.2

Wire-Bond Interface

The wire-bond interface between the chip and the antenna board shown in Fig. 5.16 is
critical to maintain the impedance matching for the desired bandwidth. For the wirebonding, a cavity is made in the board with a depth of about 0.2 mm (in the used stack,
the bottom of the cavity is the ground plane of the board), and the silicon die is placed in
it. The die has a substrate thickness of 0.22 mm. In this way, the required length of the
wirebonds is minimized. Meanwhile, for the critical RF connections, the distance between
the cavity and the die edges uses the minimum allowable distance in order to minimize the
length of the wires for the critical 30 GHz signals. However, the bond wire with a diameter
of 25 µm still has more than 300 pH inductance in our case. The impedance matching to
compensate the wire inductance on the RX port is explained in Fig. 5.16(b). The matching
consists of a low impedance line (≈ 38 Ohm) and a high impedance line (≈ 80 Ohm) that
match the impedance before the bond wire to Z2 , which is further matched to around 50
2

As will be shown in the measurement results on the duplexer chip, the peak gain is shifted to 31 GHz.
The antenna board design is thereafter fine-tuned and optimized accordingly.
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Figure 5.14: The dimensions of the aperture coupled microstrip antenna and the feed lines.
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P1

P2

Figure 5.15: The simulated impedances at P1 and P2 seen from the duplexer are optimized
so that they are close to each other around 31 GHz.
Ohm after the bond wire. Notice that the ground-signal-ground bond wires connects to a
co-planar waveguide transmission line which is part of the impedance matching. A similar
matching method is used for the antenna ports and the TX port.
The photographs of the manufactured and assembled prototypes are shown in Fig.
5.17. The 2 × 2 ACMA antenna array has a size of 19 ×19 mm2 .

5.8

Measurement Results

In this section, measurement results will be presented, including the chip measurement
and the final demonstrator with on-board antennas.

5.8.1

On-Chip Duplexer Measurement Results

To characterize the performance of the duplexer chip in Fig. 5.12, a full four-port onwafer measurement was done, and the port assignment is annotated in Fig. 5.12. Fig.
5.18 shows the simulated and measured input reflections and gain/loss for and the NF for
the RX/TX modes. For the RX mode, as shown in Fig.5.18(a), a measured gain of 18.0
dB at 31 GHz is achieved when port 1 and 2 are excited with common-mode signals with
a 3-dB bandwidth from 27.5 GHz to 34.5 GHz. The measured peak gain shifts slightly to
higher frequency and degrades by less than 1 dB. Notice that the simulated gain of the
standalone LNA without the duplexer at the input is 20.2 dB, which implies about 2.2
dB insertion loss from the duplexer for the RX mode. The measured NF is about 4.0 dB,
and the simulated NF is 3.3 dB. For the TX mode, as shown in Fig. 5.18, the measured
insertion loss is 3.1 dB at 31 GHz when driving port 1 and 2 in differential mode. The 0.9
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(a)

(b)

Figure 5.16: The interface between the microstrip lines and the chip using (a) wire-bond
interface; (b) the matching network breakdown.
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Figure 5.17: Photograph of the demonstration boards with 2 × 2 linearly-polarized ACMA
with sequential rotation: (a) Using a rat-race coupler as duplexer; (b) Using the wirebonded hybrid-transformer based duplexer chip covered with glob-top.
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Figure 5.18: (a) Measurement and simulation results for the RX mode, including RX
path gain and noise figure, simulated LNA’s gain and the input reflection. (b) Measured
and simulated results for the TX mode, including TX path insertion loss and the input
reflection.

dB higher duplexer loss for the RX mode is due to the extra loss from the limited coupling
factor in the transformer. In this design, the LNA consumes 60 mW.
The measured TX/RX coupling (S34 ) between the TX port (port 4) and the LNA
output (port 3) is shown in Fig. 5.19. It includes the isolation provided by the duplexer
and the LNA gain. The isolation |S34 | is about 3 dB around 30 GHz when no tuning is
applied. This corresponds to a total isolation of only 23 dB by the standalone duplexer
due to the 20 dB of gain from the standalone LNA. By applying the tuning, the isolation
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frequency (GHz)
Figure 5.19: Measured port isolation (S34 ) of the duplexer chip, including the 20 dB gain
from the standalone LNA. The isolation of the duplexer standalone (ISOLDU P ) around
30 GHz is calculated by subtracting the LNA’s gain from the S34.

can be significantly improved. |S34 | can be tuned to be higher than 20 dB for a bandwidth
of 2 GHz around 31 GHz, as shown in Fig. 5.19, and it corresponds to a duplexer isolation
of more than 40 dB. The bandwidth of a 45 dB duplexer isolation is about 1 GHz. The
aggregated bandwidth of the high isolation by the on-chip tunable duplexer is more than
7 GHz, from 27 to 34 GHz.
Figure. 5.20 shows the tuning range of the on-chip tunable duplexer. The measurement
is done using a source-pull at Ant1 port (port 1 in Fig. 5.12) and calibrated 3-port
measurements are done on the other three ports for different source impedances at the
Ant1 port. The calibrated 3-port measurement can measure the isolation between RX and
TX port when the Ant2 port is terminated by 50 Ω. The discrete points are the measured
source impedances at Ant1 that can be tuned for more than 50 dB isolation at 31 GHz by
the on-chip duplexer. The interpolated impedances within the range are tunable for high
isolation. This range is sufficient for typical radar applications. For cellular applications
where the antenna impedance can vary significantly, the tuning range can be extended by
increasing the capacitance tuning ratio of the varactors, and even antenna tuning units
might be necessary to confine the antenna impedance [24]. Note that the tuning range
in Fig. 5.20 is shifted towards the capacitive part of the Smith chart. This is due to the
imbalance in the complete layout of the on-chip hybrid-transformer. It is also the main
reason for the low isolation before tuning in Fig. 5.19. Thanks to the on-chip tunability,
the impact can be compensated and high isolation can be achieved.
A performance summary of the duplexer chip and a comparison to other state-of-art
standalone duplexers [76, 77, 78, 24, 80, 98] are listed in Table. 5.1. The duplexers
working at around 2 GHz [24, 80, 98] which use the similar technique achieve the similar
level isolation, but their loss is higher. This is because of the inherent power loss due to the
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Figure 5.20: The impedance range at the input of Ant1 port (port 1 in Fig. 5.12) that
can be tuned by the on-chip tunable duplexer for an isolation of more than 50 dB at 31
GHz.

Table 5.1: Performance Summary on the Duplexer and Benchmarking.
4IMM31-5

[77]
D.-J. Huang
IMS'12

[78]
S. Cheung
MTT'10

Technology
of Duplexer

Microstrip
Drop-in

0.18µm
CMOS

0.25µm
pHEMT

65nm
CMOS

Freq (GHz)

30 to 32

24

10.2 to 12.8

1.5 to 2.2

[76]
Dorado

[24]
[80]
M. Mikhemar S. Abdelhalem
JSSC'13
CICC'13

[98]
van Liempd
ISSCC'15

This work

90nm
CMOS

0.18µm
SOI CMOS

0.25µm
SiGe BiCMOS

1.7 to 2.2

1.9 to 2.2

27 to 34

Isolation (dB)

> 20

26

35

> 50

> 50

>50

> 45 (~1 GHz BW)
> 40 (~2 GHz BW)

Gain (dB)

> -0.9

-8.5

-4.5

26

45

> -3.9
(no LNA)

18

RX

NF (dB)
TX Loss (dB)
Duplexer
Area

-

-

4.5

5

5.3

-

4

< 0.9

-9

4.5

2.5

3.7

< 3.7

3.1

35 mm2
(off-chip)

0.35mm2

16 mm2

0.2 mm2

2.2 mm2

1.75 mm2

0.25 mm × 0.25 mm

balancing load, as shown in Fig. 5.1. The presented on-chip tunable hybrid-transformer
based duplexer demonstrates high isolation at mm-wave with good NF for the RX and
relatively low TX insertion loss. In terms of area, the duplexer in this work occupies much
less area than the off-chip [76] and the on-chip [77] circulators which operate at the similar
frequency.
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Figure 5.21: Measured isolation of the antennas with rat-race coupler as duplexer.

5.8.2

Demonstrator Measurement Results

The measurement of the demonstration boards in Fig. 5.17 consists of two parts. First, we
measured the isolation between the RX and TX ports on both the rat-race coupler version
and the on-chip duplexer version. Next to the isolation, the impact on the antenna patterns
and the purity of the circular polarization (CP) are also crucial, especially after tuning
for high isolation for the on-chip duplexer case. So secondly, we measured the antenna
patterns and the corresponding axial ratio. The CP antenna patterns in the principle
plane (φ = 0◦ ) are characterized using an LP reference antenna which measures the xand y-component of the total electric field, i.e. Ex and Ey . The used coordinate definition
is shown in Fig. 5.17. The RHCP and LHCP patterns in the principle plane are:
√
2
ERHCP =
· (Ex + Ey · j)
(5.11)
2
√
2
ELHCP =
· (Ex − Ey · j)
(5.12)
2
and the axial ratio (in dB) is:

AR = 20log10

|ERHCP | + |ELHCP |
|ERHCP | − |ELHCP |


(5.13)

Results of the Rat-Race Coupler
The measured isolation between the RX and TX ports in the prototype using a rat-race
coupler is shown in Fig. 5.21. It can achieve an RX/TX isolation of around 20 dB around
31 GHz. For the antenna performance, both the RX and TX mode have an antenna gain
of about 6.5 dBi at 31 GHz at broadside, and the 3 dB beamwidth is about 34◦ , as shown
in Fig. 5.22. The desired patterns of the RX and TX mode are in orthogonal polarizations,
i.e. the co-polarizations of RX and TX mode are in LHCP and RHCP respectively. The
cross-polarizations of both modes are more than 18 dB as compared to the co-polarization
component at broadside. This corresponds to an AR of lower than 2 dB, as shown in Fig.
5.23.
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Figure 5.22: Measured normalized antenna patterns of the antennas with rat-race coupler
as duplexer, including the co-polarization and cross-polarization patterns at both RX and
TX ports. The measurement is at 31 GHz in the φ = 0◦ plane.
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Figure 5.23: Measured axial ratio of the RX and TX patterns of the antennas with rat-race
coupler as duplexer. The measurement is at 31 GHz in the φ = 0◦ plane.
Results of the On-Chip Tunable Hybrid-Transformer
For the demonstrator with on-chip duplexer, the RX/TX isolation at 31 GHz is about 9
dB before tuning. As mentioned in section V-A, this isolation includes the gain from the
on-chip LNA (about 20 dB) and the loss from the interface and feed lines at the LNA
output and TX port input (about 0.5 dB each). As a result, this will correspond to an
isolation of 28 dB from the on-chip duplexer. Note that this isolation is achieved in a
more practical scenario with real antenna connections, while the on-wafer measurement
in Section 5.8.1 assumes 50 Ω ports at the antenna inputs. After applying the on-chip
tuning, the isolation can be improved by more than 20 dB around 31 GHz, as shown in
Fig. 5.24. The achieved isolation from the on-chip duplexer is more than 50 dB between
30.2 GHz and 31.2 GHz, and more than 40 dB between 30.1 GHz and 32.6 GHz. It can be
observed that there is a dual-notch around 31 GHz, thanks to the optimized impedance
from the antenna shown in Fig. 5.15. This implies that we can improve the isolation
bandwidth by further optimizing the antenna impedance to 50 Ω.
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Figure 5.24: Measured RX/TX port isolation of the antennas with on-chip hybridtransformer based duplexer, before and after tuning for high isolation. It includes gain
from the LNA.

The antenna pattern for the prototype with on-chip duplexer shows a similar 3 dB
beamwidth for both RX and TX patterns, before and after tuning, as shown in Fig. 5.25.
The co-polarizations of the RX and TX are in orthogonal circular polarizations. The
cross-polarization by the TX is more than 19 dB below the co-polarization, and an axial
ratio (AR) of below 2 dB is achieved as demonstrated in Fig. 5.26. The TX AR is less
influenced after the tuning than the RX. For the RX, the AR is about 3.8 dB at broadside,
which is degraded by about 1.2 dB after the tuning is applied.
The impact of the relatively high RX AR can be two-fold in practice. First, it can
increase polarization loss. In case of receiving a pure LHCP signal, an RX AR of 5 dB
leads to a polarization loss of less than 0.35 dB, which is acceptable for most applications.
Second, it has only a rejection ratio of about -11 dB to an interference signal with RHCP.
This RHCP interference can be from its own TX, e.g. the LHCP signal from the TX
mode (-19 dB lower than the RHCP signal as shown in Fig. 5.25) will be RHCP after
reflection for the RX. Including the path loss in air (e.g. 42 dB for 0.1 m at 31 GHz), the
received RHCP signal from the reflected TX signal can be attenuated by more than 78
dB in total, which is not going to degrade the duplexer isolation. However, if the received
RHCP signal is from other systems, this might give interference problems. The degraded
RX AR in Fig. 5.26 is probably due to undesired coupling between the wire-bonds in this
work. The reason that the RX is more influenced is because there is also LNA on-chip,
which amplifies the undesired coupled signals. The AR can be improved by increasing the
distance between the high frequency wire-bonds and/or by using more advanced packaging
technologies, e.g. flip-chip interconnects.
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Figure 5.25: Measured normalized antenna patterns of the antennas with on-chip hybridtransformer based duplexer, including the co-polarization and cross-polarization patterns
at both RX and TX ports, before and after tuning for high isolation. The initial patterns
are shown as solid lines, while the patterns after tuning for high isolation are denoted as
dashed lines. The measurement is at 31 GHz in the φ = 0◦ plane.
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Figure 5.26: Measured axial ratio of the RX and TX patterns of the antennas with onchip hybrid-transformer based duplexer, before and after tuning for high isolation. The
measurement is at 31 GHz in the φ = 0◦ plane.

5.9

Discussions on Potential Extensions

Other than the particular implementation in this chapter, the duplexer concept in Fig.
5.2 and Fig. 5.3 can be varied and extended for different applications, a few of which are
discussed below:
• The on-board quarter-wave Tline can be replaced by lumped on-chip components
for higher integration, especially for applications at higher frequencies with on-chip
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antennas [99]. This can be done by using a high-pass LC filter with +45◦ phase
shift and a low-pass LC filter with −45◦ phase shift on the two sides of the primary
coil of the hybrid-transformer. In this way, a wide-band 90◦ phase difference can be
achieved, with a more balanced ohmic loss on the two sides. Notice, however, that
the impedance transformation still exists in this case just as in the configuration in
Fig. 5.3(a).
• A rat-race coupler potentially can replace the hybrid-transformer, as in Fig. 5.5, and
can be extended to on-chip implementation at higher frequencies. Furthermore, the
rat-race coupler can be extended with tuning capabilities, in order to achieve high
isolation in practice. One possible implementation of the tunability is the distributed
tunable Tline [50].
• For applications which are area-limited, a dual-feed single-patch antenna [100] is an
alternative for the sequentially rotated 2 × 2 array. The configuration in Fig. 5.2
with a dual-feed single-patch antenna can be very compact and might be interesting
for lower frequency applications, e.g. WLAN and cellular.
• It is valuable to have tunable dual notches by the tunable duplexer for FDD communication applications [80, 81]. This is necessary for such applications not only to
isolate the large blocker at the TX band, but also to isolate the noise generated by the
TX around the RX band. This might be achieved by extra degrees-of-freedom and
complexity in the tuning circuitry which however will inevitably increase insertion
loss.
• A tunable duplexer with a larger bandwidth is another interesting topic in order
to make better use of the available wide bandwidth at mm-wave frequencies. The
most obvious solution to this on the proposed configuration is a wide-band antenna
design with an input impedance sufficiently close to 50 Ω, so that the impedance
transformation by the quarter-wave Tline is minimized. A tunable duplexer with
dual or even multiple notches is also a potential solution to increase the isolation
bandwidth.

5.10

Summary and Conclusions

This chapter has presented a novel mm-wave circular polarization duplexer concept with
on-chip hybrid-transformer. The proposed technique duplexes the orthogonal linearlypolarized antennas by the circularly-polarized TX and RX signals with high TR/RX isolation. An on-chip tuning mechanism is further proposed for optimizing the isolation in
case of impedance imbalance. The on-chip duplexer demonstrates high isolation with low
NF for the RX path and low insertion loss for the TX path. Two antenna prototypes
integrated with the on-chip duplexer and with an on-board rat-race coupler have been designed and implemented. Orthogonal circular polarizations are demonstrated for the TX
and RX. The on-chip tunable duplexer prototype achieves a high isolation of more than
50 dB around 31 GHz. The proposed circular polarization duplexer concept is especially
suitable for radar and imaging applications, offering the possibility of full integration in
combination with low loss and high isolation.
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Chapter 6

Conclusions and
Recommendations
6.1

Conclusions

This thesis focuses on interference scenarios for future millimeter-wave wave (mm-wave)
applications. Two interference issues are investigated, i.e. spatial interference and self
interference.
The first investigated issue is spatial interference suppression. In order to compensate
the high path loss at mm-wave frequencies and maintain the required link budget, phased
arrays are typically used. Thanks to the directivity of a phased array system, certain
spatial re-use can be obtained. However, the spatial re-use is not fully explored in today’s
mm-wave phased arrays. It is demonstrated in this thesis that the interferences entering
the side-lobes can degrade the signal-to-interference ratio (SINR). Null-forming is a known
technique for spatial interference mitigation, especially when the spectrum gets crowded
in future applications. However, practical impairments in the analog/RF phase shift and
amplitude weights and the pre-knowledge of the interference direction hampers the accurate control over the spatial nulls. With some reasonable impairments, the resulted SINR
by a conventional null-forming array can even degrade to the case with no optimization
at all.
To achieve a robust null-forming, an adaptive array assisted with an efficient genetic
algorithm (GA) optimization is proposed in this work, which can efficiently find the proper
weights to decrease the received undesired power, thereby improving the SINR. It is shown
that nulls can be formed with a small number of iterations with significant improvement
on the SINR and spatial re-use gain. It is also shown that the method is robust to weight
errors. It can be a useful method for practical analog/RF phased arrays at mm-wave
range to exploit the spatial re-use as an extra resource (on top of the frequency division
and time division), which can help co-existence between different links and/or increase the
total network throughput efficiently.
The proposed adaptive analog/RF null-forming array requires a high resolution phase
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shifter (6-bit or comparable I/Q modulated constellation points). This is necessary to
have a good main-lobe coverage for a uniform linear array (ULA) of 8 or 16 elements.
Meanwhile, it provides extra degrees-of-freedom so that the null-forming array is able to
tune the array pattern to place nulls in certain directions. As an enabler for the proposed
null-forming array, the required phase shifter for 60 GHz applications is investigated in this
thesis. In a sliding-IF receiver front-end architecture, two versions of suitable phase shifters
are implemented in a 40-nm CMOS technology, i.e. an LO-path phase shifter (LOPS) and
a baseband phase shifter (BBPS). The LOPS achieves a resolution of 5.4◦ , i.e. about 6-bit,
from 44 GHz to 54 GHz, and the BBPS achieves in total 225 constellation points for both
phase and amplitude adjustment. Both designs are suitable for the proposed adaptive
null-forming array.
Another potential scenario in mm-wave front ends is self interference from the colocated transmitter. The high power self interference can cause saturation and desensitization of the receiver. The self interference scenario can further be divided into two
situations depending on the frequency separation between the transmitter and receiver.
First, the separation can be relatively high, e.g. in a very-small-aperture-terminal
(VSAT) scenario when the transmitter and receiver are around 30 GHz and 20 GHz
respectively. The VSAT scenario requires a receiver with ultra low noise figure (NF) below
2 dB. It is challenging to achieve the required high isolation with low loss and minimal
impact on the NF. A 20 GHz LNA design with integrated passive filtering is proposed to
achieve this. It is found that an optimum trade-off between stop-band attenuation and
total pass-band NF can be obtained by properly applying filtering at different stages of
the LNA. Furthermore, co-designing the filter and matching can further reduce the added
impact of passive filtering on the receiver. Implemented in a SiGe BiCMOS 0.25 µm
technology, the filtering LNA achieves an attenuation of more than 30 dB from 27.5 GHz
to 31 GHz with a 0.1 dB to 0.4 dB degradation on the NF, comparing to a reference LNA
design without any filtering. This integrated solution can be used for future Ka-band
VSAT full-duplex applications. A similar approach can be used in the PA design to filter
the noise around 20 GHz.
The second scenario for self-interference is when the transmitter and receiver are close
in frequency. In this case, passive filtering is not suitable due to the limited on-chip quality
factor, and a duplexer is typically used. At mm-wave, however, the ferrite-based circulators and the on-chip active circulators have limited isolation. For this scenario, a mm-wave
circular polarization duplexer concept using an on-chip tunable hybrid-transformer is presented. The proposed technique is based on the concepts of a hybrid-transformer and
circular polarization. It is capable of duplexing orthogonal linear-polarized antennas by
the circularly-polarized TX and RX signals with high TX/RX isolation. A 30 GHz duplexer test-chip integrated with an LNA is implemented in a SiGe BiCMOS 0.25 µm
technology. In order to demonstrate the polarizations and the isolation with antenna
connections, two antenna prototypes integrated with the on-chip duplexer and with an
on-board rat-race coupler have been implemented. Orthogonal circular polarizations are
demonstrated for the TX and RX. The on-chip tunable duplexer prototype achieves a high
isolation of more than 50 dB around 31 GHz. This proposed circular polarization duplexer
concept is especially suitable for radar and imaging applications, offering the possibility of
full integration in combination with low loss and high isolation. It also has the potential
to extend to communication applications.
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In conclusion, methods and high performance circuits in silicon technologies are developed in this thesis for the spatial and self interference issues in mm-wave integrated front
ends. Practical challenges of null-forming in a mm-wave phased array are investigated and
a robust method is proposed for better exploring the spatial interference mitigation. As
a critical block in the method, high resolution phase shifters are implemented in CMOS
technology. As the usage of wireless systems at mm-wave becomes more and more popular in the future, we can envision that the proposed method can be useful in improving
the co-existence and the total throughput. For the self interference issues between the
co-located TX and RX, high performance fully integrated circuits are implemented in
BiCMOS technology, i.e. a filtering LNA and a hybrid-transformer based duplexer. The
measurement results show competitive performance to traditional off-chip components,
e.g. waveguide-based or ferrite-based components. Due to the reduced form factor, lower
system cost and lower interconnect complexity, the fully integrated techniques are very
attractive solutions for future mm-wave front ends.

6.2

Original Contributions

• Investigation of the practical impairments in a phased array and the impacts on
null-forming. Accordingly, a robust null-forming method is proposed for spatial
interference mitigation in mm-wave phased array receivers.
• Design and implementation of two high resolution phase shifters in a 60 GHz front
end, i.e. a LO-path phase shifter and a baseband phase shifter.
• Design and implementation of a filtering LNA for self interference suppression in
full-duplex VSAT applications.
• Proposal for a circular polarization duplexer method.
• Design and implementation of an on-chip hybrid-transformer based duplexer.
• Design and implementation of a demonstration board with on-board antennas, and
a wire bonding interface to the duplexer chip.

6.3

Recommendations for Future Work

• The null-forming receiver array as proposed in Chapter 2 minimizes spatial interference reception. A more global optimization is interesting to investigate. Nulls can
also be generated in the array pattern of a transmitter array. If the desired receiver
array pattern and interference transmitter array pattern can be jointly optimized,
even more spatial re-use gain can be obtained. Co-ordination is necessary in this
case between the desired receiver and the interfering transmitter(s).
• For the null-forming array, it is interesting to investigate different algorithms for
the optimization. The presented usage of a genetic algorithm demonstrates good
performance in terms of SINR improvement and convergence. However a thorough
investigation on alternative algorithms can be interesting to further improve the
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speed. Besides, a microprocessor implemented on-chip for the algorithm is also very
interesting and valuable for full integration and for real-time applications.
• In practice, mutual coupling between antenna elements can also influence the total
array pattern. Potentially, the genetic algorithm assisted array can also compensate
the effect of mutual coupling, and minimize the total received interference power.
For practical use, it is interesting and useful to take the mutual coupling into account
in the proposed method.
• For the filtering LNA presented in Chapter 4, it is also important to investigate the
impact of the packaging and interface to the antenna on the total NF. One step
further, it is also interesting to take the packaging/interface into consideration at an
early stage, and to co-design it as part of the filter. For example, the bond-wire at
the RF input can be an inductor with very high quality factor.
• The passive filtering method can be extended to the power amplifier design at the
transmitter side. This can suppress the transmitter noise which can be coupled to
the receiver and raise the noise floor.
• For the circular polarization duplexer proposed in Chapter 5, the axial ratio of the
receiver’s polarization should be improved. It can be improved by a better design of
the wire-bond interface to avoid undesired coupling, or by more advanced packaging
technologies, e.g. flip-chip.
• The duplexer concept can be extended to higher frequencies (e.g. 100 GHz) and to
full integration with on-chip antennas.
• The tunable hybrid-transformer based duplexer with dual identical antennas can
be suitable for low frequency applications, e.g. multi-standard cellular applications.
Single-patch dual-feed antennas can be used for a compact size. It is interesting to
investigate its performance and feasibility.
• It is worthwhile to extend the hybrid-transformer based duplexer with dual notches
for frequency-division-duplex based communication applications.
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Appendix A.
Phase Shift and Time Delay
In Chapter 3, we used a narrow-band phase shift (φk ) approximation in the weight tuning.
However, the received signal at each antenna actually have a time delay difference, and
the phase approximation is not enough to compensate the time delays for a wide-band
signal, and using a phase shift will lead to a frequency-dependent beam-steering. In this
appendix, we examine the effect of the phase approximation, and validates our usage of
phase shifts in the 60 GHz single-channel communication application.
First, we revisit the array factor by using time delays. We can replace the phase shifts
φk in equation (2.4) in Chapter 3 by 2πf · τk for k = 1, · · · , N , as below:
AFτ (f, θ) =

N
X

ak · e

−j·2πf ·



(k−1)d·sin(θ)
+τk
c



(A.1)

k=1

For beam-steering towards direction θs , we can set ak = 1, and the time delay for each
path for beam-steering as:
τk = −

(k − 1)d · sin(θs )
,
c

f or

k = 1, · · · , N

(A.2)

In this case, independent of the frequency, the array factor at direction θs is always
maximum, i.e. AFτ (f, θs ) , N .
If a phase shift approximation is made on the time delay at a center frequency of fc ,
then the corresponding phase shift of (A.2) is:
φk = −2πfc ·

(k − 1)d · sin(θs )
,
c

f or

k = 1, · · · , N

(A.3)

Using the phase shift in (A.3), the array factor then becomes:
AFφ (f, θ) =

N
X

ak · e−j

2πd·(k−1)
·[f ·sin(θ)−fc ·sin(θs )]
c

(A.4)

k=1

From (A.4), we can see the maximum array factor at f is steered towards a frequencydependent direction:
f
θmax (f ) = arcsin( · sin(θs ))
(A.5)
fc
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Figure A.1: The array patterns using (a). time delay and (b). phase shift. The antennas
are assumed with d = λ2 spacing, with N = 16 and F BW = 20%.

In other words, for the desired direction, the array will experience a different array
factor. This is illustrated in Fig. A.1, which is simulated on a 16-element array with
d = λ/2 spacing and the array is beam-steered towards θs = 30◦ . The figure shows
array factors at the center frequency and the lowest and highest frequencies using time
delay and phase shift respectively. The fractional bandwidth is assumed to be 20%, i.e.
F BW = ∆f
fc = 20%. It can be observed that at θs , the main-lobe peaks of the array
factors using time delay are frequency independent, while the peaks using phase shift are
shifted for the lowest and highest frequencies within the F BW . And the main-lobe gains
at θs are dropped for the two edge frequencies. This effect is also called beam squint [34].
The effect of beam squint due to the phase shift approximation is dependent on the F BW
of the signal, the size of the array and also the maximum AoA. Actually we can quantify
the beam squint effect by the gain loss of the array factor in a certain desired direction θs
as follows.
Consider a wide-band signal with a fractional bandwidth of F BW = ∆f
fc , we can derive
the variation on the array factor towards the desired direction. The absolute value of the
array factor towards θs at the lowest and highest frequency, i.e. fc ± ∆f
2 , can be denoted
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Figure A.2: The SNR loss due to beam squint using phase shift instead of time delay,
versus the F BW for N = 4, 8, 16 when (a). θs = 30◦ , and (b). θs = 60◦ . The antennas
are assumed with d = λ2 spacing.
as:
N
X
2πd·(k−1)
∆f
·[(fc ± ∆f
)·sin(θs )−fc ·sin(θs )]
c
2
AFφ (fc ±
, θs ) =
e−j
2
k=1


if θs = 0
N
r
=
1−cos[N · πd
·∆f ·sin(θs )]
c

if θs 6= 0

1−cos[ πd
·∆f ·sin(θs )]
c

(A.6)

With (A.6), we can get the SNR loss comparing to the maximum achievable SNR, i.e.
N:

∆SN Rφ (∆f, N, θs ) = 10 log10

∆f
1
· AFφ (fc ±
, θs )
N
2


(in dB)

(A.7)

From (A.6) and (A.7), we can decide how much the influence is on the main-lobe gain
due to the phase shift approximation for certain applications, based on the requirements
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on signal bandwidth, number of antenna’s and the maximum steering direction. We can
plot the corresponding ∆SN Rφ for different values of F BW , N and θs , as shown in Fig.
A.2. It can be observed that the SNR loss increases with larger N , larger F BW and/or
larger θs . It is also interesting to notice that in Fig. 2(b), significant loss happens for a
16-element array when the F BW is 29%. This is because the shift of the main-lobe at the
edge frequencies is so large that a null is placed towards θs .
For the 60 GHz application that we are looking at in Chapter 2, the recent standard
[12] locates four channels, each with a bandwidth of 2.16 GHz, around the 60 GHz band.
In this work, we consider scenarios with dense links in the environment, and most links
are using a single channel at the same time. For the usage of a single channel, the F BW is
3.6%, which corresponds to a maximum SNR loss of only 0.11 dB for ±60◦ steering range
by a ULA of size 16. As a result, in Chapter 2 and Chapter 3, phase shift will be used
for weight control instead of time delay. Ultimately, in case of channel bonding on all the
four channels, the SNR loss is 1.9 dB for the same steering angle and array size, and it
will be more severe for even larger sizes of a linear array (although it is not common in
commercial applications) which will tend to require time delays in the array system.
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Appendix B.
Genetic Algorithm for the
Null-Forming Array
Instead of the closed-form max-SINR solution introduced in Chapter 2, the method proposed in the same chapter is to find the optimum weights by a genetic algorithm (GA)
which minimizes the received noise plus interference power. Fig. 2.8 shows the receiver
architecture for this GA assisted adaptive array. In each array path, the most-significantbits (MSBs) of the phase-shifters are dedicated for controlling the mainlobe, while the
least-significant-bits (LSBs) are used to add perturbation to the array pattern to form
nullings at certain directions. The main-lobe can be controlled or shifted by only using
the phase-shifters, so the MSBs of the amplitude bits are always set to 1’s and therefore
not shown in Fig. 2.8. The LSB perturbations on the phase-shifters and VGAs will only
slightly influence the mainlobe.

Algorithm Description
In this appendix, we will describe the GA in detail. There are two important concepts
in GAs, chromosome and population. A chromosome denotes a string of settings for the
phase-shifters and the VGAs on each antenna’s path. In our case, since we use discrete
phase-shifters and VGAs, a chromosome is a concatenation of the LSBs of every antenna
path’s phase and amplitude setting. All different chromosomes together form a population
of size Npop . The basic idea of a GA is to evolve the population by many iterations
(generations) until a chromosome achieves the optimization goal. The optimization goal
in our application is to minimize the total received interference power plus the noise floor
below a minimum power threshold.
The algorithm procedure is shown in Fig. 2.9. The GA core starts by an initialization
of the populations. In the initialization, half of the chromosomes are randomly generated,
while the other half are the complement of the first half. This increases the diversity of the
chromosomes (or the coverage on the search space) and may reduce the convergence time.
Second step is to evaluate the chromosomes. Apply every chromosome’s setting to the
phase shifters and VGAs, and the corresponding received interference plus noise power is
measured, and they are sorted in an ascending order. If the minimum power threshold is
reached by one or more chromosomes, the best chromosome is selected and the algorithm
is finished. Otherwise, it continues to refresh the populations for the next iteration.
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In the next step, the worse chromosomes (with a discard rate of RD = 50%) in the
sorted population are discarded. The survived populations are then selected into pairs and
they create two off-springs by crossover. The selection method in this GA uses roulette
wheel weighting [43]. The parents are selected from the sorted population with a probability inversely proportional to their rankings. So the better chromosomes have a higher
possibility to be selected to generate the new population. The crossover method used here
is uniform crossover [43], which exchanges the two bits from the same position of the two
parent chromosomes with equal probability. After mating, the off-springs fill the discarded
population.
Then mutations are randomly added to the new populations. Randomly selected bits
with a mutation rate of RM in the new population (except the best chromosome) are
negated. This helps the algorithm to explore other possibilities without being stuck in
local maxima. After mutation, the new population is generated and ready to be used in
the new iteration. If the mutation happens on the first half of the population (the survival
population), the mutated chromosome will be added as a new chromosome, while keeping
the original chromosome. This forces the average of the survival population always to
improve or at least maintain at the same level in the next generation.
A maximum limit on the number of iterations is set in order to avoid the algorithm
being stuck for too long. If the maximum iteration limit is reached but still not converging
to the minimum power threshold, the optimization will increase the LSBs used for phase
perturbation, i.e. Bps,LSB , and start another call of the GA. The reason of not converging
in limited iterations is mainly due to the interference getting too close to the mainlobe. In
this case, larger Bps,LSB is used as phase perturbation and less Bps,M SB (the total phase
bits are kept the same). This gives more control on the nulling range by adding more shift
to the mainlobe and sacrificing some gain in the direction of the desired signal.

GA Parameters for Fast Convergence
In some 60 GHz applications, such as wireless uncompressed video streaming, a low
latency is an important specification[16]. Especially when the interference is OFDM modulated signal, which is a possible case for most of the 60 GHz standards, the signal has a
peak-to-average ratio. So one power measurement for a new chromosome setting in the GA
needs to average out enough symbol periods for a better estimation on the received rootmean-squared (RMS) power. Here we assume the time needed for a power measurement
is most critical, so a faster convergence of the algorithm means that we have to minimize
the total number of power measurements in a GA for fast convergence. In this appendix
we will focus on the GA’s internal parameter settings to achieve a better convergence.
For a GA, there are many possibilities to optimize for faster convergence [43], including
population size and the initialization of the first population, discard rate, the selection and
cross-over method for the next generation, the mutation rate, etc. The considerations on
population initialization, selection and crossover method are described in the previous
subsection. Besides, the most important parameters are the population size (Npop ) and
mutation rate (Rm ) [101]. We will focus on finding the best values of these two parameters
to have a fast convergence of the GA.
To evaluate the GA’s convergence for different values of Npop and Rm , we apply a
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relatively severe case interfering condition when two strong interferences are entering the
sidelobes. Two -60 dBm interferences are assumed to enter a ULA of size N = 16 at
AoA of −10◦ and 26◦ . The GA will be called independently 1000 times for each Npop
and Rm combination. Because of the randomized operations in the GA, the number of
power measurements required for a convergence can be varied in different GA calls. The
mean value and standard deviation of the number of power measurements are recorded
and compared. In the simulations, Npop varies from 4 to 36 in a step of 4, and for each
Npop the RM varies from 1% to 10% in a step of 1%.
The mean value and standard deviation of the number of power measurements in the
GA are shown in Tab. B.1 and Tab. B.2. As shown in Table. B.1, the mean value of
number of power measurements is more sensitive to RM . There is an optimum RM for
each Npop , since small RM doesn’t introduce enough variations to move from the local
maximas, while too large RM will make the algorithm act like random search. For small
Npop , the optimum RM for the smallest mean value is around 7%, and the optimum RM
for higher Npop tends to decrease, as shaded in Table. B.1. The optimum mean value in
each column also tends to increase as Npop increases. Standard deviation is also important
since we don’t want the number of power measurements to deviate too much with high
probability. Here we will choose Npop and RM combinations for a low mean value of power
measurements as the first priority, and preferably a small standard deviation as second
priority. We locate the option to Npop = 4 and RM = 7% in Tab. B.1 and Tab. B.2.
To conclude, the parameters and operations used in the GA are: Population size of
Npop = 4, mutation rate of RM = 7% and discard rate of RD = 50%.
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Table B.1: Mean value of the number of power measurements for running the GA 1000
times, for different values of Npop and RM .

Table B.2: Standard deviation of the number of power measurements for running the GA
1000 times, for different values of Npop and RM .
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Appendix C.
Effective Reactance of Resonant
Notch Filters
We can extend the LC resonance filter in Table. 4.2 by adding an extra component
0
0
(L or C ). The possible configurations are listed in Table. C.1. From each of these
resonance filters, there are two resonance frequencies, denoted as fres1 and fres2 . And at
the two resonance frequencies, the LC network is either a short or an open in the ideal
case, i.e.Z(fres1 ) and Z(fres2 ) can be either 0 or ∞. Depending on the relative relation
between fres1 and fres2 , and the value of Z(fres1 ) and Z(fres2 ), we can have different
possibilities of notch filters, as shown in Figure. C.1. It can achieve a notch filtering
at one resonance frequence, and achieve a passband of unit gain at the other resonance
frequency. Furthermore, at the pass-band, the component values can be modified to make
the passband resonance frequency higher or lower, to achieve either capacitive or inductive
impedance for matching purposes. The reactance properties for different frequency ranges
are also included in Tab. C.1.
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Table C.1: Series or parallel LC resonance filters using three components. Two resonance
frequencies fres1 and fres2 can provide a notch filtering and a band pass filtering depending
on how the resonance filter is connected. At frequencies other than fres1 and fres2 , the
resonance filters act as effective capacitive or inductive components.
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Figure C.1: The possible usages of the resonance filters in Table. C.1. For cases that need
a lower-band matching and higher-band notch filtering, (a). Shunted-type using filter ¬
or ®, (b). Series-type using filter  or ¯. For cases that need a lower-band notch filtering
and higher-band matching, (c). Shunted-type using filter  or ¯, (d). Series-type using
filter ¬ or ®.
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Summary
This thesis investigates interference mitigation techniques in millimeter-wave (mm-wave)
integrated front ends. In particular, two interference scenario’s are explored, i.e. spatial
interference and self interference. The potential mm-wave applications and the interference
issues are described in Chapter 1.
In Chapter 2, null-forming array for mm-wave applications is investigated for the spatial interference issue. It is shown that realistic impairments can degrade the performance
of a mm-wave null-forming array. A robust null-forming method is proposed for spatial
co-channel interference mitigation. The target is to be able to adjust the null directions
effectively and efficiently in presence of practical impairments in a mm-wave analog/RF
phased array. It is demonstrated that the method can be useful to better explore the
spatial re-use and improve co-existence for mm-wave applications.
The proposed null-forming array requires a high resolution phase shifter, which is
investigated as an enabler in Chapter 3. In a sliding-IF receiver front-end architecture,
we implemented two versions of suitable phase shifters in a 40-nm CMOS technology, i.e.
the LO-path phase shifter (LOPS) and baseband phase shifter (BBPS), to achieve the
required resolution. Both designs achieve high performance in terms of phase/amplitude
tuning, and are suitable for the proposed adaptive null-forming array.
Other than the spatial interference, self interference from the co-located transmitter
can be a challenging issue. First, a scenario when the separation is relatively high is
investigated in Chapter 4, i.e. a very-small-aperture-terminal (VSAT) scenario when
the transmitter and receiver are around 30 GHz and 20 GHz respectively. The design
trade-off between filtering and insertion loss is investigated. Besides, co-designing the
filter and matching can further reduce the additional loss from the passive filtering. A 20
GHz LNA with distributed filtering at different stages is proposed and implemented. High
attenuation at the stop-band is achieved with a record noise figure and figure-of-merit at
K-band.
Second, another challenging scenario is when the transmitter and receiver are close
in frequency. In Chapter 5, a mm-wave circular polarization duplexer concept using
an on-chip tunable hybrid-transformer is presented. The proposed technique combines
the concepts of hybrid-transformer based duplexer and circular polarization. The design
details on the duplexer chip and a demonstration board integrated with on-board antennas are given. Experimental results verify the orthogonal circular polarizations by the
transmitter and receiver while high isolation is achieved.
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Samenvatting
In dit proefschrift worden technieken voor storingsonderdrukking in front ends voor de
EHF band (30GHz-300GHz) onderzocht. In het bijzonder worden twee storingsscenario’s
onderzocht, ruimtelijke storing en storing veroorzaakt binnen het apparaat zelf. De
beoogde EHF toepassingen en storingsproblematiek worden in hoofdstuk 1 beschreven.
Hoofdstuk 2 behandelt EHF array ontvangers voor ruimtelijke storingsonderdrukking.
Hier wordt aangetoond dat realistisch optredende afwijkingen van de componenten de
prestaties van EHF array ontvangers verslechteren en wordt een robuuste methode voorgesteld voor ruimtelijke storingsonderdrukking. Het doel van deze methode is om de
onderdrukkingsrichtingen effectief en efficiënt aan te kunnen passen ook al zijn er realistische afwijkingen in de componenten van de ontvanger. Ook wordt aangetoond dat de
methode gebruikt kan worden om het simultane gebruik van het radiokanaal te verbeteren.
De voorgestelde storingonderdrukkende ontvanger maakt gebruik van hoge resolutie
fasedraaiers. Deze cruciale componenten worden in hoofdstuk 3 onderzocht. Twee soorten
fasedraaiers voor een sliding IF ontvanger architectuur zijn in 40-nm CMOS technologie
geı̈mplementeerd: één fase draaier in het lokale oscillator (LOPS) signaalpad en éénn fase
draaier in het basis band (BBPS) signaalpad. Beide ontwerpen bereiken hoge prestaties
voor de fase en amplitude aanpassing en zijn geschikt voor de voorgestelde storingonderdrukkende array ontvangers.
Naast de ruimtelijke interferentie is ook de eigen interferentie tussen een dicht bij
elkaar geı̈ntegreerde zender en ontvanger een uitdaging. In hoofdstuk 4 wordt eerst een
scenario onderzocht, waar het frequentieverschil tussen de zender en de ontvanger relatief
hoog is; zoals bijvoorbeeld in apparaten voor satelliet communicatie (VSAT-terminals),
waar de zender en ontvanger rond de 30 GHz en de 20 GHz werken. Hierbij wordt de
balans tussen het filteren van het stoorsignaal en het signaalverlies van het gewenste
signaal onderzocht. Verder wordt aangetoond, dat het gecombineerd ontwerpen van de
filterfunctie en het impedantie-aanpassingsnetwerk de bijkomende signaalverliezen van het
passieve filter netwerk kan verminderen. Dit is geverifieerd door ontwerp en implementatie
van een 20 GHz LNA met verdeelde filterfuncties in verschillende trappen. Dit circuit
combineert hoge storingsonderdrukking met een record laag ruisgetal en Figure of Merit
in de K-band.
Een ander uitdagend scenario treedt op wanneer de zender en de ontvanger een vergelijkbare frequentie hebben. In hoofdstuk 5 wordt een polarisatie-afhankelijk duplex-filter
concept voor de EHF band voorgesteld waarbij de hybride transformatoren op het IC
zijn geı̈ntegreerd. Deze techniek combineert het concept van duplex filters op basis van
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hybride transformatoren met circulaire polarisatie. De details van het ontwerp van het
geı̈ntegreerde duplex filter en een demonstratie van het concept op een geassembleerde
printplaat met geı̈ntegreerde antennes worden in ditzelfde hoofdstuk beschreven. De experimentele resultaten laten zien, dat signalen met orthogonale polarisaties ontstaan en
tegelijk een hoge isolatie tussen de zender en de ontvanger bereikt wordt.
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