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Summary
Gigabit Wireless Connector and Multibeam Antenna: Design and Implementation Using 60-GHz Technology
The need for high data-rate wireless communication inevitably increases. This shortrange communication mainly aims for, but not limited to, the application in the consumer
area and industrial environment. For instance in the industrial environment, the Ethernet
data link is omnipresent facilitating an enormous amount of the data transfer inside
a small form-factor shaft or cable. This gigabit data can be sensor, video, or control
information that needs to be wirelessly communicated inside the robotic arm and other
industrial machines. The wireless-connector antenna is aimed for supporting this point-topoint wireless data communication. This contact-less connector can have more benefits
in terms of its flexibility and lifetime and can change the paradigm of a full-contact
connector. To support high data-rate applications, the design and implementation in the
60-GHz frequency band will be realized.
At the system level, a complete link budget analysis has been done in order to obtain
the system requirements of the corresponding sub-systems. We have included a detailed
interference analysis in order to realize a robust communication system. Based on this
information, promising antenna structures are observed, compared, and selected. As a
first step in the realization of a miniature wireless connector, a lower data-rate non-contact
RF system was designed and realized operating at 2.4 GHz using a pair of electrically
small loop antennas. From this first investigation, the challenges and limitations of such
a wireless-connector system have been derived. Subsequently, the antenna design and
optimization for an implementation at 60 GHz are done based on the selected antenna
structure. We developed a novel dielectric rod structure that provides a high directivity
and can support rotational freedom while still maintaining a high spectral efficiency. This
rotational freedom is essential for applications in the industrial environment. Furthermore,
using polarization diversity, this rod antenna system allows the full-duplex communication
in the same frequency. The rod antenna is fed by a novel microstrip patch structure.
Dual microstrip lines excite the patch antenna by means of electromagnetic coupling. To
realize the patch antenna with circular polarization, the quadrature branch-line coupler
is connected to the microstrip lines.
The measurements of the scattering parameters, radiation pattern, and axial ratio
agree with the expected results from full-wave electromagnetic simulations. Special attention has been paid to the realization of wideband polarization purity and port-to-port
isolation. The rod antenna is further improved to realize a high port-to-port isolation
over a wide frequency band, preferable for the whole 60-GHz ISM frequency band, while
still maintaining a high directivity and excellent circular polarization properties. Several
vii

viii
antenna structures are designed, tested, and measured. Furthermore, the antenna integration with the 60-GHz CMOS integrated circuit is realized with a flip-chip technology.
Next, we investigated full-duplex wireless communication through various propagation
media. For example, typical propagation media in industrial environment are plastic, oil,
and water. The use of matching layers is also proposed which can improve the system
performance of the 60-GHz wireless connector.
Finally, we have extended the dielectric rod concept to multibeam applications. A
conformal array concept is proposed in order to achieve a large scan range. This 60-GHz
antenna array with millimeter-wave switches demonstrates an almost uniform radiation
performance over large scan range and wide frequency band.
Keywords: wireless connector, dielectric rod antenna, full duplex, isolation, 60 GHz,
circular polarization, multibeam, scan range
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Chapter 1
Introduction
1.1

Overview: 60-GHz wireless communication

The number of wireless devices per user has been ever increasing. Not only will the
wireless devices connect people to people, but also people to machines and machines to
machines. Based on this, the limited bandwidth around the 2.4-GHz industrial, scientific,
and medical (ISM) frequency band can not support the higher data rate. This manifest
shortcoming is due to the fact that this bandwidth is shared among many potential
users. As a consequence, the availability of a frequency band of 7 - 9 GHz around 60
GHz (ISM band) is promising (see Figure 1.2) and able to accommodate high data rate
communication [1]. Further, the channel propagation characteristic in the 60-GHz wireless
channel enables frequency reuse and implicates that less apparent interference is justifiable
[2]. In other words, the desired signal will less likely interfere with other undesired waves
generated by the neighboring 60-GHz wireless systems.
However, this interesting property comes not only with the said advantages. The
effective aperture of the antenna is inherently small in this frequency band, so the RF
front-end devices of the remote device have to be very sensitive, otherwise the desired wave
will be effectively undetected. The relationship between the effective aperture Aef f and
the received power Pr at the receiver (Rx) can be explained using the Friis radio-equation
as follows [4] (see also Figure 1.1):
Pt Gt Aef f
,
(1.1)
4πR2
where Pt is the transmitted power at the transmitter (Tx), Gt is the gain of the transmitter antenna, and R is the separation distance between the transmitting and receiving
antennas. It can be seen in Eq. (1.1) that Pr is, in fact, not frequency-dependent. The
small effective aperture is responsible for the limited coverage of wireless communication
at the millimeter-wave (mm-wave) frequency band. Furthermore, shadowing and smallPr =

R

Tx

Rx

Antenna
Figure 1.1: Block diagram of the wireless communication system.
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Figure 1.2: World-wide WiGigTM spectrum allocation in the 60-GHz frequency band [3].

Figure 1.3: Allocation of the frequency channel [5, 6].

scale fading may reduce the received signal power even more. The atmospheric oxygen
absorption may further reduce the received power, but it is not relevant for short-distance
application such as wireless connector. These situations thus limit the communication
distance or range of 60-GHz and other mm-wave applications. In the following part of
this section, the focus applications of this Dissertation will be described.

1.1.1

Wireless connector

Fortunately, the wireless-connector application does not require a wireless system that
has to support a large coverage. Instead, short-range and point-to-point wireless communication is currently envisaged. Some commercially available wireless connectors are
depicted in Figure 1.5.
Given the large amount of available bandwidth at 60 GHz, a simple modulation technique can already accommodate high-speed wireless communication with low implementation complexity. The use of a simple modulation scheme also assures that the system is
less prone to error, so no further baseband processing, such as error correction, is required.
Because of these reasons, the advancement of high-speed and low-latency wireless communication is made possible at 60-GHz ISM band. Moreover, the use of the entire ISM
band for bi-directional communication is demanded and seems to be plausible. One way
to provide bi-directional communication is by using Frequency-Division Duplex (FDD).
FDD implies that we cannot use the entire available bandwidth (see Figure 1.3). Another
concept is Time-Division Duplex (TDD). TDD does not lend itself to wireless communication that fulfills low latency [7]. The reason is that, in this scheme, the transmission and

1.1. Overview: 60-GHz wireless communication
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Figure 1.4: Industrial applications.

reception do not occur simultaneously. One operation mode needs to wait until another
mode finishes.
Therefore, in order to maximize the data rate and minimize the latency, an advanced
antenna system needs to be developed. This antenna should be able to support full-duplex
communication in which the same frequency channel can be used simultaneously for both
transmit and receive (i.e. bi-directional communication). The transmitter-receiver (TxRx) isolation of such an antenna system needs to be enhanced in order to eliminate the
crosstalk. In addition to that, we need to develop an antenna system that is insensitive
towards external interference. Furthermore, the application of the wireless connector is
often associated with a rotating machinery such as a robotic arm for milling and centrifuging (see Figure 1.4). Therefore, rotational freedom has to be supported by this mm-wave
system. Such feature provides a significant improvement for any wireless-connector pair
available on the market. This feature can be realized by using circular polarization. Furthermore, often for industrial application, various propagation media are present and need
to be supported by the said antenna system. This medium can be plastic, oil (e.g. in
robotic arm), or water.

1.1.2

Multibeam application

Next to the wireless-connector application, a multibeam antenna is also investigated in
this Dissertation to improve the limited coverage at 60 GHz. A high-gain antenna with
a broad scan range is devised as a solution for the multibeam application such as in
automotive radar or in consumer devices. Furthermore, the radiation performance of the
multibeam antenna should be close to uniform over the scan range in order to comply
with the maximum Effective Isotropic Radiated Power (EIRP) criterion.
Generally, wireless communication in the 60-GHz frequency band has some inherent
challenges [11]:

4
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Figure 1.5: Commercially available wireless connectors (a.o. [8–10]).

• The larger bandwidth, the wireless system is more prone to multipath,
• Waves at mm-wave frequencies hardly can penetrate objects, resulting in blockage,
and
• Less diffraction around an object as compared to RF frequencies.
A multibeam and directive antenna is thus needed to tackle those challenges. The directive
feature can solve the issue with the multipath while the multibeam feature should be able
to solve the issue caused by the blockage. Some examples of existing multibeam systems
are shown in Figure 1.6.

1.2

Dissertation outline

The structure of the Dissertation is schematically depicted in Figure 1.7. The system
level analysis and antenna selection are first described in Chapter 2. Some topics about
the wireless-connector application are included in Chapters 3, 4, 5, and 6. Specifically,
Chapter 3 discusses the wireless-connector antenna and RF solution based on the 2.4-GHz
technology, whereas Chapters 4, 5, and 6 address the wireless-connector antenna and RF
solution based on the 60-GHz technology. Moreover, Chapter 7 aims at the antenna
solution for multibeam applications at mm-wave frequencies.
In the following, a short summary of each chapter is provided:
1. The first step in this research is the system level analysis. The link-budget analysis
is performed to investigate the system limitation with regards to the noise, self interference, and external interference. Based on this, we will derive the requirements
of the antenna system. Next, several potential antenna concepts are studied, compared, and selected. A 3-D full-wave electromagnetic simulator is used for comparing
the performance between antennas which are promising for the wireless-connector
and multibeam applications.
2. To develop the wireless connector, first a lower data-rate non-contact RF system has
been designed and realized at 2.4 GHz. The RF system, comprising the magnetic
small loop antennas and matching circuit thereof, is shown to be robust against
the lateral misalignment and rotation, while still supports data communication
for distances up to several centimeters. The measured scattering parameters (Sparameters) for different distances are in good agreement with the simulated results.

1.2. Dissertation outline
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Figure 1.6: Typical multibeam applications [12, 13]: (a) Bosch LRR3 automotive radar, (b) Continental
ARS300 automotive radar, (c) wireless High-Definition Television (HDTV), (d) IMST earth station.

Chapter 2: System Level
Analysis and Antenna Selection
Chapter 3: Non-Contact
Data Communication with
Loop Antennas at 2.4 GHz

Chapter 4: 60-GHz Circularly
Polarized Dielectric Rod Antenna
Chapter 6: Propagation
Through Different Media for
Wireless Connector

Figure 1.7: Structure of the Dissertation.
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From this experiment, potential issues and limitations of the wireless connector can
be studied.
3. Subsequently, the 60-GHz antenna system using the dielectric rod structure has been
analyzed and optimized to support a higher data rate. That circularly polarized
antenna can support full-duplex communication in the same operating frequency.
The measured S-parameters, radiation pattern, and axial ratio agree with the expected results. The achieved isolation between the Tx and Rx path (or port-to-port
isolation) is 20 dB, which limits the antenna bandwidth. Moreover, the obtained
bandwidth, gain, and axial ratio at the center frequency are approximately 1.1 GHz,
14 dBi, and 0.3 dB, respectively. A measurement campaign is also done for investigating the imperfection during the fabrication process of the antenna.
4. To increase the system bandwidth, several antenna concepts are proposed, especially
to realize the wideband axial ratio and port-to-port isolation at 60 GHz. Given the
limited available space in the connector application, wideband antenna elements
are necessary to achieve the required wideband performance. Novel stacked patches
with parasitic elements and cascaded couplers with a defected ground structure
(DGS) are proposed to achieve wideband isolation. Another proposed technique
to achieve wideband performance is the use of two separated antennas for exciting
a common dielectric rod which can achieve 30-dB Tx-Rx isolation for the 9-GHz
system bandwidth with an axial ratio below 3 dB. Integration with the 60-GHz chip
by means of flipchip technology is performed. The design of the module board and
demonstration board for data acquisition is also done.
5. The feasibility of the gigabit wireless connector to perform data transmission through
different media, e.g. plastic, concrete, oil, and water, is investigated. Therefore, the
propagation properties of multilayered dielectric materials are analyzed to realize
transparent wireless data transmission.
6. The developed 60-GHz technology is extended for multibeam application. Therefore,
a conformal array of dielectric rod antennas is designed and integrated with the 60GHz switches to support switched-beam operation. In this way, a uniform radiation
performance can be achieved over a large scan range.

1.3

Original contributions

The work that is presented in this Dissertation contains the following original contributions:
1. Design of electrically small loop antennas at 2.4 GHz for wireless connector (in
Chapter 3).
2. Design of the 60-GHz high-gain rod antenna with circular polarization for wirelessconnector applications (in Chapter 4).
3. Improvement of isolation, axial ratio, and bandwidth of the 60-GHz antenna to realize full-duplex communication in the same frequency for both transmit and receive
simultaneously (in Chapter 5).
4. End-to-end demonstration of the wireless-connector antenna system and proposal
of matching layer concept in the wireless-connector housing (in Chapter 6).

1.3. Original contributions
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5. Extension of the 60-GHz rod antenna concept for multibeam applications (in Chapter 7).
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Chapter 2
System Level Analysis and Antenna
Selection
The use of numerical computation techniques to analyze the electromagnetic antenna
structure has accelerated the introduction of any wireless product into the market. The
antenna as an integral part of the complex wireless system attracts the attention of the
multi-disciplinary engineering society, not only in engineering and research departments,
but also on corporate level. Hence, an introduction of the basic principle of the antenna
modeling and antenna parameters is first presented in Sections 2.1 and 2.2.
Following that, in Section 2.3, the system level analysis of the wireless-connector communication system will be presented. The interference analysis of this application is of
great importance. This is presented in detail in Section 2.4. A brief system level analysis
for the multibeam communication system will be provided in Section 2.5 altogether with
the summary of the design requirements for both the wireless-connector and multibeam
communication system.
The antenna selection is a substantial part of the design step. Therefore, a comparison
of various antenna structures is presented in Section 2.6, in terms of dimensions, radiation
pattern, and circular-polarization performance. The antenna could be constituted by a
combination of different antenna concepts whenever it is possible. Based on the derived
design requirements, a promising antenna concept is selected.

2.1
2.1.1

Antenna modeling
Numerical computation: Finite Integration Technique (FIT)

The numerical analysis and parametric simulation of the antenna structures that are
presented in this Dissertation are performed using a full-wave EM simulator, namely
CSTr Microwave Studio (MWS) [14]. This simulator is based on the Finite Integration
Technique (FIT), first proposed by Weiland in [15]. This FIT scheme is computationally
equivalent to the Finite-Difference Time-Domain (FDTD) method [16]. The FIT scheme
will be explained and derived. Finally, the different solver types based on FIT will be
briefly discussed. First, the integral form of Maxwell’s equations is expressed as follows
[17]:
9
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Figure 2.1: Sketch of the grid, cell, and its cell dual [19]. The voltage and flux components are also
shown.

∂~ ~
B · dA,
∂t
∂A
A

ZZ 
I
∂
~ · d~l =
~ · dA,
~
~ + D
H
J
∂t
∂A
A
ZZ
ZZZ
~
~
D · dA =
ρe dV ,
I

~
E · d~l =

∂V

ZZ

−

(2.1)
(2.2)
(2.3)

V

ZZ

∂V

~ · dA
~ = 0,
B

(2.4)

~ the magnetic field strength
whereby t is the time, ~
E the electric field strength vector, H
~ the magnetic flux density vector, D
~ the electric flux density vector, J
~ the
vector, B
electric current density vector, and ρe the electric charge density. For time-harmonic
~ and H
~ are related to their instantaneous fields
dependence of the form ejωt , the fields E
~
~ respectively, through:
E and H,
~
~
E (x, y, z, t) = ℜe(E(x,
y, z)ejωt ),

(2.5)

~ (x, y, z, t) = ℜe(H(x,
~
H
y, z)ejωt ),

(2.6)

where ω is the angular frequency. The Cartesian (x, y, z ) coordinate system is used here.
Unless otherwise specified, the time-harmonic fields will be assumed in this Dissertation.
In order to solve Eq. (2.1), (2.2), (2.3), and (2.4) numerically, a finite calculation
domain is first defined. This calculation domain is divided into several small grid cells
(mesh system), as illustrated in Figure 2.1. The cell and field arrangements follow the cell
construction for the time-domain approach proposed by Yee in [18]. Each grid cell has its
dual, indicated by the tilde, e.g. the dual of facet cell A is Ã. The spatial discretization of
Maxwell’s equations is then performed on these two orthogonal mesh systems. In Figure
2.1, the electric grid voltages e and magnetic facet flux b are defined on the primary grid.
The electric facet flux d and magnetic grid voltages h are defined on the dual grid.
For instance, Faraday’s law (Eq. (2.1)) will be represented in its discrete equivalent as
illustrated in Figure 2.2. The line integral on the left side of Eq. (2.1) is represented as a
sum of four electric grid voltages, whereas the right side of the equation is represented as
the time derivative of the magnetic facet flux on the primary cell. This calculation can be
summarized in a matrix formulation with topological matrix C as the discrete equivalent

2.1. Antenna modeling
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Figure 2.2: Finite Integration Technique (FIT) and the equivalent Maxwell’s Grid Equation (MGE) of
the Faraday’s law: A sum of four grid voltages results in the time derivative of the magnetic flux, for a
cell facet [19].

of the curl operator.
A similar technique is applied to Ampère’s law (Eq. (2.2)) on the cell dual, which
involves the discrete curl operator C̃. Similarly, the discretization of Eq. (2.3) and Eq.
(2.4) involves the discrete divergence operators S and S̃. Defining the discrete electric
current density j and discrete electric charge density q, the discretized set of the Maxwell’s
Grid Equations (MGEs) is described by [16, 17]:

∂
b
∂t

(2.7)

S̃d = q

(2.9)

Ce = −

C̃h = j +

∂
d
∂t

Sb = 0.

(2.8)

(2.10)

The material parameters are summarized in the corresponding matrices [16, 17]:
~ = εE
~
D
d = Mε e
~
~
B = µH ⇒ b = M µ h ,
~J = κE
~
j = Mκ e

(2.11)

whereby ε is the permittivity, µ the permeability, κ the conductivity, Mε the discrete permittivity, Mµ the discrete permeability, and Mκ the discrete conductivity of the material
in a cell.
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Figure 2.3: Leap-frog scheme [19].

Time-domain solver
The time-domain solver in CSTr MWS uses the solution of the discretized set of the
MGEs (Eq. (2.7), (2.8), (2.9) and (2.10)). Their time derivatives are substituted by
central differences resulting in the update formulation for the electric grid voltage and
magnetic facet flux given by [19]:
h
i
1
1
−1 n
n
C̃M
,
(2.12)
en+ 2 = en− 2 + ∆tM−1
b
−
j
µ
ε
1

bn+1 = bn − ∆tCen+ 2 ,

(2.13)

respectively. Both unknowns are positioned alternately in time (i.e. leap-frog scheme), as
illustrated in Figure 2.3.
Frequency-domain solver
The frequency-domain solver in CSTr MWS is based on the harmonic Maxwell’s equations, i.e. ∂/∂t → jω, which yield to the second-order relation given by [19]:


(2.14)
C̃Mµ−1 C − ω 2 Mε e = −jω.

2.1.2

Simulation accuracy

Both time- and frequency-domain solvers are employed to analyze the antenna structures.
The time-domain or transient solver is more suitable for analyzing electrically large structures. For an electrically small structure, the frequency-domain solver is recommended,
e.g., in order to reduce the computation time, especially if the structure consists of many
metallic elements such as microstrip lines [19]. The coupling between these microstrip lines
may exhibit resonances with a high-Q factor. When a structure with this high-Q factor
is being analyzed, the time-domain solver often requires much more computation time
before it can reach the accuracy criterion of the simulation. In this case, the frequencydomain solver may outperform the time-domain solver, in terms of computation accuracy
and resources. For example, for an electrically small antenna (ESA) or test board with
many microstrip lines, the frequency-domain solver is preferred.
The cause of the simulation inaccuracy and the disagreement with the manufactured
design can be numerous. From literature, several important items to consider are listed
as follows [19, 20]:
• Type and size of the excitation port in the simulator environment,
• Solver type, convergence criteria, and simulation bandwidth,
• Number of mesh cells in the simulation environment,

2.2. Antenna parameters
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Rff
Rff
Figure 2.4: Phase deviation due to path length.

• Boundary condition,
• Material’s electrical properties, such as
– orientation dependency,
– frequency dependency,
– product variation from the supplier of the dielectric material,
• Manufacturing tolerance, and
• Proximity with other structures.

2.2
2.2.1

Antenna parameters
Farfield definition

The radiation field of an antenna consists of a nearfield reactive region close to the antenna
and a farfield region further away from the antenna. Between those regions, there is also
what is called a “nearfield radiating” region. To interpret the radiation pattern which is
mostly measured and obtained for the radiation in the farfield region while some of the
targeted implementations operate in the nearfield region of the antenna, the definition
of the farfield (distance), therefore, has to be discussed. The farfield can have several
definitions. Nonetheless, for an electrically large antenna (e.g. which, for instance, in this
case is a dielectric rod antenna), the farfield distance will be deduced from the calculation
of the phase difference given by:


 2π q 2

2π
dmax 2
′
∆ϕ = λ Rf f − Rf f = λ
Rf f + 2
− Rf f
2

πd2max
2π 1 dmax
=
,
(2.15)
=
λ Rf f
2
4λRf f
as a result from the path length difference Rf′ f − Rf f . The illustration for this phase
error calculation is depicted in Figure 2.4. The finite size of the antenna dmax produces
the path length difference at an observation point (i.e. the difference of the path taken
from the center of the antenna and the one taken from, e.g., the furthest away edge of
the antenna).
For the phase error of less than π/8, which is considered insignificant [21], the distance
Rf f which defines the farfield distance of the antenna must be:
Rf f > 2d2max /λ.

(2.16)

When dmax ≪ λ or an electrically small antenna (e.g. a small loop antenna), Eq. (2.16)
may give a too small distance. In this case, the farfield distance Rf f is defined as [22]:
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Figure 2.5: Definition of spherical (r, θ, φ) coordinates. â is the unit normal vector.

Rf f > 2λ.

2.2.2

(2.17)

Gain and directivity

The directivity D(θ, φ) in a given direction of an antenna is defined as the ratio of the
radiation intensity U (θ, φ) in a given direction from the antenna to the radiation intensity
averaged over all directions, mathematically given by:
D(θ, φ) = 4π

U (θ, φ)
,
Prad

(2.18)

with respect to θ and φ of a spherical coordinate system (see Figure 2.5). The total
radiated power Prad is given by [23]:
Prad =

Z2π Zπ

U (θ, φ) sin(θ)dθdφ.

(2.19)

φ=0 θ=0

Accordingly, the gain G(θ, φ) in a given direction is defined similarly but is related to the
input power Pin of the antenna, described as:
G(θ, φ) = 4π

U (θ, φ)
.
Pin

(2.20)

In the case of a loss-free antenna (no conductor or dielectric losses), the gain is equal
to the directivity. The realized
gain is defined by the gain that includes the impedance

mismatch loss 1 − |Γant |2 , where Γant is the antenna mismatch.

2.2.3

Circular polarization

The antenna radiation with circular polarization can be efficiently generated or captured
by various techniques. This feature can provide the rotational freedom during the operation of a device. This antenna feature demands a proper antenna measurement technique in order to avoid, a.o., the polarization error. The accurate measurement becomes
more important when the polarization determines the performance of the wireless system.

2.2. Antenna parameters
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Figure 2.6: Transformation from the spherical to Ludwig-3 coordinate system which is to fix the slant
polarization error.

Therefore, the coordinate system has to be defined first because it is related to how to
interpret data from, e.g., the measurement, simulation, and post-processing of this circularly polarized antenna. This is to minimize the polarization error or slant polarization of
the measured field radiation of an antenna over the (hemi) sphere. The Ludwig-3 coordinate system in which the E-field components are represented in the horizontal and vertical
response (i.e. Eh and Ev ) is used here. Those tangential components are described in [24]:
Eh (θ, φ) = Eθ (θ, φ) cos φ − Eφ (θ, φ) sin φ
,
Ev (θ, φ) = Eθ (θ, φ) sin φ + Eφ (θ, φ) cos φ

(2.21)

where Eθ and Eφ are the slant-polarized field components of the spherical coordinate
system. Usually during the measurement, the desired tangential components Eh and
Ev are rotated by an angle φ (φ-dependence), causing the polarization error (see Figure
2.6). Generally, Eq. (2.21) transforms (or corrects) the field vector components Eθ and
Eφ from the spherical (θ-φ) to Ludwig-3 (h-v) coordinate system, in order to remove
this polarization error. Similarly, the issue of θ-dependence as is further generalized and
discussed by Roy et al. [25] has to be considered as well. The discussion for conversion to
the other coordinate system such as the Ludwig-2 coordinate system can be found in [26].
The measurement and characterization of the radiation pattern in this work are performed and obtained for two principle planes, namely 0◦ -plane and 90◦ -plane, which correspond to the horizontal and vertical responses, respectively. As the radiation-pattern
measurement is done along the principle planes, the polarization error (i.e. φ-dependence
polarization measurement) is avoided. Especially for a linearly polarized antenna, in order
to measure the field components for off principle planes, the transformation is required.
This also depends on the type of the measurement setup.
Next, the E-field as a function of time in the farfield region is given by:
~
E = âh Eh + âv Ev ,

(2.22)

whereby âh and âv are the unit normal vector in horizontal and vertical direction, respectively. The E-field with circular polarization as a function of time is illustratively shown
in Figure 2.7. Again, considering Eq. (2.5) for the time-harmonic dependence of Eq.
(2.22), the (scalar) amplitude of horizontal and vertical E-field components is expressed
in the real and imaginary component as:
Eh = ℜe (Eh ) + j · ℑm (Eh ) ,
Ev = ℜe (Ev ) + j · ℑm (Ev ) .

(2.23)

These components can be combined, i.e. for the particular case of equal amplitude and in
phase quadrature (±90◦ ), to obtain either the right-hand circular polarization (RHCP)
or left-hand circular polarization (LHCP) E-field (scalar) component, given by [27]:

16
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(a)

(b)
Figure 2.7: (a) Illustration of the field rotation from two orthogonal cuts, their combined field, and (b)
polarization ellipse: (a) Left-hand circular polarization (LHCP) and (b) right-hand elliptical polarization
as a function of time. In the case of the elliptical polarization, semi-major and -minor axes are defined
in the polarization ellipse. Eh and Ev are the instantaneous horizontal and vertical E-field amplitude,
respectively.

ERHCP =
ELHCP =

√1
2
√1
2

(Eh + j · Ev ) ,
(Eh − j · Ev ) .

(2.24)

For example, the terms Eh and Ev are the amplitudes of the complex E-field responses
obtainable by the source (e.g. a standard gain horn (SGH)) orientated at the angles φ
= 0◦ and 90◦ , respectively. The radiation pattern of a circularly polarized antenna can
be found once the magnitude and phase are obtained from the measurement. Using this
phase-amplitude method [27], the polarization orientation can also be determined.
The E-field response E45 can be obtained by the SGH orientated at the angle φ = 45◦ .
This additional response altogether with the former two responses can also be used for the
calculation of the CP radiation pattern regardless the phase information. This technique
is called the three-magnitude method [28]. Unlike the phase-amplitude method, by means
of the additional response, the tilt of the polarization ellipse as in Figure 2.7(b) can be
obtained.
In addition to those two methods, two other methods to measure CP are the rotatingsource method and the polarization-pattern method [29]. In this work, the three-magnitude
method will be used to measure the radiation pattern with CP.
2.2.3.1

Polarization loss

The polarization loss results from the mismatch in the direction between transmitter
and receiver’s electric field strength vector, not in their magnitudes. For instance, a
perfect linearly polarized antenna suffers 3-dB polarization loss when the perfect circularly

2.2. Antenna parameters
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polarized wave impinges on it. Equivalently, 50 % out of the received wave power will be,
a.o., reflected and/or scattered. As intuitively can be imagined, this example disregards
the magnitude of the E-field whatsoever.
Moreover, the cross-polarization defines the polarization orthogonal to that co-polarization
[30]. For instance in the circularly polarized antenna, if the co-polarization radiation has
RHCP, its cross-polarization is LHCP.
In the case of circular polarization, the maximum and minimum polarization loss for
the case of co- and cross-polarization can be explained with the aid of the nomogram
(as in [31]) in Figure 2.8. Maximum and minimum polarization losses are emphasized
here because the antenna rotation (around an axis in parallel to the direction of observed
radiation flow) determines the amount of apparent loss, especially for imperfect circular
polarization (such as elliptical polarization). The polarization loss Γpol may increase or
decrease, depending on the relative orientation ϑ between polarization ellipses (of the
transmitting and receiving antenna), denoted in dB by [32]:


1 + ρ2w ρ2a + 2ρw ρa cos 2ϑ
,
(2.25)
Γpol[dB] = 10 · log10
(1 + ρ2w ) (1 + ρ2a )
in which the CP ratio of the transmitted wave and the receiving antenna is given by:
ρw = (ARw + 1)(ARw − 1),
ρa = (ARa + 1)(ARa − 1),

(2.26)

respectively. ARw and ARa are the axial ratio of the transmitted wave and receiving
antenna, respectively. This axial ratio is negative for RHCP and positive for LHCP
case. For the wireless-connector application, where connector rotation is part of the
functionality, characterization of this maximum and minimum losses is mandatory.
An example of loss calculation for 0.2-dB axial ratio is illustrated in Figure 2.8. It can
be seen in this nomogram that when the ellipses (or circles) are aligned (i.e. minimum
polarization loss), the co-polarization loss is as low as 0 dB whereas when the ellipses
are perpendicular (i.e. maximum polarization loss), the co-polarization loss is below 0.02
dB. On the other hand, the minimum and maximum losses for cross-polarization are at
least (slightly) above 30 dB and beyond 40 dB, respectively. The typical axial ratio of a
circularly polarized antenna is <3 dB. In this case, the 3-dB axial ratio corresponds to
0.5-dB co-polarization loss and 9.5-dB cross-polarization isolation.

2.2.4

Antenna efficiency

The discussion on the antenna efficiency is one of the important aspects in the antenna
design. The radiation efficiency ηrad is related to the dielectric, conductor, and polarization losses of the antenna while the total efficiency ηtot , in addition to those losses,
also includes the mismatch. The ohmic loss can severely convert the signal power into
heat when the choice of the used material is not carefully done. Moreover, for antenna
application, the mismatch loss and polarization loss are also of great importance to ensure
the successful signal transmission. Still related to Eq. (2.19), the radiation efficiency can
be expressed as [30]:
ηrad =

Prad
.
Pin

(2.27)
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Figure 2.8: Maximum (- -) and minimum (-·-) polarization loss for both co-polarization (black line) and
cross-polarization (gray line), illustrated in a nomogram [31]. An example of loss calculation for 0.2-dB
axial ratio.
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It is important to note that Pin is the input power of the antenna. As a result, ηrad ≧ ηtot .

2.3

System level analysis

In this section, a system level analysis of the wireless-connector system will be presented.
Wireless-connectivity speeds reaching the multi-gigabit range are gaining wide interest
as they offer advanced high-speed data transmissions. The Wireless Gigabit Alliance
(WiGigTM Alliance), formed to develop and sponsor wireless technology utilizing the
60-GHz frequency, is currently establishing specifications for the protocols used in the
industry-uniform standard for data transmissions at rates of up to 7 gigabits per second
(Gbps). Therefore, their existence co-locating with the wireless connector has to be
investigated. Hence, this section is dedicated to the investigation of the system and to
explain limitation and requirements for wireless-connector system.

2.3.1

Path loss

To analyze a wireless communication system, it is convenient to start with defining the
path-loss model from the Friis radio-equation [4] (see also Eq. (1.1)):


λ2
Pr = Pt · Gt (θ, φ) · Gr (θ, φ) ·
,
(2.28)
(4πR)2
λ
where the term in the bracket ( (4πR)
)2 specifically defines the free-space path gain (or path
loss, for its inverse). Pt and Gt are the transmitted power and gain of the transmitting
antenna, respectively. At the receiver side, Pr and Gr are the received power and gain
of the receiving antenna, respectively. R is the separation between the transmitter and
receiver antennas, and λ is the wavelength of the signal. θ and φ are the elevation and
azimuth angles, respectively. As can be seen, the term in the bracket in Eq. (2.28) is
inversely proportional to the squared distance.
The use of the path-loss model in Eq. (2.28) for analyzing this short-distance application can be justified by the fact that the line-of-sight condition will be encountered during
the connector operation. Moreover, R is in the order of centimeters. This communication
distance is relatively short as compared to the travelling distance of the waves coming
from reflections in the environment. Therefore, no multipath (small-scale) fading and
shadowing (or large-scale fading) are taken into account here.
The log-distance free-space path loss is given by:

2
4πR
P L(R)[dB] = 10 · log10
.
(2.29)
λ

Figure 2.9 plots the free-space path loss for distances ranging from 1 cm to 10 m. It can
be seen that the path loss at 4.5 cm is 41 dB.

2.3.2

Link budget

The link budget analysis to obtain the signal-to-noise ratio margin SN Rmar is shown in
Table 2.1. The allowed EIRP is limited due to the regulation in which the average and
peak EIRP are 40 dBm and 43 dBm, respectively, for the Europe region [33]. In dB-scale
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Figure 2.9: Free-space path loss at fo = 61 GHz.

unit, EIRP = Pin + Gt , whereby Pin and Gt are the (accepted) Tx input power and Tx
antenna gain, respectively. In this calculation, the maximum Tx power Pin will be used,
in order to see the system’s maximum performance.
Important to note is that this allowed EIRP has been recently changed in order to
support outdoor backhaul communication or point-to-point communication. The average
and peak EIRP are 82 dBm and 85 dBm, respectively. This allows for more gain improvement of the antenna. For every dB that the gain of Tx antenna is less than 51 dBi, the
allowed average EIRP is reduced 2 dB [34]. In this new regulation, the use of a directive
antenna is encouraged more than the use of high Tx power. However, in this analysis for
indoor industrial applications, the peak EIRP of 43 dBm is still being used. From that
constraint, with the maximum possible Tx power Pin of 15 dBm [6], the antenna gain can
be up to maximum 28 dBi. The background noise No (in dB) is given by:
No = 10 · log10 (kT ),

(2.30)

where k is Boltzman constant = 1.38 · 10−23 Watt·s/K = −198.6 dBm·s/K, and T is the
room temperature which is 290 K.
The currently available 60-GHz RF chip for this wireless-connector application uses
and implements the WiGigTM specification. Hence, for the link budget analysis, the
WiGigTM specification is used. In this calculation, the defined channel bandwidth B is
∼2 GHz (a WiGigTM channel has a bandwidth of 2.16 GHz) [3, 6]. The bandwidth (in
dB) for the noise contribution is given by 10 · log10 (B) (see Table 2.1(b)).
The noise figure F is derived for the worst-case scenario for Rx RF front-end devices, including low-noise amplifier (LNA), mixer, and filters. Knowing the required SNR
(SN Rreq ) for the used modulation technique, the receiver sensitivity (in dB) is expressed
as Psens = N + SN Rreq 1 .
The bit error rate2 (BER) for different SN R per bit (Eb /No ) using several prospective
modulation techniques is summarized in Figure 2.10. In the calculation in Table 2.1,
the available margin SN Rmar is 58 dB for the Quadrature Phase Shift Keying (QPSK)
modulation. Other modulation techniques such as non-coherent On-Off Keying (OOK),
1

Sometimes, the chip manufacturer provides Psens of the chip for a given modulation technique and
channel bandwidth [6]. For example, if Psens is −55.8 dBm for Quadrature Phase Shift Keying (QPSK)
modulation with bit error rate (BER) = 10−7 , the available margin SN Rmar for received signal power
S = 7 dBm will be S−Psens = 62.8 dB. If Psens is −52.8 dBm for non-coherent On-Off Keying (OOK)
modulation with BER = 10−7 , the margin for the same received power is 59.8 dB.
2
In some literature, the bit error probability Pb is often used, which is also equivalent.
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Table 2.1: Link budget analysis for the 60-GHz wireless connector: (a) the received signal part, (b) the
noise part, and (c) the signal-to-noise ratio part. The analysis is taken for the operating frequency, fo =
61 GHz.
(a) Calculation of the received signal power S.

Parameter

Value

Tx power Pin

15 dBm

Total
signal
power
15 dBm

Tx antenna gain
Gt
Path loss P L
Additional gain

∼15 dBi

30 dBm

∼40 dB
∼2 dB

−10 dBm
−8 dBm

Rx antenna gain
Gr

∼15 dBi

S=7
dBm

Description

Typical value from the
manufacturer
Typical high-gain antenna
R = 4.5 cm and Eq. (2.29)
e.g. due to nearfield path
gain
(Identical) high-gain
antenna

(b) Calculation of the noise power N .

Parameter

Value

Background
noise No
Bandwidth B
Noise figure F
of the receiver

−174
dBm/Hz
93 dB
19 dB

Total noise
power
−174
dBm/Hz
−81 dBm
N = −62
dBm

Description
Based on calculation in Eq.
(2.30)
B = 2 GHz
Worst-case assumption

(c) Calculation of signal-to-noise ratio SN R.

Parameter
Output SNR,
SN R
Required SNR
SN Rreq
Available
margin SN Rmar

Value
69 dB

Description
S−N

11 dB

QPSK with BER =
10−7 (from Figure 2.10)

58 dB
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SNR per bit, Eb/No [dB]

Figure 2.10: Theoretical bit error rate (BER) of QPSK, 8-PAM, coherent, and non-coherent OOK in
the AWGN channel, for different SNR per bit Eb /No . The obtained value is obtained for different SN R
(or signal-to-interference ratio SIR for an interference-limited system) per bit. No channel coding is
incorporated here.

coherent OOK, and 8-Pulse Amplitude Modulation (8-PAM) are compared in terms of
their BER performance in the Additive White Gaussian Noise (AWGN) channel.
In Table 2.1(a), the received signal power S for given antenna gains and communication
distance is 7 dBm, which is a large value. For the implementation, it is recommended to
use a smaller Tx power, remembering the large available margin SN Rmar = 58 dB. The
typical 1-dB compression point for the 60-GHz receiver is around −15 dBm. Unless a
sufficient blocker or attenuator will be used before the LNA stage, it is necessary to have
the output PA power of well below −7 dBm to arrive at the received power below −15
dBm. This is in order not to overload the LNA [35].
For the wireless-connector application, slow fading due to blockage and fast fading
due to multipath propagation do not exist. The atmospheric oxygen absorption of 10 to
15 dB/km has no significant impact for indoor environments (up to 50 m). Therefore,
it is not included in this analysis. Additionally, the material loss contribution (e.g. at
most 3 dB) from the plastic casing can also be added in the calculation, specifically in
the path-loss section. However, in this calculation, that value is not included.

2.4

Interference analysis

In this wireless-connector application, it is important to analyze the influence of the
interference at the receiver side (i.e. victim). The source of this interference can be from
internal (e.g. near-end crosstalk) or external agressor. Issues occurring at the receiver
due to the interference are for example:
1. The desensitization (or the reduction of the amplifier’s sensitivity) will occur if the
LNA is saturated or overloaded due to the large incoming signal. This desensitization
may occur because of co-channel interference.
2. The third-order intermodulation distortion (IMD) from the adjacent channels’ inter-
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Tx1

Rx2
Iself
S

Rx1

Tx2

Figure 2.11: Block diagram of the wireless-connector system in the presence of (undesired) self interference
power Iself . S is the (desired) received signal power. Txn or Rxn indicates transmitter or receiver of
node n, respectively.

fering signal may produce another interference in the channel of the desired signal.
This IMD usually occurs because of co-band interferences.
Interference mitigation is required in order to reduce BER for a given desired signal power.
In the following, the discussion on the interference source and the potential technique to
reduce the interference is presented.

2.4.1

Signal-to-Interference Ratio (SIR)

2.4.1.1

Self interference (crosstalk)

The wireless-connector system should be able to support full-duplex communication in
which the same frequency channel is used simultaneously for both transmit and receive
(i.e. bi-directional communication). The system level diagram of this system is shown
in Figure 2.11. The presence of self interference Iself or crosstalk power in the system is
introduced here.
In this work, the orientation of circular polarization (either RHCP or LHCP) is employed to realize an uplink (e.g. RHCP) and downlink (LHCP) channel for full-duplex
communication at the same operating frequency fo . The challenge is that the self (cochannel) interference severely limits the performance of the wireless connector. Depending
on the implementation type, this interference may be categorized as the co-band interference. The former will be used in the following analysis as it indicates the worst-case
implementation scenario.

For realizing duplex wireless communication, different RF components can be used as
summarized in Table 2.2. The switch can only be used with TDD (i.e. half-duplex). This
switch has to allocate the time slot for either transmit or receive one at a time, so the
data rate is halved.
The diplexer can be used with FDD. The realization of this diplexer, using the power
divider and band-pass filters, is rather complex, and each component may exhibit inherent
loss and limitation. This approach is still promising though, especially when a very large
isolation is required at the cost of halved available spectra.
The circulator can realize full-duplex communication in the same frequency. Nevertheless, the circulator needs the use of magnetic materials with accurately-known electrical
properties at 60 GHz and readily-available assembly and manufacturing technology. The
coupler and dedicated closely-spaced antennas for transmit and receive are two other
promising approaches to realize full-duplex communication.
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Table 2.2: Means for realizing duplex wireless communication.

Switch

Circulator

Dedicated antenna

Filter (diplexer)

Coupler

From this observation, the coupler-based duplexer might give some advantages. The
coupler can be realized by either a directional coupler or a quadrature branch-line coupler.
However, the directional coupler is more prone to manufacturing tolerances at mm-wave
frequencies, owing to the presence of a narrow coupling gap. The quadrature branch-line
coupler has two input ports which can be excited independently. Each port can generate
a different polarization orientation, i.e. RHCP or LHCP, and this feature applies reciprocally. This polarization orthogonality can be exploited for full-duplex implementation
where each communication direction can be assigned with a unique polarization orientation. The isolation of those ports has to be sufficiently large, in order to reduce the self
interference power Iself .
An example of the wireless-connector antenna pair using the coupler-based duplexer
(see Table 2.2) is shown in Figure 2.12. The focus of the diagram is to exemplify how
the self interference may clutter the desired signal. This self interference results from the
power generated by the local power amplifier (PA) that, while the signal power is routed
towards the antenna, some portion of it may couple to the downlink path in the local Rx.
This downlink path is terminated at the chip interface where the LNA is connected. The
generated PA power in the local Tx is relatively large (compared to the desired signal S)
and may generate the undesired self interference power Iself .
The self interference power Iself has to be suppressed as much as possible in order to
improve the signal-to-interference ratio due to the self interference SIRself . In addition to
that, in this wireless-connector application where the use is for both directions, how much
PA power is applied will not help the resulting signal-to-interference ratio SIRself at the
remote Rx if both communication directions are intended to perform equally. Therefore,
the important factor here is that the isolation between the Tx and Rx ports has to be
maximized. In this Dissertation, several antenna designs will be proposed, manufactured,
and validated through measurement in order to realize the antenna with a large Tx-Rx
port isolation.
For instance in Figure 2.13, an RF system with a 20-dB Tx-Rx isolation and 8-dB
transmission loss leaves an SIRself = 12 dB (= isolation − transmission loss) for the
receiver at Node 1 to detect the received signal with a specific sensitivity requirement.
Based on the theoretical BER of QPSK modulation, this 12-dB SIRself can support a
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Figure 2.12: Example of the wireless-connector antenna pair using the branch-line coupler. Port 1 and
port 3 denote the local Tx and remote Tx, respectively.
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Figure 2.13: RF-channel illustration of the corresponding received signal S (in blue) and self interference
Iself (in red) at, for example, Channel 3. The transmitted power Pin (= 0 dBm) could be arbitrary and
will lead to the same SIRself . Given the modulation and BER, the required isolation is 20 dB for the
transmission loss of 8 dB (refer to Table 2.1(a)).
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R int

Iext
S
R

Short-range wireless system
Figure 2.14: Block diagram of wireless-connector system in the presence of an (external) interferer. I ext
is the average (external) interference power at the receiver Rx.

signal detection with BER = 10−8 . Because of the constant LOS condition and very
short communication distance during the operation, a 100-% availability, i.e. no outage
probability, is assumed. For the case of QPSK with BER = 10−7 , the isolation of at
least 19 dB is required. For the case of non-coherent OOK, the isolation should be 3 4 dB larger. Note that this value leaves no signal-to-interference ratio margin SIRmar .
Thus, the antenna system with a larger isolation (e.g. 30 dB), whenever it is possible, is
preferred. In this work, the minimum required isolation is 20 dB.
2.4.1.2

External interference

The location of the interferer is considered relatively far away from the wireless connector.
The induced interference can be originating from interfering WiGigTM devices in the
common propagation environment. In addition to that, the aggressor can also be from
another identical wireless connector. Out-of-band interference will be unlikely, because
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Table 2.3: Average path-loss model parameters [36].

Polarization
Linear
Circular

P L(R0 ) [dB]
45.47
49.76

n
1.92
1.61

most of the devices are assumed to operate in the 60-GHz ISM band. This favorable
condition will not be the case when the 60-GHz application shares a common environment
with the 76-GHz radar/automotive application.
The WiGigTM device as an interferer will be discussed first. The illustration of this
scenario with an interferer is depicted in Figure 2.14. The distance of that aggressor Rint to
the victim connector is larger as compared to the distance between communicating wireless
connectors, R. The path-loss model to predict the power of the intercepted interference
signal will be used. In order to generalize Eq. (2.29) for a multipath environment, the
mean-path-loss model is required. Neglecting the shadowing component for a zero-mean
Gaussian distributed random variable, the log-distance average-path-loss model is given
by:


Rint
P L(Rint )[dB] = P L(R0 )[dB] + 10 · n · log10
,
(2.31)
R0
where P L(R0 )[dB] is the average path loss at a reference distance R0 (usually one meter),
P L(Rint )[dB] is the average path loss for the interference distance Rint , and n is the average
path-loss exponent. The R0 should be obtained at the farfield distance of the involving
antenna. The parameter n depends on the (multipath) propagation environment, such
as line-of-sight (LOS) or non-LOS (NLOS) condition, and the used antenna. The value
of n implies how fast the path loss increases with the distance. In case for free-space
propagation, n = 2.
Table 2.3 summarizes the average path loss at the reference distance P L(R0 ) and the
average path-loss exponent n. Based on this, a figurative summary of the average path loss
P L for different n is shown in Figure 2.15. As can be seen in Table 2.3, the polarization
has to be considered here because it influences the obtained model parameters. For
LOS condition and circular polarization (CP), n = 1.61. For similar LOS condition and
linear polarization (LP), n = 1.92. Those values are obtained from empirical data and
measurement campaigns in an indoor environment by Fryziel et al. [36]. The n value less
than 2 implies that the indoor propagation appears to be like a guided-propagation effect.
Reflections on the wall, ceiling, and floor facilitate that guided propagation. This effect
is also due to the fact that the 60-GHz wave hardly penetrates those walls improving the
frequency reusability.
From Figure 2.15, we can also observe that the interference with CP up to the distance
of around 10 meters will be more attenuated than the one with LP. For distances Rint >
10 m, the interference with LP is more attenuated. Therefore, it can be concluded that for
the same distance, the LP interferer will produce more interference power at the victim
connector than the CP interferer will produce. This statement applies for distances Rint
< 10 m. The interfering WiGigTM device typically utilizes LP and is placed further away
than 1 meter. For instance, at the distance Rint of 1 meter, the average path loss P L is
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Figure 2.15: Average path loss P L for different n at fo = 61 GHz. n = 1.92 and 1.61 correspond to LP
and CP, respectively.

45 dB. Only if the WiGigTM device uses CP, the average path loss P L can be 50 dB. A
larger path loss for the WiGigTM device means a lower interference power in the victim
receiver of the wireless-connector communication system.
A wireless connector can also co-exist with other wireless-connector systems. This
interfering wireless connector also utilizes CP and could be placed closer than 1 meter.
For example, at the distance of 10 cm, the average path loss P L is then 35 dB.
The mentioned discrepancy between the usages of LP and CP can be explained by
the fact that CP tends to cancel the odd-times reflected rays for small distances, i.e. <10
m [37]. This effect mainly occurs after single reflection in which the reflected ray is still
considerably strong. For odd-times reflection, the RHCP ray will be emitted as the LHCP
ray after the reflection occurs. The resulting path loss for small distances can be observed
in Figure 2.15. On the other hand, at larger distances, a large amount of reflection is not
extra attenuated because of the dominance of the even-time reflected rays. In that way,
the use of CP will magnify the aforementioned guided-propagation effect.
To calculate the received interference power, a similar analysis as the link budget
analysis can be performed, but now with the Tx power Pin from the WiGigTM device
(interferer). Here, an LP interferer (thus n = 1.92) and LOS condition are assumed.
The used LOS condition is to justify that the interferer’s radiation is pointing towards
the victim antenna as though the worst-case condition (also i.e. no blockage and 100-%
availability) is assumed. The (high-gain, e.g. 15 dBi (>10 dBi)) antenna of the wireless
connector (i.e. victim) is not pointing towards this interferer. Hence, as shown in Table
2.4, the antenna’s SLL (e.g. at θ = 40◦ ) is used in this analysis, e.g. −13 dB (<−10
dB). Therefore, the antenna gain is 2 dBi at θ = 40◦ . The wireless connector uses a CP
antenna, thus a 3-dB reduction in the received signal is also taken into account.
Comparing the calculated received signal power S from Table 2.1(a) and average (external) interference power I ext from Table 2.4 results in the average signal-to-interference
ratio SIR of 30 dB. Also, note that this value is calculated for a Tx-Rx separation R = 1 m.
Similar to the calculation of the noise-limited system, the average signal-to-interference
ratio margin SIRmar is SIR −SIRreq = 19 dB (for QPSK with BER = 10−7 ), where
SIRreq is assumed to be equal to SN Rreq and can be found in Figure 2.10. However, for
the case of a WiGigTM aggressor at the distance of 10 cm with similar conditions, only
11-dB average signal-to-interference ratio SIR is secured (i.e. SIRmar = 0 dB).
For the case of the wireless-connector aggressor at the distance of 10 cm, the obtained
SIR is 16 dB, which is 5 dB larger because of the larger path loss for the case of circular
polarization at close distances, but without the 3-dB polarization loss. It is assumed for
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Table 2.4: Link budget analysis for the impact of an interfering WiGigTM device at the receiver side of
the wireless connector. I ext is the average (external) interference power at the receiver Rx. The analysis
is taken for the operating frequency, fo = 61 GHz.

Parameter

Value

Tx power Pin

15 dBm

Total
(avg.) interference
power
15 dBm

Tx antenna gain
Gt

8 dBi

23 dBm

(Average) path
loss P L

∼45 dB

−22 dBm

Rx antenna gain
Gr

−1 dBi (= 2
− 3)

I ext = −23
dBm

Description

Typical value from the
manufacturer
Typical antenna of the
WiGigTM device, not a
phased array antenna
Assumed distance = 1
meter (see Figure 2.15 for
n = 1.92)
Assumed incoming angle at
θ = 40◦ and 3-dB
polarization loss

the worst case that the used CP direction for both the aggressor and victim is the same.
From the SIR calculation in Table 2.4, it can be observed that the interference signal
power undergoes a reduction of 38 dB (comparing Pin and I ext ). This reduction is apparently larger as compared to the required reduction introduced by the Tx-Rx isolation,
i.e. 20 dB, of an antenna. For instance, achieving 38-dB antenna isolation is obviously a
challenging task. Hence, this wireless-connector system is more self-interference-limited
than external-interference limited. Note that the isolation (in dB) is the negative of self
interference.
In this work, the proposed antenna system should be able to support full-duplex
wireless communication at the same frequency. Therefore, investigating various antenna
structures is required. As discussed earlier, the system immunity from self interference
(crosstalk) can be improved by enhancing the port-to-port isolation. The designed antennas are proposed using several techniques where the isolation ranging from 20 dB up to
30 dB can be obtained. Moreover, the system immunity from external interference can
be improved by controlling the farfield sidelobe pattern of the antenna. The discussion
on the antenna design and technique will be further elaborated in next chapters.
In addition, another technique to remove the (co-channel) self interference is the cancellation in the analog domain as proposed in [38–42]. In the digital domain, the compensation technique targets more mitigation of co-band and out-of-band interferences. For
instance, [43] reports the alleviation of interference in multimode transceivers, particularly
in the digital domain. The focus in this work is to reduce the self interference or cross
talk in the antenna domain.

2.4.2

Total Signal-to-Interference-Noise Ratio (SINR)

The combined signal-to-interference ratio SIR and the signal-to-noise ratio SN R will
be discussed to assess the performance if both the interference and thermal noise are
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present at the input interface of the receiver chip. In this work, the desired signal and
the interference are not correlated. Likewise, the interference and noise are also not
correlated. The interference here is the combined self and external interference. The
combined signal-to-interference and noise ratio is given by:
S
,
(2.32)
I +N
where S and I are the signal power and interference power, respectively. Furthermore,
SIN R =

SIN R =

(S/I)

−1

1
,
+ (S/N )−1

(2.33)

or, equivalently,
SIN R =



1
1
+
SIR
SN R

−1

(2.34)

.

Similarly, if nint identical sources of the external interference Iext , e.g. interfering
WiGigTM devices, and self interference Iself are also taken into account using:
1
1
1
=
=
S/
S/
SIR
I
(I1 + I2 + . . . + Inint + Iself )
=

1
nint Iext Iself
=
+
,
S/
S
S
(nint Iext + Iself )

Eq. (2.34) becomes:
SIN R =

1
1
+
+
SIR
SIRself
SN R

n

int

−1

.

(2.35)

Identical sources indicate that their distance, channel condition, EIRP, and oblique incident angle of the signal towards the victim are essentially similar. This is also a sufficient
condition for superposition of interferences at the victim. In addition to that, the noise
and interference(s) are independent. Taking these parameters into account, the capacity
or spectral efficiency Cs (bits/s) is then given by the well-known Shannon formula:
Cs = B · log2 (1 + SIN R) ,

(2.36)

where B is the bandwidth.
In the presence of the interference, the capacity of the system will be further reduced compared to the capacity associated only with the thermal noise. Knowing that
the wireless-connector system is interference-limited, the maximum obtainable capacity
is, as consequence, limited by the interference, particularly the self interference. The
self interference is dominant because of the limited isolation between Tx and Rx path in
a wireless-connector node. Another interesting capacity formula for interference-limited
channel is proposed by Gabor in [44]. For interferers with non-identical distances, its
interference calculation can adopt a similar calculation for sectoring-based wireless communication in [45].
Based on Eq. (2.35), the performance evaluation of the wireless-connector system will
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(a)

(b)

Figure 2.16: (a) Calculated SIN R for different aggressor’s antenna gain and number of identical aggressors nint . The tip-to-tip rod distance dtip = 5 mm. (b) SIN R for various dtip and nint (aggressor’s Tx
gain = 8 dBi). For both scenarios, the following parameters are used: Operating frequency fo = 61 GHz,
channel bandwidth B = 2 GHz, Rx noise figure F = 19 dB, Tx power Pin = 15 dBm (both wireless
connector and WiGigTM aggressor), wireless-connector Tx/Rx antenna gain Gt/r = 15 dBi (with SLL
= −13 dB), and aggressor distance Rint = 1 m. The external interference (but no self interference) is
included in this analysis.
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Rint
(a)

(b)

Figure 2.17: (a) Calculated SIN R for varying nint and Rint . The external interference (but no self
interference) is included in this analysis. (b) SIN R for some signal-to-(self)-interference ratio SIRself
and nint (aggressor distance Rint = 1 m). Both self and external interferences are now taken into
account. For both scenarios, the following parameters are used: Operating frequency fo = 61 GHz,
channel bandwidth B = 2 GHz, Rx noise figure F = 19 dB, Tx power Pin = 15 dBm (both wireless
connector and WiGigTM aggressor), wireless-connector Tx/Rx antenna gain Gt/r = 15 dBi (with SLL =
−13 dB), aggressor’s Tx gain = 8 dBi, and tip-to-tip rod distance dtip = 5 mm. The corresponding SN R
calculated from these parameters is 69 dB.

be presented. Here, the average value of the signal-to-interference ratio or SIR will be
used. Figure 2.16(a) shows that the interference completely dominates the noise in the
evaluation of the system’s SIN R. For dtip = 5 mm, the obtained SN R is 69 dB (as
discussed in Table 2.1(c)). The fact that the interference is dominating the noise can be
seen from the coincident SIN R and SIR traces in the case of the aggressor’s gain = 8
dBi, even when nint = 1. It can be seen that with increasing aggressor’s antenna gain, the
average SIN R reduces (in dB) linearly with the gain variation. These available SIN Rs
can be used to determine the BER for chosen modulation techniques as is in Figure 2.10.
For instance, for 50 aggressors at the distance of 1 m, each 8-dB gain, a BER = 8 × 10−7
for non-coherent OOK can still be achieved.
Figure 2.16(b) summarizes the system’s SIN R for different distances between the
communicating wireless-connector pair. The targeted application does not require a distance dtip of more than 20 cm. For instance, assuming that the required SIN R is 12 dB,
and nint is 4, the full-duplex operation can be supported for dtip up to 10 cm only. Beyond
this distance, FDD or TDD scheme needs to be employed for implementing bi-directional
communication.
In Figure 2.17(a), SIN R is shown for a fixed tip-to-tip rod distance dtip = 5 mm while
Rint is varied from 10 cm to 1 m. Regardless Rint , SIN R for nint = 1 is approximately
10 dB larger than SIN R for nint = 10. The SIN R calculation in Figure 2.17(b) includes
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Table 2.5: Design requirements of the gigabit wireless-connector system.

Parameter
Input impedance Zin
−10-dB impedance
bandwidth
20-dB isolation
bandwidth
Antenna gain
HPBW
SLL
Polarization
RCS
Communication scheme
Cost
Data rate
Dimensions
Lateral misalignment
tolerance
Tilt or yaw tolerance
Communication distance

Value
100 Ω (differential)
9 GHz (whole ISM band), 57 - 66 GHz
9 GHz
>10 dBi
<30◦
<−10 dB
Circular polarization with AR < 3 dB
<−30 dBsm
Full duplex
Moderate (industrial application area)
>1 Gbps
Small (Lateral dimensions <12 mm; axial height
≤20 mm)
>10 % of the housing diameter
<30◦
5 mm

the impact of the self interference in addition to the external interference, using Eq. 2.35.
Clearly, the influence of the thermal noise is insignificant (thus SIN R ≈ SIR), but the
number of external co-channel aggressors has considerable impact in determining SIN R,
especially if SIRself is larger which exhibits a steeper slope for the first ten aggressors.
To conclude, SIN R is dramatically reduced if there is at least one (co-channel) external interference (see Figure 2.16(a)). The interfering devices (e.g. nint = 10 identical
nodes) should not be placed Rint < 1 m to ensure SIN R > 20 dB. This means each
interfering power will undergo the average path loss P L > 40 dB. Furthermore, if there
is (co-channel) self interference, it will further limit the system (see Figure 2.17(b)). A
high-isolation antenna is required here to suppress the self interference power Iself . As
discussed earlier in Section 2.4.1.1, an isolation ≧ 20 dB is required. Depending on the
received signal strength S (i.e. high-gain antennas are also required), even larger isolation
might be required (see Figure 2.13).

2.5
2.5.1

System requirements
Wireless-connector application

Based on the link-budget and interference analyses, the design requirement will be presented and summarized here. The requirements of the gigabit wireless-connector system
are based on the system analysis of the previous sections and are summarized in Table
2.5. The sub-system requirements are shown in Figure 2.18.
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Figure 2.18: Typical sub-system requirements of the gigabit wireless-connector system.
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Table 2.6: Design requirements of the multibeam antenna.

Parameter
Input impedance Zin
−10-dB impedance
bandwidth
Antenna directivity
HPBW
Array-element coupling
Scan range
Gain deviation for each
beam
Communication distance

2.5.2

Value
50 Ω
7 - 9 GHz
>10 dBi
<30◦
<−30 dB
Large scan range with a uniform performance for
every scan angle
<3 dB
10 m

Multibeam application

In Table 2.6, the requirements of the antenna for multibeam applications are listed. In this
case, the dimensions of the antenna are less stringent compared to the antenna dimensions
for the wireless-connector application. However, the antenna with a large scan range
and a uniform radiation characteristic (e.g. directivity, SLL, and Half-Power Beamwidth
(HPBW)) is required.
The required sensitivity Psens is −55.8 dBm for QPSK modulation with BER = 10−7
[6]. From Figure 2.15, the average path loss for the distance of 10 m is 65 dB. With
Pin = 15 dBm, for Tx and Rx antennas with realized gain of 0 dBi, the communication
system has SN Rmar of 5.8 dB. To improve this margin, the antenna gain can be increased.
Nonetheless, the focus of this work is to create an antenna with a large scan range and
uniform radiation characteristic.

2.6

Antenna selection

The essential antenna parameters have already been summarized in Tables 2.5 and 2.6.
Tables 2.7 and 2.8 summarize several antenna concepts that we have investigated for the
wireless-connector application. The antenna structure such as dipole (turnstile for circular
polarization) has been investigated but is not included here due to its limited axial-ratio
bandwidth. A comparison in terms of its bandwidth, radiation, and circular-polarization
performance is detailed in Tables 2.9 and 2.10. More detailed information about each
antenna’s characteristic and analysis can be found from the provided references.
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Table 2.7: Dimensions of the simulated 60-GHz antennas in Tables 2.9 and 2.10: Part I.

Archimedean spiral. Dimensions [mm].

Square spiral. Dimensions [mm].

d1 = 8.6
d2 = 0.52
d3 = 0.26
Nturns = 3.5

d2

d3
d2

d3

d1

d1

2 × 2 patch array. Dimensions [mm].

d1
d7
d9

d2

d6
d3
d8

d4
d5
d10

d1 = 3.38
d2 = 0.18
d3 = 0.09
Nturns = 4

Conical log-spiral. Dimensions [mm].

d1 = 3.84
d2 = 3.84
d3 = 0.17
d4 = 0.19
d5 = 0.9
d6 = 1.9
d7 = 1.5
d8 = 1.81
d9 = 0.03
d10 = 0.2
er = 2.2
tan = 0.002

er,

Quadrifilar helix. Dimensions [mm].

d1
d2

d1 = 0.75
d2 = 1.5
d3 = 2.6
d4 = 0.055
d5 = 0.027
Nturns = 1.1

d1

d5
d4
d3

Monofilar helix. Dimensions [mm].
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Table 2.8: Dimensions of the simulated 60-GHz antennas in Tables 2.9 and 2.10: Part II.

Truncated patch. Dimensions [mm].

d2
d1
ltrunc
d4
d5

d3

d1 = 1.36
d2 = 1.36
d3 = 0.82
d4 = 0.035
d5 = 0.146
d6 = 0.06
ltrunc = 0.1
er = 3.16
tan = 0.002

Dual edge-fed patch. Dimensions [mm].

d1
d2

d5
d6
d8

d4

d9
d6

d1 = 1.92
d2 = 1.92
d3 = 1.09
d4 = 1.09
d5 = 0.060
d6 = 0.060
d7 = 0.292
d8 = 0.292
d9 = 0.075
er = 1.5
tan = 0.002

d3 d7

er,

er,

Conical horn. Dimensions [mm].

d4

d3

d1
d2
d3
d4

=
=
=
=

Dielectric rod. Dimensions [mm].

5
4.64
3.48
11.16
er,

d3
d1

d6
d2

d2
d5
= 2.13
tan = 0.0005

d4

d1

d1
d2
d3
d4
d5
d6

=
=
=
=
=
=

2
3
6
7
12.5
0.5

Figure 2.19: Simulated gain pattern of the axial-mode helix antenna in the 90◦ -plane.

Waveguide-fed
conical horn

Dual edge-fed
patch

Truncated
edge-fed patch

Open-ended
quadriﬁlar
helix

Monoﬁlar
helix

Antenna type











Structure

11.2 ×
11.2 ×
9.6

5.8 ×
5.8 ×
0.08

2.8 ×
4.4 ×
0.06

1.5 ×
1.5 ×
2.6

5×5×
20

Z: 754 Ω,
wideband

1.6 %

1.8 %

6.2 %

Zin : 140 Ω,
wideband

Bandwidth
Dimensions
(fc : 60
[mm3 ]
GHz)

14.5

8.5 at θ =
0◦

6.1 at θ =
0◦ ;
(cross-pol.)
−10.2

5.3;
(cross-pol.)
−77.8

14.6;
(cross-pol.)
−12.6

(realized)
Gain [dBi]

29.4◦ ;
(90◦ -plane)
34.3◦

69◦ ;
(90◦ -plane)
72◦

87◦

(both planes)
120◦

(both planes)
29.2◦

HPBW
(0◦ -plane)

(both planes)
−19

−32;
◦
(90 -plane)
−21

−18.9;
(90◦ -plane)
−14.2

No SLL

(both planes)
−9.5

SLL (0◦ -plane)
[dB]

Septum
needed

127◦ ;
(90◦ -plane)
80◦

157◦ ;
(90◦ -plane)
14◦

(both planes)
210◦

(both planes)
45◦

3-dB axial
ratio BW
(0◦ -plane)

[50]

[49]

[48]

[47]

[46]

Further
ref.
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Table 2.9: Simulated antennas (fo : 60 GHz) for antenna selection: Part I.

Dielectric rod

Conical
log-spiral

Square spiral

Archimedean
spiral

2-by-2
rectangular
patch array









90 -plane
0 -plane



Structure

°

°

Antenna type

3×3×
20

3.1 ×
3.1 ×
11.1

3.4 ×
3.4

8.6 ×
8.6

7.8 ×
9.6 ×
0.2

6%

14.7

6.4;
(cross-pol.)
−21

4.3;
(cross-pol.)
−10.5

Zin : 188 Ω,
ultrawideband

Zin : 200 Ω,
wideband

6.2;
(cross-pol.)
−14

12.9

(realized)
Gain [dBi]

Zin : 188 Ω,
ultrawideband

3%

Bandwidth
Dimensions
(fc : 60
[mm3 ]
GHz)

29◦ ;
(90◦ -plane)
28.7◦

(both planes)
105◦

(both planes)
79◦

(both planes)
66.7◦

35.1◦ ;
(90◦ -plane)
33.3◦

HPBW
(0◦ -plane)

−12.8;
(90◦ -plane)
−11.7

(both planes)
−33

No SLL but
back lobe due
to no ground
plane
No SLL but
back lobe due
to no ground
plane

−13.8;
(90◦ -plane)
−5.8

SLL (0◦ -plane)
[dB]

CP excitation
needed

150◦ ;
(90◦ -plane)
144◦

112◦

(both planes)
84◦

CP patch
element
needed

3-dB axial
ratio BW
(0◦ -plane)

[55]

[54]

[53]

[52]

[51]

Further
ref.

2.6. Antenna selection
39

Table 2.10: Simulated antennas (fo : 60 GHz) for antenna selection: Part II.
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Figure 2.20: Simulated axial ratio of the open-ended quadrifilar helix antenna for both principle planes.

2.6.1

Helix antenna

The monofilar (axial-mode) helix antenna is grouped into the class of endfire antennas. As
in other endfire antennas, this antenna has a directive gain pattern exemplified in Figure
2.19. Occupying the available space with a height of 20 mm, this antenna can achieve
a 15-dBi gain with 45◦ 3-dB AR beamwidth. The SLL is consistent in both principle
planes, yet it is slightly inferior to the rod antenna. However, unlike the rod antenna, this
antenna is inherently a circular polarizer.
Another type of helix antenna is the normal-mode helix antenna, in this case (openended) quadrifilar helix antenna. The typical minimum HPBW of this helix antenna is
between 100◦ and 120◦ , while its typical maximum HPBW can be up to 170◦ . Circular polarization is obtained at least for the whole upper hemisphere. However, its broad HPBW
explains that this antenna is not suitable for the application where a high-directivity
antenna is required. The polarization purity, beam shape, and input impedance are determined by the axial length of the helix and the number of turns. The diameter and axial
length of the helix determine the operating frequency of the antenna. The polarization
of the antenna can be controlled by changing the handedness of the helices or the port
phase of the wire elements. The three-quarter-wavelength helix is suitable for generating 50-Ω input impedance without an additional matching network. Additional notes for
this antenna concerning its complexity are, a.o. dimensions are limited by the required
input impedance, four ports for feeding the antenna are required, and the realization of
interconnection to those port is a major challenge at 60 GHz.
The circular polarization performance of this quadrifilar helix antenna is not prone
to the variation of the phase difference between the waves from those four ports. This
benefit is at hand because the helix shape is inherently generating the radiation with
circular polarization. Analogous to the sequentially rotating antenna, this quadrifilar
structure intends to enhance the cross-polarization performance and widen the axial-ratio
bandwidth. Another type of this quadrifilar helix is the short-ended version, discussed
further by Mansor et al. [56].
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9 dB
30◦

◦

6
−60

◦

60◦
3

−90◦

90◦

(a)

(b)

Figure 2.21: Simulated axial ratio at 60 GHz of the truncated edge-fed patch antenna: (a) 0◦ -plane and
(b) 90◦ -plane.

Figure 2.22: 0◦ -plane axial ratio at 60 GHz: Variation of the truncation length ltrunc . Detailed dimensions
can be seen in Table 2.8.

The manufacturing challenge at 60 GHz is an inherent issue here since the helical construction of the wire elements is prone to manufacturing tolerances. A potential technique
to fabricate this antenna is by printing the planar structure on a flexible PCB and rolling
the PCB to shape the helix structure.

2.6.2

Patch antenna

The patch antenna is a low-profile antenna and has a small-form factor. Because of that,
patches can be used to build a compact array for 60-GHz application. Several promising
antenna structures are discussed here with its potential to generate circular polarization.
First, circular polarization can be obtained by trimming the ends of the opposite
corners of a square patch [48]. This truncated edge-fed circularly polarized patch antenna
is notorious for the reduced performance bandwidth, mainly limited by the axial-ratio
performance. While the impedance bandwidth from the simulated antenna structure
(dimensions are detailed in Table 2.8) is 2.5 %, typically the axial-ratio bandwidth can
be as low as 0.5 %. From the parametric study, the increased substrate height can
dramatically reduce the axial ratio performance, mainly due to the increasing fringing
fields. This simulated antenna uses the 60-µm Liquid Crystal Polymer (LCP) substrate
with εr = 3.16 and tan δ = 0.002 at 60 GHz.
Figure 2.21 shows the simulated axial ratio for both principle planes. In one plane,
a good axial ratio (i.e. AR < 3 dB) can be obtained for almost the whole hemisphere,
whereas for the plane that is coincident with the feed line, the 3-dB AR beamwidth is
only maintained for 20◦ . Investigation on the sensitivity of the truncation dimension is
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Figure 2.23: Active S-parameters, i.e. F-Parameters [14], of the dual edge-fed patch antenna. Detailed
dimensions can be seen in Table 2.8.

90°-plane
0°-plane

(a)

(b)

Figure 2.24: Simulated gain pattern at 60 GHz of the dual edge-fed patch antenna: (a) 0◦ -plane and (b)
90◦ -plane.

summarized in Figure 2.22. It can be seen that a good axial ratio is only obtained for
truncation length ltrunc between 0.1 mm and 0.13 mm. Besides, this circular polarization
has a very narrow bandwidth (i.e. 0.5 %), giving no room for manufacturing tolerances.
Other related approaches to generate CP include (1) nearly square patch [57], (2) nearly
circular (or elliptical) patch [58], and (3) circular patch with indentations [59]. They are
all narrowband CP antenna, with 3-dB AR bandwidth between 0.5 and 0.6 %.
The last approaches use one feed line to excite the patch antenna. Next, the patch antenna will be excited by two feed lines in order to generate CP (dimensions are detailed in
Table 2.8). Wideband circular polarization can be generated by exploiting this technique.
For interpreting the S-parameters of this dual edge-fed patch antenna, F-Parameters
are used instead of S-parameters because of the simultaneous excitation of two ports at
once [14]. F-Parameters are defined as the active S-parameters. Basically, F-Parameters
are similar to S-parameters in the sense that they describe the ratio of the outgoing
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Mitered corner

(a)

(b)

Figure 2.25: (a) Planar configuration for the 2-by-2 patch antenna array. (b) Simulated gain pattern of
the array for both elevation and azimuth angles. Detailed dimensions can be seen in Table 2.8.

and incoming waves. However, for F-Parameters, the outgoing waves are generated from
more than one incoming stimulation. The outgoing waves of all excited ports are though
normalized to their own incident waves. The F-parameters of the antenna are shown in
Figure 2.23. The impedance of the antenna is relatively narrow namely 1.6 %, yet unlike
the truncated patch antenna, in this case the whole bandwidth exhibits a high quality of
CP with AR < 3 dB. Important to note is that the CP performance of the dual edge-fed
patch antenna is prone to phase difference variance between the two exciting degenerated
modes. The simulated CP gain pattern of this antenna is depicted in Figure 2.24. Note
that the pattern maximum is slightly off the broadside direction, and a wide HPBW is
observed.
The stand-alone patch antenna cannot fulfill the criterion of high directivity (i.e. > 10
dBi) and low sidelobe level (i.e. SLL < −10 dB). Hence, the array version of this antenna
is also investigated. The substrate used for this simulated antenna is a fibre-reinforced
teflon which has the εr = 2.2 and tan δ = 0.002. The substrate thickness is assumed
to be 200 µm. Lower εr than the one of the LCP substrate is desired in order to allow
the realization of the high-Zo microstrip line with an easy-to-manufacture width for the
given substrate height. The relationship between εr and Zo can be seen in Eq. (A.1.2) in
Appendix A.
The gain pattern of the patch antenna array is shown in Figure 2.25(b). The worst
SLL is −5.6 dB which occurs at θ = 60◦ for φ = 270◦ . This large SLL is attributed to
the presence of the feed network’s discontinuities which predominantly exist in the array
topology as seen in Figure 2.25(a). It can be seen that it is not easy to realize a symmetric
pattern across the azimuth angles. One of the possible causes, namely the co-layer feed
network, might cause this. As the SLL (<−10 dB) is a major requirement for the wirelessconnector application, this array design still needs to be refurbished. Another challenge is
to improve the structure to generate radiation with circular polarization. A narrowband
approach by means of feeding the antenna element with two feeds in this array structure
might be feasible [60]. However, the isolation between the ports is only 17 dB.
To reduce the effect of the feeding network in the antenna radiation, the co-layer feed
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network needs to be avoided. Using EM coupling for feeding the patch antenna, the feed
network can be positioned in the middle layer of the metal stack. Another technique is
aperture coupling which is successfully demonstrated by Akkermans et al. [61]. A wider
bandwidth can be obtained when two resonators (slot and patch) have a different but
closely spaced resonance. Reflectors are introduced to reduce the typical drawback of
such aperture-coupling patch antennas, namely back radiation [62]. The only drawback
of this structure is that more separated copper layers are needed to realize the patch,
slot, feed line, and reflector. This multilayered fabrication limits the bending capability
of the flex substrate, and more layers will increase the production cost of the structure.
Moreover, the Radar Cross Section (RCS) of the patch antenna using the slot is inherently
larger (than the RCS of using the patch(es) only) because to realize the slot, an electrically
large copper area is needed. For the wireless-connector application, multiple reflections
between the connectors should be eliminated as will be discussed in Chapter 6.
Since the patch antenna is inherently narrowband, the impedance bandwidth needs
to be enhanced. Increasing the thickness of the dielectric substrate can improve the
bandwidth, but the production cost will also increase. Therefore, different techniques
need to be investigated. The wideband antenna can usually be realized using the shape,
such as pair of internally tangent circles [23]. This type of structure is easily realized
in the planar structure. However, to generate circular polarization along with a stable
impedance in such structure demands more advanced design, and if it is, the structure may
be prone to manufacturing tolerance. Finally, a sequentially-rotated patch antenna array
is another elegant technique to achieve a wideband 3-dB CP bandwidth while increases
the directivity [63].

2.6.3

Horn antenna

The structure and dimensions of a conical horn antenna can be seen in Table 2.8. The
cylindrical waveguide as the feeding technique for this horn gives an extra length of about
5 mm. From the simulated result, to realize 18-dBi gain, a total length, i.e. flare and
waveguide length, of 19.7 mm is needed. Nonetheless, the required flare diameter to
achieve this performance is 17.4 mm which is larger than the specified lateral dimensions
for the 12-mm form factor wireless connector. As a consequence, this antenna for the
wireless-connector application is (flare) diameter-limited. Eventually, from the simulated
result, the flare diameter of 11.7 mm (< 12 mm) with the total length of 10.4 mm can
support antenna performance with 14.5-dBi gain, as reported in Figure 2.9. The obtained
HPBW for these optimized dimensions is 30◦ . To have a uniform radiation characteristic
for azimuthal angles, a corrugated conical horn antenna can be used [64]. The corrugated
horn antenna also exhibits a reduced diffraction effect at the flare edge. To excite circular
polarization, a septum can be used as loading in this horn antenna [65].
The presented gain and HPBW of the horn antenna are similar in performance as
the selected dielectric rod antenna. The major advantage of the rod antenna is that its
diameter is much smaller than the horn’s flare in a way that more space is still available
for other purposes. Moreover, the RCS of the dielectric rod will be lower than the RCS
of the horn antenna which is mainly made of metallic material.
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(a)
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(b)

Figure 2.26: Simulated axial ratio of (a) the Archimedean spiral antenna and (b) the square spiral antenna
over a wide frequency band swept for elevation angles in the 0◦ -plane. The axial ratio in the 90◦ -plane is
similar to the result in this azimuth plane due to the structural symmetry. The structures and dimensions
can be seen in Tables 2.7 and 2.10.

Figure 2.27: Comparison of the simulated reflection coefficient for different spiral antennas. The corresponding structures are depicted in Table 2.7.

2.6.4

Spiral antenna

The family of spiral antennas will be discussed and compared in terms of their merits.
For the spiral antenna, a high input impedance Zin is inevitably required [52, 54, 66]. A
very narrow metal width is needed to obtain the low input impedance. For example,
for the simulated structures with dimensions detailed in Table 2.7, the Archimedean and
square spiral antennas need 188-Ω input impedance. Also, the simulated conical logspiral antenna needs Zin = 200 Ω. This requirement leads to the use of an impedance
transformer or matching which usually limits the impedance bandwidth of the antenna
system. Essentially, the spiral antenna itself is categorized as an ultra-wideband antenna
and inherently exhibits circularly polarized radiation (see Figure 2.26). Symmetry is
maintained for both axial ratio and gain pattern, which is an important characteristic for
the wireless-connector applications.
This designed Archimedean spiral antenna maintains its realized right-hand circularly
polarized gain above 5.5 dBi from 38 GHz up to 100 GHz. Its axial ratio is kept below 3
dB from 13 GHz to 75 GHz. A similar quality is also found in the square spiral antenna.
This makes this antenna a good candidate if it is combined with a director to improve
the directivity.
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A summary of the impedance bandwidth of different spiral antennas is shown in Figure
2.27. Note that the results are normalized to their respective typical input impedance mentioned in Table 2.10. The conical log-spiral antenna performs less in terms of impedance
bandwidth compared to the other two antennas. However, this antenna is superior in
terms of its low cross polarization.

2.6.5

Dielectric rod antenna

The rod antenna is categorized as an endfire antenna [67]. The whole structure of the rod
mainly consists of dielectric material. In this case, the cross section of the rod has a circular
shape, i.e. the rod consists of a conical and cylindrical section. This shape gives benefits
such as easy to manufacture and suitable for circular polarization. Different shapes such
as dovetail and arbitrary have been reported in [68,69] and [70,71], respectively. Instead of
acting as a resonator, this dielectric antenna guides the wave along the rod’s axial length
before the wave is radiated to free-space. A high gain and directive radiation pattern can
thus be obtained with a proper design.
Another advantage of the dielectric-based antenna for very-short-range application
is its low RCS. The scattering of the wave signal from the metallic structure is thus
suppressed. For instance, the horn antenna pair for, e.g, bridging 1-cm gap may be
limited to operate only for a narrow channel bandwidth just because of multiple reflections
between the antenna pair. A cavity resonator filter is unintentionally created. A similar
issue has been also reported in parabolic reflector applications [72]. A reduced blocking
area is expected if a dielectric rod is used instead of metallic horn.

2.6.6

Electrically small loop antenna

In addition to previous medium-gain antennas, a low-gain loop antenna for the wirelessconnector application will also be studied here. This loop antenna is a potential candidate
for the implementation at 2.4 GHz. Loop antennas are commonly classified in two categories, namely electrically small (C ≤ λ/10) and electrically large (C ≈ λ), where C is the
loop circumference [30]. For an electrically small loop, a constant current in the loop is
preserved. This antenna is suitable for nearfield non-contact communication. Fortunately,
the inductive coupling between the pair of such loop will give both antennas rotational
freedom, which is suitable for the wireless-connector application.
Other than being a nearfield coupler, this (electrically small) antenna is not an efficient
radiator or transmitter. Mainly because of its small radiation resistance, this antenna
has a very small radiation efficiency ηrad . Inspite of that, as a receiver the antenna is
still acceptable because the signal-to-noise ratio is the driving factor. For comparison,
the discussion for the case of the (electrically large) antenna is provided in [73]. This
(electrically large) loop antenna can have a good radiation efficiency ηrad . For instance,
in [74], the (C = λ) loop antenna has been successfully realized at 60 GHz with ηrad =
81 %.
The simulated (electrically small) loop antenna is shown in Figure 2.28. At θ = ±90◦
and broadside direction (θ = 0◦ ), the electrically small loop exhibits linear polarization. In
fact, the loop antenna directivity function is D (θ, φ) = 1.5 · sin2 θ, which implies minimum
radiation in the broadside direction [75].
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Figure 2.28: (a) Structure of the (electrically small) loop antenna, and (b) simulated axial ratio at 2.4
GHz. Due to its symmetry, the pattern applies for both principle planes.

2.6.7

Combined antenna concept

There are potential advantages when promising antenna concepts are combined. This
hybridization can create a novel antenna structure which is more robust and possesses
excellent performance. Promising antenna combination will be discussed here. From
the study and comparison in the previous sections, the dielectric rod antenna can fulfill
the design requirement for the wireless-connector and multibeam applications. In the
following, the hybridization concept to generate circular polarization using the dielectric
rod antenna will be investigated.
2.6.7.1

Dielectric rod and spiral antenna

The Archimedean spiral antenna from Section 2.6.4 appeared to be an ultra-wideband
antenna in terms of the impedance and circular polarization. On the other hand, the
dielectric rod antenna has an unrivaled flexibility when it comes to the pattern adjustment. The gain, HPBW, and SLL, to some extent, can be modified according to the
requirements. Moreover, the rod antenna has been frequently adopted for ultra-wideband
application a.o. in [76, 77]. This makes a combination of the spiral and rod antenna
promising. The pictorial view of this combined structure is shown in Figure 2.29. A
differential feed is needed to supply balanced currents in the spiral structure, and a 188-Ω
differential input impedance is required for minimum reflection. The more the spiral’s
turns are, the lower frequencies the spiral antenna can cover. In this case, the total spiral
diameter is equal to the rod base’s diameter.
The radiation characteristic of this antenna is summarized in Figure 2.30. The maximum gain that the antenna can achieve is 14 dBi which mainly occurs between 45 GHz
and 75 GHz. The structure is optimized for 60-GHz operating frequency. The HPBW is
widened for lower operating frequencies. The cut-off frequency is 13 GHz which is still
consistent with the result in Figure 2.27. This can be seen from the abrupt gain drop
around that frequency in Figure 2.30(a). The axial ratio of <3 dB is maintained from 25
GHz to 90 GHz, for large-range elevation angles θ. A backing reflector for the final design
is necessary in order to minimize the unwanted backlobe radiation.
Different approaches to create combined antennas are already reported by some authors. For instance, the aforementioned helix antenna can be used as an embedded feed
inside this rod as reported by Chen et al. [78]. Another technique for combining the rod
with an embedded planar structure is published by Adamiuk et al. [77].
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d1 = 6
d2 = 0.34
d3 = 0.17
Nturns = 3.5

d2
d3

d1
(a)

(b)

Figure 2.29: (a) Structure and (b) dimensions of the dielectric rod antenna with the spiral antenna as
the excitation element. The same dimensions of the rod as in Table 2.8 are used.

(a)

(b)

Figure 2.30: (a) Realized gain pattern of the dielectric rod antenna with the spiral antenna as the rod
excitation, and (b) its axial ratio. The simulated result is obtained for a wide frequency band and swept
for elevation angles in the 0◦ -plane.
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Dielectric rod and patch antenna with coupler

The use of the spiral antenna demands an impedance transformer in its total structure
because of its inherent high input impedance Zin = 188 Ω. Such transformer can limit
the total antenna performance. In addition to that, the PCB technology might not easily
be able to realize a line structure which exhibits such high Zo . For instance, a microstrip
line on the substrate (εr = 3.16) with the height of 0.3 mm needs to have a metal width of
9 µm in order to have Zo = 188 Ω. Because of this manufacturing reason, another hybrid
structure is needed.
The dual edge-fed patch is relatively compact in comparison to the spiral antenna
and can be easily fed from a 50-Ω transmission line. The structure also needs other
components to generate quadrature signals with equal amplitude. A minor drawback
is that the radiation pattern is slightly off-broadside direction due to the impact of the
co-surface feedlines and radiator. When it is combined with the rod, the squint of the
enhanced mainlobe will be distinct.
An attempt to enlarge the bandwidth while taking into account this squint effect in
the radiation pattern can be done by incorporating the technique of EM coupling. This
technique enables the feedlines to be constructed on the other layer below the patch
antenna. To match the feedline to the patch antenna can be done by adjusting the
length of the feed line. Such flexibility using this combined concept triggers interest to
investigate it further. More explanation and characterization about the rod antenna with
this technique will be presented in more detail in Chapter 4.

2.6.8

Final antenna concept selection

To conclude, the study and comparison of different antenna concepts have been performed.
The combined antenna concept is very promising and gives the flexibility to meet the
design requirements for the wireless-connector application in Table 2.5. The dielectric
rod with the patch antenna as the excitation to the rod is selected as the most promising
antenna concept for this application. To excite the patch itself, a quadrature branch-line
coupler is used and can generate quadrature signals for circularly polarized radiation.
The design of this antenna will be discussed further in Chapter 4. Also due to the its
concept flexibility, this coupler structure can be improved in terms of its isolation as will
be discussed in Chapter 5. For multibeam applications, the dielectric rod antenna will
also be used as an array element, due to its high directivity and low SLL. The design of
this multibeam antenna array will be presented in Chapter 7.

2.7

Concluding remarks

In this chapter, a system level analysis for the wireless-connector and multibeam communication systems is presented. The wireless-connector antenna should be able to support
full-duplex communication. To support this, the link budget and interference analyses are
performed. Based on this, the limitation of the wireless-connector application is defined
at the system level.
The limiting factor of the system is seen to be the local crosstalk or self interference.
Therefore, the study of various potential antenna structures, which can suppress this
interference, is performed. The criteria for the antenna selection emphasize antenna
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parameters such as circular polarization, isolation, and gain. The combined antenna
using a dielectric rod and a planar structure are seen to be promising. Two investigated
planar structures are the spiral antenna and patch antenna with a quadrature branchline coupler. The former inherently possesses ultra-wideband circular polarization and
impedance. However, due to its high input impedance, this spiral antenna cannot be
easily realized using PCB technology.
The use of the dielectric rod and patch antenna with the coupler gives more design
flexibility to enhance the isolation while still supports circular polarization. Therefore,
this antenna concept is selected for the wireless-connector application.
The system level analysis of the multibeam communication system has also been performed. The focus of the antenna design is to obtain a directive radiation for a large scan
range with a uniform radiation characteristic. The dielectric-rod structure is seen to be a
promising antenna concept. Hence, its design for the wireless-connector application will
be extended for this multibeam application.

Chapter 3
Non-Contact Data Communication
with Loop Antennas at 2.4 GHz
As a starting point for the wireless-connector concepts that were developed in the framework of this Dissertation, its implementation at 2.4 GHz is first described, analyzed, and
demonstrated. Some general requirements of the communication system are summarized
in Section 3.1. Some promising electrically small antennas and an introduction of nearfield
communication are then discussed in Section 3.2 and Section 3.3, respectively. The model
and design of the antenna structure are given in Section 3.4. Finally, the experimental
demonstration is provided in Section 3.5.

3.1

Requirements and system concept

Before realizing the wireless connector at 60 GHz, to gain knowledge (such as challenges
and limitations) of such applications, the antenna demonstration at 2.4 GHz will be
performed. The implementation at 2.4 GHz is mainly chosen because of its free-license
ISM band. The essential design requirements of this non-contact communication system
are shown in Table 3.1. The input impedance is based on the source impedance of the
Radio Frequency (RF) chip.
First, because the diameter of the tube housing of the wireless connector is 12 mm,
the antenna structure should be laterally smaller than 12 mm (preferably ≦4 mm, for
Table 3.1: Design requirements of the 2.4-GHz wireless-connector system.

Parameter
Input impedance Zin
−10-dB impedance
bandwidth
Communication scheme
Dimensions
Lateral misalignment
tolerance
Communication distance

Value
15 − j88 Ω (differential)
100 MHz (whole ISM band), 2.4 - 2.5 GHz
Half-duplex
Lateral dimension or diameter ≦4 mm; length
per transmitter or receiver < 150 mm
>10 % of the housing diameter (i.e. 12 mm)
At least 5 mm
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Interconnection
R
RF chip

Matching
circuit

Other
circuitries

Antenna

Antenna

Other
circuitries

Matching
circuit

RF chip

Housing tube

Figure 3.1: Block diagram of the wireless-connector system operating at 2.4 GHz. R is the distance
between Tx and Rx antennas.

Circuit
board
Encapsulating
material
Figure 3.2: Example of the encapsulation or potting process [79].

sparing the space for other functionalities of the product). Since the antenna size at 2.4
GHz is at least λg /2 (λg is the guided wavelength), where λ itself is 125 mm, various
miniaturization techniques have to be investigated. Note that λg is used here because the
use of high-εr can effectively shrink the antenna dimensions.
Another requirement regarding the antenna structure is that the system should consist of an interconnection to bypass the gap between the RF chip and the antenna (see
Figure 3.1). This gap contains other circuitries for the wireless-connector product. This
interconnection can be realized, among others, by using a transmission line.
Furthermore, the antenna pair should be able to operate over a minimum distance
of 5 mm (preferably up to 20 mm) and should support rotational freedom. Between the
antenna pair, a specific propagation medium can exist and should not hamper the transmission performance. Eventually, a matching circuit is needed in order to interconnect the
loop and the RF chip with arbitrary load impedance. The circuit is intended to create
resonant-based nearfield data communication. The half-duplex communication scheme
(i.e. only one-direction communication at a time) is targeted in this design.

3.1.1

Encapsulation material

The antenna structure, matching circuit, and other circuitries will be encapsulated by
dielectric material, in order to have an excellent thermal conductivity, hermetic seal,
flexibility after curing, flame retardancy, and environmental protection. An example of
the encapsulation or potting process is shown in Figure 3.2. Therefore, the electrical
properties of the selected materials have to be known at the operating frequencies and
should be included during optimization of the antenna performance.
As can be seen in Table 3.2, some manufacturers only provide the dielectric properties
of the corresponding material at low frequency (i.e. 50 Hz or 60 Hz) in which the properties
may not be the same at higher frequencies (e.g. 2.4 GHz). In this work, Polyurethane
resin is used. Its dielectric properties (at 3 GHz) are assumed to be similar at 2.4 GHz [80].

3.2. Literature investigation of electrically small antennas
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Table 3.2: Dielectric properties of commercially available encapsulation materials.

Dielectric
material
RobnorTM
Polyurethane
ElectrolubeTM
Polyurethane
MomentiveTM
Silicone

3.2

Relative
permittivity, εr
3.8 (@ 50 Hz)

Loss tangent, tan δ

2.9 (@ 3 GHz)

0.007 (@ 3 GHz)

3.1 (@ 60 Hz)

0.015 (@ 60 Hz)

0.04 (@ 50 Hz)

Literature investigation of electrically small antennas

Several antenna miniaturization techniques can be found in literature:
• Slow-wave structure [81, 82],
• Using composite right/left handed lines [83],
• Folding the structure [84],
• Loading the antenna capacitively [85].
The most common approach for creating slow-wave antenna structures is by employing
meander lines. However, to maintain circular polarization is still a major challenge for
the meander line. This issue is also present when the composite right/left handed line is
considered. Moreover, folding the structure can be feasible, but the action of folding the
antenna structure is counterproductive by itself when circular polarization is aimed for.
Loading the antenna (i.e. capacitively) can be very promising here.
Another possible antenna realization is by using electrically small antennas (ESA)
such as the small dipole, loop, or whip antenna which inherently have small dimensions.
Moreover, these antennas have a low radiation efficiency ηrad , so they are only suitable
for short distance communication [86]. As a result, the antenna’s radiated emission in
the farfield is low, i.e. resulting in less interference and more data security. A recent
comprehensive review of all work done on electrically small antenna limitations can be
found in [87].

3.2.1

Comparison of electrically small antenna

The relationship between the electrical size of an antenna and its potential radiation
performances have been discussed in the pioneering work by Chu in [88]. That work
focused on the linearly polarized (omni-directional) antenna and quality factor thereof.
The theoretical work was then extended for circularly polarized antenna by Harrington
in [89].
A potential nearfield antenna, namely the electrically small loop antenna, has been
briefly investigated in Chapter 2. This electrically small loop antenna is suitable for
applications where a small form factor is required and a small communication distance is
given. As mentioned earlier, this loop antenna is called the “magnetic antenna”, because
the H-field dominates in its nearfield region [90]. The magnetic field density is created
while the current flows around the loop.
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(a)

(b)

Figure 3.3: (a) Small dipole and (b) small loop.

Another small antenna is the electrically small dipole antenna. The working principle
is similar like (i.e. duality to) the loop antenna (see Figure 3.3). The small dipole transfers
(most of) its power using the E-field in the nearfield region. Moreover, it has a larger
radiation resistance than the small loop has, particularly at lower operating frequencies
such as fo < 100 MHz. The radiation resistances of the small dipole Rdip and small loop
Ra are expressed as [91]:
Rdip = 80π
Ra = 320π

2

4





ddip
λ

2

Sloop
λ2

,

(3.1)

2

(3.2)

,

respectively. ddip is the length of the small dipole, and Sloop is the area created by the

/ loop is the diameter of the loop as described in
/ loop /2 2 . O
encircling loop, essentially π O
Figure 3.7. As can be seen, the radiation resistance of the small loop is proportional to
the fourth power of frequency.
As function of frequency f , the loss resistance of the small dipole is always lower than
the small loop. The resistances (in free-space) contributed by the dissipative loss in the
small dipole Rloss_dip and loop Rloss are given by [91]:

r
ddip
f µo
,
(3.3)
Rloss_dip =
tdip
πκ
r

/ loop
πO
f µo
,
(3.4)
Rloss =
2t2
πκ
respectively. tdip is the diameter of the dipole’s wire. µo is the free-space permeability or
4π · 10−7 V · s/(A · m), and κ is the conductivity of the conductor. For copper material, κ
= 5.96 · 107 S/m at 20 ◦ C. t2 is the diameter of the loop’s round wire as drawn in Figure
3.7, yet the loop is created by the microstrip line. In this way, t2 is assumed to be the
width of the line.
Knowing the E-field as the means for transferring the power (i.e. in the nearfield
region, the electric energy density predominates), the transmission characteristic of the
electric dipole might be affected whenever there is a dielectric medium other than freespace between the antenna pair. Note that the distance to be bridged here is very small
in terms of wavelength.
Therefore, using the small loop antenna will give a benefit over the small dipole an-
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tenna when data transfer will be done through any dielectric media and only for a very
short distance. However, the current flowing in the loop will still be affected by the media
regardless of the magnetic or electric antenna. Moreover, the relatively non-directional
nearfield radiation of the loop antenna can give operational freedom to compensate misalignment and tilt.

3.3

Nearfield data communication

For the given communication distance, the implementation at 2.4 GHz means that the
antenna will operate in the nearfield reactive region. In this region, most of the energy
is stored and does not propagates. For a magnetic antenna, in this region, the magnetic
field or H-field dominates [90]. The power roll-off is steeper than in the farfield of the
antenna [92].
For nearfield communication, the term path gain will be used instead of path loss, for
convenience. The electrically small loop antenna is used as point-to-point non-contact
communication. Therefore, the received signal power from a magnetic antenna, i.e. small
loop antenna, is proportional to the time-averaged value h·i of the incident magnetic field
~ squared.
strength vector H
Likewise for the case of an electric antenna, the received signal power from the electric
antenna is proportional to the time-averaged value h·i of the incident electric strength
~ squared. This received signal power is thus proportional to the corresponding
vector E
path gain as follows:


2
~
PH_Rx ∼ H
(3.5)
∼ P GH ,
PE_Rx ∼



~
E

2



∼ P GE .

(3.6)

The propagation in the nearfield obeys the formulation as described by Schantz [93]
and Agbinya [94]. The nearfield propagation for similar or like antennas, in this case
magnetic-to-magnetic antenna, is given by the nearfield path gain P GHl as:


1
1
1
1
,
(3.7)
P GHl (R) =
−
+
4 (kR)2 (kR)4 (kR)6
and the nearfield propagation for unlike antennas, e.g. magnetic-to-electric antenna or
vice versa, is denoted as P GEu via:


1
1
1
,
(3.8)
+
P GEu (R) =
4 (kR)2 (kR)4
where k = 2π/λ, and R is the distance. An illustration in logarithmic scale is given in
Figure 3.4 to compare the nearfield and farfield path gain. The path-gain reduction of
the magnetic-to-magnetic antenna is 60 dB/decade while the reduction of the magneticto-electric antenna is 40 dB/decade. This nearfield characteristic gives the advantage in
terms of the available power at the receiver end in which the received power is larger than
what is predicted from the farfield Friis equation. Moreover, this nearfield has a steep
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Figure 3.4: Path gain of the nearfield and farfield channel for the magnetic antenna.

power roll-off, in a such a way that the transmission distance is limited. Nonetheless, the
nearfield of the small loop does not tend to produce interference in the environment.
The stored energy density of this small loop antenna (TE mode) is dominated by the
magnetic energy density up to the distance of 0.1λ. This result has been reported with
similar behavior in [95]. Larger than 0.1λ, the electric energy density is slightly larger
than the magnetic one up to around 0.4λ for this TE-mode small loop antenna.
At 2.4 GHz, the wavelength is 125 mm. Hence, around a distance of 20 mm or
0.16λ onwards, the path gain will obey the free-space case. As described in Chapter 2,
the farfield path-gain reduction (or path-loss increase) is 20 dB/decade, or, in the other
words, the path-gain reduction is proportional to the distance squared.
The farfield distance Rf f of the small loop antenna can sometimes be expressed by:
Rf f = λ/2π.

(3.9)

The farfield distance is thus around 20 mm (0.16λ), at the point when the path-gain reduction of the magnetic field becomes 20 dB/decade. At this distance, the term kRf f = 1,
and the path gain is approximately −6 dB (see Eq. (3.7)). However, to be very accurate,
the farfield distance can be calculated using Eq. (2.17) which gives 250 mm (2λ). This is
exactly where all the field channels coincide in terms of their path gain.

3.4
3.4.1

Loop antenna model and design
Circuit model

In this section, the design of the single-turn loop antenna is described. The matching
circuit and circuit model of the complete system will be also discussed. The loop antenna
will be paired with another identical loop antenna. To optimize the transmission coefficient, it is important to investigate the mutual inductance of the coupled loop system.
The mutual inductance of this identical coupled loop is proportional to [96, 97]1 :
M ∼ µo
1

/ loop
O
.
2

(3.10)

The detailed formula of mutual inductance between two loops involves the complete elliptic integrals
of the first and second kind.
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Rloss
Ra
La

Ca

Figure 3.5: Circuit model using of a stand-alone loop antenna.

/ loop is preferred.
Therefore, to maximize the mutual inductance, a larger loop diameter O
/ loop = 4 mm (nominal
In this work, the available space can accommodate the loop with O
diameter). This is the maximum possible space allocated for the antenna dimension in
this wireless-connector application. The remaining space is already allocated for another
functionality of the product. However, the given loop diameter is the specified nominal
value. In the realization on a substrate, the diameter of (the metal part of) the microstrip
/ loop = 3.5 mm, than the carrier substrate’s
loop needs to be slightly smaller, e.g. O
diameter.
The loop antenna can be easily modeled as a lumped element equivalent circuit. The
circuit model of the loop antenna is shown in Figure 3.5. The inductance La of the
single-turn loop of a microstrip line (see Figure 3.3(b)) in free-space is given by [98] 2 :
 


/ loop
/ loop
µo O
4O
ln
− 0.5 .
(3.12)
La =
2
t2
/ loop and t2 are assumed to be 3.5 mm and 0.25 mm,
From Eq. (3.12), La is thus 7.75 nH (O
respectively). The simulation result of the structure using the Ansys Q3D Extractorr [99]
gives an inductance of 7.39 nH, which confirms the theoretical result.
In this loop antenna, the loss resistance Rloss is assumed to be very small, and the
(parasitic) parallel capacitance Ca is also very small. Thus, the input impedance of the
stand-alone loop can be approximated as an inductive reactance:
(3.13)

XL = 2πfo La ,

whereby XL is the inductive reactance and fo is the operating frequency. Hence, the input
impedance of the loop is approximately +j114 Ω at 2.45 GHz.

3.4.2

Matching circuit design

Because of its implementation at 2.4 GHz, the presence of parasitics is not as complex
as e.g. at 60 GHz. The antenna model and the matching circuit are described in Figure
3.6. For the differential circuit, identical passive elements (for matching circuit) are also
added in the return path.
2

For the loop created by a round wire (the wire diameter of t2 ), the inductance is expressed as [91,98]:
La =

/ loop
µo O
2



ln



/ loop
8O
t2




− 1.75 .

(3.11)
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Figure 3.6: Designed matching circuit including the loop antenna model using the balanced structure.

The designed matching circuit is shown in section [C] in Figure 3.6. The input
impedance Zin includes the passive elements in sections [B], [C], [D], and the identical remote loop antenna system. The remote RF chip (not shown here) is represented
by an equivalent load impedance Zl . For the inductive loop, usually, a parallel capacitor
is needed to give a resonance at the operating frequency [100]. Sometimes, the parasitic
capacitance Ca is sufficient. However, it is not controllable. Therefore, the matching
circuit is essential here.
In the loop section (or section [D]), the differential transmission is added for bridging
the matching circuit to the radiator section. To make the loop resonant as a parallel LC
circuit, a parallel capacitor C4 can be added. The inductive and capacitive reactances
are equal at the resonant frequency. The transmission-line length ltl and loop diameter
determine the values of the passive elements. Moreover, a last stage in section [C] includes
the capacitor C1 (and C2 ) and inductor L3 (and L4 ) and is employed to have further
control of the total matching whenever (1) the encapsulating material is added to the
circuit for the final production, (2) any RF chip requires additional external circuitries,
and (3) varying input impedance occurs for varying distance between the loop pair. Some
unpopulated pads in the layout can also be populated by 0-Ω resistors whenever it is not
needed. For the case of ltl = 0 mm, the resonant frequency of the loop with the parallel
capacitor C4 (without the (series LC) matching circuit and transmission line with length
ltl ) can be calculated through:
fo =

1
p
.
2π La (Ca + C4 )

(3.14)

The radiation resistance Ra and loss resistance Rloss are ignored in this equation because
of its small contribution for this electrically small loop antenna.
In Figure 3.6, the additional circuit required by the RF chip (i.e. for externally biasing
the PA) is shown in section [B] as suggested by the chip manufacturer [101]. For example,
the PA needs to be connected to the ground through the decoupling capacitor C3 . The
value of this capacitor is relatively large in order to shunt only the low-frequency signal
to the ground. C1 and C2 are also used to decouple this DC bias. L1 and L2 are used to
prevent the desired high-frequency signal to shunt to the ground.
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Figure 3.7: Stand-alone loop system. Dimensions are listed in Table 3.3.
Table 3.3: Dimensions of the loop antenna with the matching circuit board (Figure 3.7).

Parameter
w1
w2
ltl

3.4.3

Dimension
[mm]
6
7.6
14 or 23

Parameter
t1
t2
/ loop
O

Dimension
[mm]
0.3
0.25
3.5

Structure and dimensions

The stand-alone loop design is detailed in Figure 3.7. Dimensions of the loop (including
the matching-circuit carrier) are listed in Table 3.3. In this structure, a transmission line
of length ltl is added next to the loop antenna for interconnection (see Figure 3.1). Two
types of the loop will be designed, namely the long-line loop (ltl = 23 mm) and the shortline loop (ltl = 14 mm). The main reason for investigating the short-line loop in addition
to the long-line loop is to realize a more compact antenna system, given the available
allocated space inside the wireless connector. Moreover, w1 and w2 are chosen based on
the available space inside the wireless-connector product.
The loop antenna and matching circuit are realized based on standard PCB technology. FR-4 (εr = 4.3; tan δ = 0.025) material is used in this design, ensuring low-cost
manufacturability. The board total thickness is 0.7 mm in which the middle ground plane
has a thickness of 0.3 mm. This relatively thick ground plane is to provide a sufficient
stiffness. Two 0.2-mm thick carrier substrates (top and bottom) are created on this board.
The copper trace on the bottom substrate (not shown here) is to realize circuitries for
other functionalities of this wireless connector.
The Polyimide (PI) (3.5; 0.003) flex technology (thickness = 0.11 mm) is employed to
create the flexible loop antenna. The antenna design is tested using different cap materials,
namely Polyimide and Polycarbonate (2.85; 0.005). Important to note is that the electrical
properties of both Polyimide and Polycarbonate need to be accurately defined at 2.4 GHz,
for this electrical values will determine the loop inductance.
The loop circumference should be <0.1λg in order to have a close to uniform current distribution. If the surrounding medium is not ferromagnetic or magnetizable, the
inductance of the loop only depends on its shape (a.o. circular, rectangular) and dimen-
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Figure 3.8: Loop pair.
Ra
, the radiation efficiency ηrad of this electrically small loop
sion [96]. Using ηrad = Ra +R
loss
antenna (without the loss contribution from the transmission line and matching circuit’s
parasitics) is 11.8 %.
Figure 3.8 illustrates the antenna loop pair, where R, dmis , θy , and φr delineate the
range (or distance), misalignment distance, yaw (or tilt) angle, and rotation angle of one
loop relative to another loop, respectively. R is the cap-to-cap distance, while the loop is
embedded inside this cap. The cap thickness itself is 0.35 mm. Therefore, for R = 0 mm,
an effective distance of 0.7 mm applies. Only one directional communication at a time is
targeted in this design.

3.4.4

RF-chip specification

The specification of the used 2.4-GHz RF chip is shown in Table 3.4 [101]. The recommended antenna load impedance Zl as described by the chip manufacturer is 15 + j88
Ω [101]. Hence, for maximum power transfer, the source impedance Zs = Zl∗ will be used
in this design. The source impedance is shown in section [A] in Figure 3.6.
This RF chip can support the ISM frequency band from 2.400 GHz to 2.525 GHz, with
channel filters. Frequency hopping and retransmission (in case of erroneous or missing
data packet) are supported. The used modulation is Gaussian Frequency Shift Keying
(GFSK). Table 3.5 summarizes the receiver (Rx) sensitivity for different data rates, including the used channel bandwidth. For example, at 2 Mbps, 13.3-mA DC current is
consumed. Common differential pins (i.e. to the antenna) are used for both transmit and
receive (i.e. half-duplex operation). In addition to the RF chip, most of the assembled
components for the matching circuit have ultra-compact size 0402 [102–104].

3.4.5

Comparison of short-line loop and long-line loop

In this work, the short-line loop (ltl = 14 mm) will be encapsulated by an encapsulation
material as discussed in Section 3.1.1. In this loop, the (lossy) Polycarbonate cap and
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Table 3.4: Specification of the 2.4-GHz RF chip [101].

Parameter
Frequency

Value
2.4 - 2.525 GHz

Parameter
Tx power Pin

Number of
channels

79

Load
impedance Zl

Value
0 (11.1 mA), −6, −12,
−18 dBm (6.8 mA)
15 + j88 Ω

Table 3.5: Rx sensitivity of 2.4-GHz RF chip [101].

On-air data
rate [Mbps]
2 (13.3 mA)
1
0.25

Channel
bandwidth
[MHz]
<2
<1
<1

Sensitivity
Psens [dBm]
−82
−85
−94

Polyurethane encapsulating material are used. These cap and encapsulation are an integral part of the wireless-connector final product. Therefore, their co-design analysis is of
importance. For comparison, the long-line loop (ltl = 23 mm) will not be encapsulated,
and its cap is made of Polyimide.
Figure 3.9(a) shows the impedance Smith chart for different transmission-line lengths
simulated in CSTr MWS. The longer line means the rotation of the impedance line more
towards the source/generator (i.e. clockwise) in this chart. As shown beforehand, the loop
can be modeled as an inductor, equivalent to the positive reactance, i.e. +j114. In the
presence of the carrier substrate and cap (both made up of PI), the simulated inductance
(using Ansys Q3D Extractorr ) is 7.16 nH (instead of 7.39 nH). Hence, the reactance
becomes +j110 Ω at 2.45 GHz. This value places the impedance loci in the upper part
of the circle, and as the transmission line with length ltl progresses, the impedance loci
rotate as in Figure 3.9(a). The real part of the impedance of the long-line loop is 1.5 Ω
whereas the short-line loop is 1 Ω. When the matching circuit is included, Figure 3.9(b)
demonstrates the radially-shifted impedance loci. This effect is because of the larger real
part of the total impedance.

3.4.6

Optimization of matching components

The short-line loop will be used for the following optimization. The short-line loop has
a more compact axial dimension, and its length is sufficient to connect the loop antenna
with the matching circuit as described in Figure 3.1.
In Figure 3.10(a), the simulated S-parameters for different inductors L3 (and thus L4 )
are presented. As is expected, for a larger inductor value, the resonant frequency is lower.
In order to obtain a resonance at 2.45 GHz, the inductor (L3 and L4 ) with value of 5.8
nH are needed. The transmission coefficient is approximately −46 dB.
For a similar matching circuit, the encapsulated loop has a lower resonant frequency
than the not-encapsulated (identical) loop has. This is because of the shorter guided
wavelength λg inside the encapsulated loop. For this reason, the inductance of both
short-line encapsulated loop and long-line not-encapsulated loop will be approximately
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j90.1

Zin = 13.6 + j106
2.45 GHz

ltl

ltl
(a)

(b)

Figure 3.9: Simulated impedance Smith chart of the long-line loop (ltl = 23 mm) and short-line loop (ltl
= 14 mm). The impedance is assumed to be normalized by 100 Ω: (a) Without matching circuit for both
transmission-line length ltl . (b) With the matching circuit (in a 3-D model) for the short-line loop. It is
assumed that L1 = L2 = 10 nH, L3 = L4 = 5.5 nH, C1 = C2 = 0.5 pF, C3 = 2.7 nF, C4 = 0.5 pF, and
R1 = R2 = 5 Ω. The structure dimensions are summarized in Table 3.3. The coupling distance R is 5
mm.

Larger L

5.5 nH
5.1 nH

6.1 nH

(a)

(b)

Figure 3.10: Impact of series inductor on the system impedance: (a) Simulated S-parameters (normalized
to 15 − j88 Ω) of the short-line loop with matching circuit (see Figure 3.6) for different series inductors (L3
and L4 ). (b) Simulated impedance Smith chart for the matching circuit only (i.e. no loop), normalized
to 100 Ω, also for different series inductors. It is assumed that L1 = L2 = 10 nH, C1 = C2 = 0.5 pF,
C3 = 2.7 nF, C4 = 0.5 pF, and R1 = R2 = 5 Ω. The structure dimensions are summarized in Table 3.3.
The coupling distance R is 5 mm, and encapsulation is included.
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Larger L

Larger L

Larger L

(a)

(b)

Figure 3.11: (a) Impedance plot of the short-line loop pair, and (b) the transmission phase of the loop
pair with 5-mm distance.
Table 3.6: Component values of the matching circuit (see Figure 3.12).

Component
L1 = L 2
L3 = L 4
C1 = C2

Value
10 nH
5.8 nH
0.5 pF

Component
C3
C4
R 1 = R2

Value
2.7 nF
0.5 pF
0Ω

similar.
If the loop is removed from the system, and only the matching circuit is being investigated, increasing the series inductor value (L3 and L4 ) somehow rotates the impedance
line towards the generator (see Figure 3.10(b)). This resembles the behavior of increasing the transmission-line length ltl as discussed in Section 3.4.5. Changing these series
inductors shifts the frequency resonance, giving tuning flexibility in any case that, e.g.,
new different encapsulating material is needed.
Figure 3.11 shows the impedance plot of the short-line loop pair and its transmission
phase. As can be seen between 2.4 GHz and 2.5 GHz, the real part of the impedance is
kept constant and low (i.e. close to 15 Ω). The absolute impedance is largely determined
by the inductance of the loop at these frequencies. The value variation of the inductor
is 5.1, 5.5, and 6.1 nH, and the corresponding inductive reactance XL varies between
+j50 and +j100 from 2.4 GHz to 2.5 GHz. The transmission phase (per channel) is
relatively constant, and the apparent phase is larger for larger inductor value around
those frequencies. Finally, the optimized component values of the matching circuit are
summarized in Table 3.6.
Table 3.7: Parasitic resistances of the components in Figure 3.12 [103, 104].

Component
R1prst = R2prst
R3prst = R4prst

Resistance
[Ω]
1.84
0.73

Component
R5prst = R6prst
R7prst

Resistance
[Ω]
0.16
0.59
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L3
L1
Zs

R1prst

Vs

L2

R3prst

ltl

C1
R5prst

R1
C4

C3

Loop
R7prst

R4prst

ltl

C2

L4

R2prst

R6prst

R2

Figure 3.12: Inclusion of the parasitics from the used lump elements in the matching circuit.

ltl
C41

Cm
Rloss1 Ra1
Ca1

La1 La2

Ra2 Rloss2 ltl
Ca2

C42

M
Figure 3.13: Circuit model for parallel-resonant topology of the inductively-coupled loop antenna. Cm
defines the mutual capacitance between the loop pair.

The applied passive components are not ideal in a way that the parasitic (or internal)
resistance has to be considered in the design as well. The matching circuit including the
parasitics is shown in Figure 3.12. The value for each parasitic resistance is provided by the
manufacturer of the component (see in Table 3.7). Because of this parasitic resistance, the
real part of the input impedance is larger than expected. During the design process, these
values are taken into account. For example, removing this parasitic effect completely will
increase the reflection and transmission coefficient of 3.3 dB and 0.8 dB, respectively. The
series parasitic resistances (for both nodes) contribute to 0.6 dB insertion loss. Moreover,
any series parasitic resistance Rprst can slightly reduce the quality factor Q = X/Rprst and
widen the bandwidth. X is the capacitive or inductive reactance at resonance. On the
other hand, the parallel parasitic resistance such as R7prst should be as small as possible for
lossless parallel resonance. Imperfect (manual) soldering may also introduce the parasitic
resistance. Therefore, the resistor R1 and R2 with resistance of 0 Ω are employed (see
Table 3.6).
For the pair of the loop antenna, the mutual inductance can also be defined as [105,106]
(see also Eq. (3.10)):
M =K

p

La1 La2 ,

(3.15)

where K is the coupling factor with the value 0 ≤ K ≤1 and reduces as ∼1/R3 [90].
La1 and La2 are the self inductance of the first loop and second loop, respectively, in the
paired system. In addition to the distance R, the coupling factor K is determined by the
/ loop . Effects of lateral misalignment3 dmis and tilt θy of the loop
diameter of the loop O
3

/ loop , the mutual inductance in the presence of the lateral misalignment dmis is
For dmis < 0.5O
proportional to [97]: (see also Eq. (3.10))
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Figure 3.14: Pair of loop system in the metal tube.

pair on the mutual inductance M are discussed in detail by Hochmair et al. and Soma et
al. [97,107]. The mutual inductance M between the loops only depends on the properties
of the stand-alone loop (i.e. the shape, number of turns, dimension, and the surrounding
medium of the loop) with addition of the orientation with respect to each other. The
circuit model for the coupled-loop antenna is depicted in Figure 3.13. In this work, the
dimensions of the loop have been reported in Table 3.3.
The complete pair of the loop antenna system with the matching network inside the
metallic tube is depicted in Figure 3.14. The metallic tube encloses the matching network
and the transmission line while the loop itself is positioned upfront. How close the loop
is relative to the edge of the metallic tube is defined as ∆l = 0.8 mm. The cap diameter
is 10 mm.

3.4.7

RF-chip integration

The layout of the matching circuit with differential interconnection of the RF chip is
depicted in Figure 3.15. The interconnection pads connect the circuit on the FR-4 carrier
with the transmission line on the flex carrier. The differential line is used here. It can be
seen that minor asymmetry of its each differential line is intentionally made in order to
route both signal lines to the chip leads.

3.5

Measurement results

In this section, the simulation and measurement results of the loop antenna system will be
discussed. Most of the results are obtained when the loop is mated. However, the radiation
pattern of such small loop is also provided through simulation and measurement. Some

2
/ loop
0.5O
M ∼ µo q


.
/ loop · 0.5O
/ loop + dmis
0.5O

(3.16)
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Figure 3.15: Layout of the matching circuit and the RF chip on FR-4 substrate material.

pictures of the manufactured loop antenna are depicted in Figure 3.16. Both long-line
and short-line loops have been designed, made, and tested.

3.5.1

S-parameters: Long-line loop

The measured and simulated S-parameters of the long-line loop are delineated in Figure
3.17. The component values from Table 3.6 are employed in this loop system. A good
agreement is obtained between measurement and simulation. It can be seen that for R
= 0 mm, the transmission coefficient S21 is approximately −11 dB. For R = 5 mm, it is
−40 dB.
In Figure 3.17, the reflection coefficient S11 is maintained for different distances, showing peak resonance at 2.45 GHz. At 2 GHz, the measured transmission coefficient is lower
than the simulated one. This discrepancy can be attributed to the accuracy of the dielectric properties at that lower frequency. Here, the properties are assumed to be the
same for said frequencies. At higher frequencies, the resemblance of the measured and
simulated transmission coefficient is observed.
A higher-Q resonance is obtained for a distance of 3 and 5 mm. The imaginary part
changes due to a larger mutual inductance for 0-mm distance, so the total impedance is
larger. From the simulation, both transmission lines (and the loops) contribute around
5.2 dB to the total insertion loss. Also, it can be observed that the loss contribution from
one matching circuit is around 2.8 dB. Hence, in total, for the loop pair, the loss in the
circuit sums to 5.6 dB. From the simulation, sweeping the inductors L3 (and thus L4 ) for
neighboring values, i.e. 5.1 and 5.5 nH, gives the total loss contribution of 5.8 and 5.6
dB, respectively.

3.5.2

Farfield pattern: Long-line loop

In Figure 3.18, the normalized radiation pattern of the stand-alone loop antenna with
the implemented matching circuit on FR-4 PCB (see Figure 3.16) is reported. Figure
3.18(a) exemplifies the simulated result at 2.4 GHz, while Figures 3.18(b) and (c) show
the measured result at 2.4 GHz and 2.45 GHz, respectively. The resulting pattern is
obtained for −180◦ < θ < 180◦ and 0◦ < φ < 180◦ . The coordinate system of the
measurement setup is illustrated in Figure 3.7.
At the point of [A] and [B] (for all azimuth angles φ at elevation angle θ = ±80◦ )
in the measured result in Figure 3.18(b), there is the pattern minimum, whereas in the
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(a) Long-line loop.

(b) Short-line loop.

(c) Loop antenna inside the cap.

(d) Loop antenna with the matching circuit. An example of the long-line
loop is shown.
Figure 3.16: Manufactured loop antennas.
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(a)

(b)

Figure 3.17: S-parameters of the long-line (ltl = 23 mm) loop with matching circuit’s components proposed in Table 3.6. No encapsulating material is included here. Different distance R is experimented for
both (a) measurement and (b) simulation.

corresponding simulation result, no such minimum is observed. This discrepancy is due
to the fact that the test fixture is not included in the simulation model. This fixture is a
relatively large copper plane compared to the loop structure. Its purpose is to ease the
connection of the coaxial cable to the loop structure and matching circuit. Including it in
the simulation environment demands large number of tetrahedrons (equivalent to the Yee
mesh cell) resulting in large amount of required computation resources. The slightly not
straight pattern minimum for θ = 0◦ swept over azimuth angles is due to the imbalance
length of the differential structure. The measured pattern at both 2.4 and 2.45 GHz
does not show a significant difference, and this similarity can also be expected at other
frequencies, such as at 2.5 GHz.
Important here is that the existence of the dip at θ = 0◦ is found in both measurement
and simulation. In other words, in the farfield region, the gain is null at this elevation
angle. In fact, as discussed earlier, the radiation efficiency ηrad of this small loop antenna
is small, i.e. calculated ηrad = 11.8 %. With this characteristic, the small loop antenna
in Tx mode is only suitable for nearfield application. However, in Rx mode, since the
signal-to-noise ratio is the dominant merit in signal detection, the small loop still can still
intercept, e.g., interference signal. Moreover, the RF-chip supports the frequency hopping
(see Section 3.4.4), which can be used to detect and then use a frequency channel with
less interference.

3.5.3

S-parameters: Short-line loop

Figure 3.19(a) shows the measured S-parameters including both loop and matching circuit. Note that, for measurement purposes, the loop system is only partially encapsulated.
Therefore, a slight modification of the series inductors is needed, because using the 5.8nH inductors will shift the resonant frequency 70 MHz to higher frequencies. Systematic
modeling using System Assembly and Modeling (SAM) in CSTr MWS [14]) is also per-
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Figure 3.18: 2-D normalized gain pattern of the loop antenna: (a) Simulated at 2.4 GHz, (b) measured
at 2.4 GHz, and (c) measured at 2.45 GHz.
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(a)

(b)

Figure 3.19: Measured S-parameters of the short-line loop pair with encapsulating material and lossy
cap: (a) Measurement of both (encapsulated) loop and (not-encapsulated) matching circuit, (b) measured
(encapsulated) loop only combined with the simulated matching circuit. L3 and L4 are adjusted to 6.2
nH. The other component values of the matching circuit are as in Table 3.6.

formed here where the measured S-parameters of the encapsulated loop are combined
with the simulated matching circuit (see Figure 3.19(b)). In this way, the tuning (e.g. for
a different potting material) can be performed in CSTr Design Studio (DS) [14].
The transmission coefficient for 0-mm distance is −20 dB, while, for 5-mm distance, the
transmission coefficient is −52 dB. The simulation result in Figure 3.10(a) shows that −46dB transmission coefficient is obtained for 5-mm distance, which is 6 dB better than the
measured transmission coefficient. The discrepancy in measured transmission coefficient is
caused by the degraded mutual inductance M , when the encapsulated material is applied.
The surrounding medium of the inductive loop pair has a strong influence in the resulting
mutual inductance. In the simulation, the encapsulation material does not fully fill the
whole tube diameter where the loop is in, because of limited computation resource.
Finally, Figure 3.20 shows the impedance Smith chart when the total structure is

Figure 3.20: Impedance Smith chart of the matched structure to the source impedance Zs = 15− j88 Ω.
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Figure 3.21: Measured S-parameters of the (encapsulated) short-line loop pair with the setup as in Figure
3.8. Distance R variation is applied here. The setup follows configuration in Figure 3.8. The component
values are as in Figure 3.6.

matched to the source impedance. As can be seen the imaginary part of the impedance
hits j0 Ω around 2.45 GHz. The real part of the impedance is approximately 17 Ω.

3.5.4

Effect of range and misalignment

In Figure 3.21, S-parameters of the loop pair for different distances R are reported. As
can be seen the measured reflection coefficient is shifted to lower frequencies. However, in
Figure 3.19(b), the frequency shift does not occur. It can be concluded that this is caused
by the parasitic inductance of the realized matching circuit. The −10-dB impedance
bandwidth for both cases is maintained to be 70 MHz. Due to limited available component
values of the inductor, the 6.2-nH series inductors are used in this measurement.
The simulated transmission coefficient for 0-mm distance is −20 dB, which is in a
good agreement with the measured result. For R = 5 mm, the measured transmission
coefficient is −52 dB. Because the receiver sensitivity is −82 dBm for 2-Mbps on-air data
rate (see Table 3.5), the available margin SN Rmar for the 0-dBm transmit input power
Pin is 30 dB. Looking into the results in Figure 3.21, for the same condition, only up to
approximately R = 20 mm, data communication with the given sensitivity requirement
(or BER) can be supported. A list of other Rx sensitivities for lower data rates can be
found in Table 3.5. The reflection coefficient is not significantly influenced by this distance
variation.
Figure 3.22 shows the S-parameters of the loop pair for different scenarios, namely the
lateral misalignment dmis for different distances R. From both scenarios, the reflection
coefficient tends to be left intact whenever those variations are introduced. Only a minor
frequency shift in the reflection coefficient towards a lower frequency exists when dmis is
2 mm (see Figure 3.22(a)). The frequency shift is approximately 15 MHz.
It can be observed that, for 0-mm distance, 4-mm (and 5-mm) misalignments result
in better ∼8-dB (and 2-dB) transmission coefficient than 3-mm misalignment does (see
Figure 3.22(a)). The maximum magnetic field occurs at the loop perimeter. For 4-mm
misalignment, the perimeter of each loop meets, so a larger coupling (than it is for 3-mm
misalignment) is obtained.
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(a)

(b)

Figure 3.22: Simulated S-parameters of the short-line loop pair for different lateral misalignments dmis ,
/ loop is 3.5 mm.
for distance R of (a) 0 mm and (b) 5 mm. The loop diameter O

Table 3.8: Essential design requirements and the obtained values of the 2.4-GHz non-contact data communication system using the short-line loop.

Parameter
−10-dB impedance
bandwidth
Dimensions

Lateral misalignment
tolerance
Communication distance

Required value
100 MHz

Measured value
70 MHz

Lateral dimension or
diameter ≦4 mm; length
per transmitter or
receiver < 150 mm
>10 % of the housing
diameter (i.e. 12 mm)
5 mm

Max. lateral dimension
= 4 mm; total length:
(short-line loop) ∼30
mm
SN Rmar = 27 dB for
dmis = 6 mm
SN Rmar = 30 dB for R
= 5 mm

When the misalignment increases, in the case of a shorter communication distance
(in this case, for R = 0 mm), the reduction rate (in dB) of the transmission coefficient
is higher. This behavior confirms the fact that in the nearfield region, the field’s radial
expansion has angular dependence because of the field’s spherical harmonics. For example,
comparing the case of dmis = 0 mm and dmis = 2 mm, the transmission coefficient is
reduced for <10 dB at R = 0 mm and only 3 dB at R = 5 mm. To conclude, the range
and lateral misalignment tolerance (i.e. dtip > 5 mm and dmis > 1.2 mm, respectively) as
specified in Table 3.1 can be met using the manufactured loop antenna pair.
The presence of the tilt is not discussed here, but the performance can already be
predicted based on the prior work by [97]. For a distance R, the tilt, in fact, increases
the mutual inductance M , so the transmission coefficient is larger. This is because the
tilt brings half of the loop closer to the other loop perimeter.
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Concluding remarks

The 2.4-GHz electrically small loop antenna pair has been designed and manufactured
for non-contact data communication. A summary of the result is provided in Table
3.8. The dimensions of this small loop antenna fit the allocated space in this wireless
connector. Moreover, the available SN R margin is large for the specified misalignment
tolerance and targeted range of communication. However, the bandwidth of the system
is 30 MHz lower than the required bandwidth. Generally, this antenna system has a
limited available bandwidth. Therefore, an implementation of the wireless connector
using 60-GHz technology is required. Moreover, full-duplex communication is needed for
the wireless-connector application.
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Chapter 4
60-GHz Circularly Polarized Dielectric
Rod Antenna
In this chapter, the combined dielectric rod antenna with the quadrature hybrid coupler
is designed, manufactured, and validated through measurements. Sections 4.2, 4.3, and
4.4 describe the design part of this antenna. Its center frequency will be 61 GHz in order
to cover the whole 60-GHz ISM band which spans from 57 to 66 GHz. The experimental
demonstration is presented in Section 4.7. Manufacturing tolerances of the dielectric rod
and its impact on radiation characteristic are investigated in Section 4.8. Special attention
has been paid to the realization of polarization purity and port-to-port isolation. This
isolation is very important to maintain the signal-to-interference ratio, especially if the
system is limited by crosstalk or self interference. The polarization purity ensures the
rotational freedom and minimizes the crosstalk at the receiver end.

4.1

Literature investigation of dielectric rod antenna

Dielectric rod antennas have been widely used in mm-wave dielectric integrated circuits
(see an example of a dielectric rod in Figure 4.6). Perhaps the first documented work on
the rod antenna was submitted by Mueller et al. [108]. Following that, the development
of an analytical method to characterize the radiation pattern of the rod emerged. For
instance, rigorous analyses for the rectangular- and triangular-prism rod antenna are
elaborated in [109, 110]. A similar model for the cylindrical rod antenna is delineated
in [111]. The use of equivalent volume and surface current distributions with a local-mode
approximation for the field of the rod structure is reported by Whitman et al. [112, 113].
A staircase model for the volume integral equation of the tapered rod antenna is described
in [114]. Scattering theory is also applied to predict the rod radiation in [115]. Surfacewave radiation from the rod is discussed by Zucker [116].
The radiation efficiency ηrad depends on the surface-wave mode radiation, especially
at the boundary of the rod tip. The investigation of hybrid modes inside the rod is
extensively examined in [117, 118]. Analysis of the termination at the tip of the rod is
developed in [119, 120]. Also, discussion about the reflection from the rod termination is
described in [121].
The shape of the rod turns out to be an important variable in determining the radiation
quality. Different shapes of the rectangular rod antenna for mm-wave application are
75

76

4.2. Design of dielectric rod antenna

compared in [122]. An investigation of the bent rod structure is reported in [123–125].
Furthermore, corrugated and periodic surface rods are synthesized in [126–128].
The rod antenna for W-band application is reported by Lioubtchenko et al. [129].
SIW-based excitation for the rod at W-band frequencies is also reported by Ghassemi et
al. [130]. The rod-based antenna structure can potentially be applied for higher region
of the mm-wave frequency band for instance at 250-320 GHz by Camblor et al. [131] and
600 GHz by Hanham et al. [132]. Multilayered dielectric rod is experimented by Liu et
al. [133–135].
Most of the discussed tapered rods have a gradual taper or abrupt taper [136]. In this
work, an optimized rod shape is proposed, mainly to achieve low SLL, low HPBW, and
high gain. The low SLL can ensure the antenna’s immunity towards interference from the
environment.

4.2
4.2.1

Design of dielectric rod antenna
Millimeter-wave dielectric materials

The choice of the dielectric material for the rod structure is of great importance to minimize its dielectric loss [137]. Table 4.1 summarizes low-loss dielectric materials, which can
be potentially used to realize the rod antenna, with corresponding dielectric properties.
Unless otherwise mentioned, these dielectric properties are obtained from measurements
at 60 GHz. The loss tangent tan δ is the ratio of the imaginary part (or the loss factor
ε′′r ) to the real part (or the relative permittivity ε′r ) of the complex relative permittivity
εr . Therefore, for a small tan δ, ε′r can be regarded as εr .
The material for the dielectric rod antenna typically should have an εr between 2
and 3. With such material, an optimum rod diameter for 60-GHz application is easy to
manufacturing. However, dielectric materials with higher εr may be used as well with
more precaution of manufacturing tolerances due to the small diameter that is needed.
Polystyrene is a popular material for the rod structure, and because of it, the term polyrod
was coined, for instance in [108, 149]. Its combination with Teflon has been employed to
build a composite-rod structure in [150]. Sapphire increases its popularity for the rod
material at fo > 100 GHz [151]. Back in 1950s, Lucite was also a popular material for
this rod as is documented in [152]. Also, Ferrite (not shown in Table 4.1) has been reported
as a rod material in [153]. In this work, the chosen material is Polymethylpentene. This is
not only because of its excellent electrical properties, but also because of its satisfactory
mechanical properties for manufacture. Other work by the author for the 11-GHz rod
antenna using Teflon and Polystyrene can be found in [154].
The low-cost FR-4 substrate has an εr = 4 and tan δ = 0.02 at 10 GHz, which
makes it notoriously inefficient for 60 GHz applications [155]. Hence, Liquid Crystal
Polymer (LCP), a thermoplastic organic material, is preferred as the material of the carrier
substrate. This material has excellent electrical properties at high frequencies, namely low
dielectric constant and low dielectric loss tangent. However, as its implementation will
be combined with adhesive layers, the performance of the carrier system will be slightly
reduced depending on the chosen adhesive type. Moreover, the fabrication process of
laminates by different vendors may yield different εr .
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Table 4.1: Properties of dielectric materials at 60 GHz.

Dielectric material
Polytetrafluoroethylene or
PTFE (Teflonr )
Polypropylene
Polymethylmethacrylate or
Plexiglas (LuciteTM )
Polymethylpentene or
PMP (TPXTM )
Polystyrene
Polyimide or PI (Kaptonr )
Polyethylene
Fused Quartz (SiO2 )
Fused Silicon tetrachloride
(Silica)
Bismaleimide triazine (BT)
Liquid Crystal Polymer
(LCP)
Low-Temperature Co-fired
Ceramic (LTCC)
Silicon (Si)
Gallium arsenide (GaAs)
Alumina (Al2 O3 )
Alumina 99.9% (Sapphire)
Magnesium fluoride (MgF2 )
Magnesium aluminate or
spinel (MgAl2 O4 )
Magnesium titanate
(Mg2 TiO4 )

Relative
permittivity, εr
2.063

Loss tangent, tan δ

Ref.

0.0002 - 0.00029

[138]

2.213 - 2.25
2.557 (50 GHz)

0.00043 - 0.0009
0.0033 (50 GHz)

[139, 140]
[141]

2.13

0.00048

[142]

2.54
2.8 - 3.0
2.382
3.79 - 3.82
3.755

0.0012
0.02 - 0.03
0.00021
0.00014 - 0.00029
0.00015

[143]
[144]
[139]
[138]
[138]

3.96
3.16

0.0126
0.002 - 0.004

[145]
[146]

5.7 - 9.1

0.0012 - 0.0063

[147]

11.7
13.2
9.8
9.3
5.34 (Ka band)

[143]
[143]
[143]
[139]
[148]

8.36 (Ka band)

0.002
0.001
0.0001
0.00027
0.0008 - 0.0012
(Ka band)
0.0006 (Ka band)

16.1 (Ka band)

0.0002 (Ka band)

[143]

[148]
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90°-plane
y z
0°-plane
x

(a)

(b)

Figure 4.1: (a) Rod antenna structure with the planar structure and (b) ray illustration in the dielectric
rod.

4.2.2

Rod excitation and ray illustration

The rod antenna is made from dielectric material in such a way that waves can be radiated
(or captured) efficiently to (or from) free-space. The rod material acts as an impedance
transformer to free-space [156]. The supported mode inside this dielectric rod is HE11 or
hybrid mode [11]. In Figure 4.1, a patch antenna exciting the rod and ray illustration in
the rod are shown. The challenge is to design a primary antenna to couple electromagnetic
energy efficiently to and from the dielectric rod. This primary antenna can be called an
excitation antenna. As discussed in Chapter 2, the type of the excitation antenna can be
numerous depending on the design requirement. Most of the time, the limited available
space under the rod becomes the constraining factor. A simple square patch antenna is
employed here as the excitation antenna simply due to its symmetry. Structural symmetry
is necessary for creating proper circularly polarized radiation. The details of this planar
structure will be further discussed in Section 4.3 (see, for example, Figure 4.6).
In Figure 4.1(b), the reflected rays inside the rod experience no phase inversion in
the rod-air boundary because of the lower permittivity of air as compared to the rod
material. The refracted (or transmitted) rays are always in-phase with the corresponding
incident rays. As a consequence, the refracted and reflected rays, e.g. rays 3, 4, and 5
in Figure 4.1(b), can basically add constructively. This condition is only possible if those
rays are in-phase after they travel through different paths from the assumed point source.
The dielectric constant of the rod material determines the wave retardation inside the
rod medium. For non-magnetic materials, µr is nearly unity so that the refractive index
√
nmed = εr . The (complex) reflection coefficient (in scalar unit) of the wave at the rod-air
(or free-space) boundary for the normal incidence is given by [22]:
r=

Zo − Z
,
Zo + Z

(4.1)

p
where in this case, Zo is the intrinsic free-space impedance ( qµo /εo = 377 Ω), and Z is
p
the intrinsic impedance of dielectric-rod material ( µ/ε = εoµεr ). Hence, for µr = 1,
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Eq. (4.1) becomes:
nmed − 1
.
(4.2)
nmed + 1
It is therefore always preferable to use a dielectric material with a lower dielectric constant
in order to suppress reflection.
Multiple reflections in an RF structure yield oscillatory response (e.g. gain or transmission coefficient) as function of the frequency. This is due to constructive or destructive
addition (as function of the frequency) of the total signal power. To reduce this oscillatory behavior of the gain, the reflection from the tip-end of the dielectric rod has to
be minimized. In the work of Yamauchi et al. [157], an anti-reflective layer is placed at
the tip of the dielectric rod. With that technique, the oscillatory gain over frequency is
improved though the oscillation does not fully disappear. Nonetheless, the applied antireflective layer is a lossy material in which the resulting gain of the dielectric antenna
is slightly reduced. Moreover, to improve the radiation characteristic, the rod structure
can be optimized for instance by tapering, corrugating, and ridging. In this work, an
optimized tapered structure is proposed to reduce the reflection from the tip. Thus, no
anti-reflective layer needs to be added at the tip of the rod to match the guided waves at
the rod to the free-space.
The tapered section at the rod bottom is employed to improve the antenna gain and
to reduce the SLL. Such conical structure may possess an electromagnetic property which
influences the radiation from the rod structure [158,159]. Rays with small incident angles
(e.g. rays 1, 2 and 3 in Figure 4.1(b)) to the air-rod boundary will predominantly undergo
refraction (or transmission) rather than reflection. In other words, only a small portion
of those rays will be (internally) reflected inside the rod. Therefore, ray 1, which has the
lowest incident angle in this case, will be (earlier) refracted or ’removed’ at the bottom of
the rod instead of internally reflected. This ray, if it is not refracted as early as possible,
will destructively add with other useful rays, e.g. ray 5.
In the illustration in Figure 4.1(b), the solid line represents the dominant ray phenomenon whereas the dashed line represents the less-dominant ray phenomenon. Ray 2
has a larger incident angle than ray 1 does, and ray 2 may thus have a larger portion of its
energy reflected. Moreover, in an optimized tapered rod, that reflected ray inside the rod
(e.g. ray 5 in Figure 4.1(b)) will have a small incident angle in the air-rod boundary upon
the end of cylindrical section (i.e. the rod tip). However, the rays incident at the rod
tip actually contribute a small fraction of radiated power into the forward direction. In
other words, the total radiation is mainly dominated by the rays refracted in the tapered
section.
r=

4.2.3

Rod dimensions

The detailed structure with its dimensions of the circular rod is depicted in Figure 4.2.
The tapered section is to reduce the SLL, and the uniform section is to produce maximum
gain. The maximum endfire radiation is obtained by adjusting the length of those sections.
The diameter of the circular rod supports a hybrid mode HE11 if it meets the following
relationship [67]:
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D2
D3

Figure 4.2: Structure of the dielectric rod.

Dλ ∼
=

3

3/2 √
εr
1

+ 2Lλ

+ 0.2,

(4.3)

where Dλ and Lλ are the diameter and total length of the rod in terms of free-space
wavelength, e.g. Dλ = Dλ2 . Another similar criterion for the rectangular rod can be found
in [160]. Note that, in Figure 4.2, L1 represents the total length of the dielectric rod.
As mentioned in Section 4.2.1, TPXTM (Polymethylpentene) is the material for the
dielectric rod with εr = 2.13 and tan δ = 4.8 · 10−4 . The total height of the rod (L1 )
consists of the height of the cylindrical rod (L2 ), tapered rod (L1 − L2 − T1 ), and the rod
base (T1 ). The tapered rod has the diameter which gradually changes from D2 to D1 .
The diameter D3 of the rod base is made large to have a sufficient surface area for strong
adhesion.

4.3

Design of patch and quadrature branch-line coupler

Circularly polarized radiation can be generated by using two feeding lines with which are
fed two equally-magnitude signal waves to a patch antenna. Those signals should also
have a quadrature phase difference. This can be created by using a quadrature (λg /4)
branch-line coupler, where λg is the guided wavelength.
Figure 4.3 shows the model of the branch-line coupler with a mismatched antenna. an
and bn are the incident wave and reflected wave at the port of the coupler, respectively.
Tn and Mn are the (complex) transmission coefficients and coupling coefficients of the
coupler, respectively. The scattering matrix of the coupler section with four ports is given
by:

4.3. Design of patch and quadrature branch-line coupler
port 1
a1
b1

T1

a2
b2
port 2

M1

port 4
a4
b4
T2
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ant

a3

b3
port 3

Figure 4.3: Model of the branch-line coupler with a mismatched antenna. Γant is the antenna mismatch.
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(4.4)

The coupler is assumed to be perfectly matched. This condition is represented as 0 in
diagonal elements of Eq. (4.4). The Tx(-Rx) coupling (or crosstalk) coefficient can thus
be defined as:
a3
a4
b2
= M1 + T 1 + T 2 .
a1
a1
a1

(4.5)

Γant denotes the antenna mismatch. Assuming that a3 = b3 Γant , and a4 = b4 Γant (see
Figure 4.3) for no coupling between two feeds of the dual-feed antenna (e.g. from b4 to
a3 ), Eq. (4.5) can be expanded into:
a2
a4
b2
= M1 + T1 T2 Γant + T12 Γant + M1 T1 Γant ...
a1
a1
a1
a2 2
a3
T2 Γant + M1 T2 Γant .
(4.6)
a1
a1
The effect of the multiple reflections between the antenna and coupler is assumed to be
negligible. In this way, Eq. (4.6) can be approximated as:
+T1 T2 Γant +


π
π
b2
= |M1 | e−j 2 + |T1 | e−j 2 |T2 | e−jπ Γant ...
a1

π
+ |T2 | e−jπ |T1 | e−j 2 Γant
b2
≈ M1 + 2T1 T2 Γant .
(4.7)
a1
The factor M1 may give a strong contribution to the total Tx coupling, so it has to be
considered in Eq. (4.7). Because the transmission coefficient from each outgoing port of
the coupler is assumed to be equal, Eq. (4.7) becomes:
b2
≈ M1 + 2T12 Γant .
a1

(4.8)

As can be seen in Eq. (4.8), in addition to M1 at the coupler stage, the antenna mismatch
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Figure 4.4: Illustration of the essential wave paths with corresponding relative phases that cause the
reflected waves from the antenna traveling to port 2.

(a)

(b)

Figure 4.5: (a) Structure of the quadrature branch-line coupler (solid line) and patch antenna (dashed
line). The dashed line indicates that the structure is built on top layer of the printed circuit board (PCB)
stackup whereas the solid line indicates that the structure is realized on m1 layer. (b) Cross-section view
of the planar structure.

Γant also reduces the isolation performance at port 2. Therefore, for a low Tx coupling,
both M1 and Γant have to be suppressed. Moreover, under the same assumption of no
coupling between two feeds of the dual-feed antenna (e.g. from b4 to a3 ), zero reflection
towards port 1 (see Eq. (4.4)) can still be assumed.
In Figure 4.4, the structure of the branch-line coupler with the patch antenna is shown.
Due to the mismatch at the input of the antenna, the signal waves are reflected back at
both arms (see Figure 4.4). Knowing that waves in each arm still have 90◦ phase difference,
reflected waves that are traveling to port 2 are constructively added in the coupler stage
whereas other waves that are traveling to the exciting port are destructively added. The
reflected waves from the patch antenna travel to port 2 instead of port 1. However, minor
mutual coupling between both arms does still exist. The waves from this mutual coupling
are added constructively to port 1 instead.
The square patch antenna is used in order to ensure identical performances for both
polarization orientations. The dimensions of this patch determine the resonance frequency
of the antenna. As this patch antenna will be placed under the dielectric rod and on the
dielectric substrate, its dimensions will largely depend on the dielectric properties of those
dielectric materials.
The branch-line coupler excites the patch antenna via electromagnetic coupling to the
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Table 4.2: Dimensions of the planar structure in Figure 4.5(a).

Parameter
L3
L4
L5
L6
L7

Dimension
[mm]
0.85
0.85
0.9
1.3
0.24

Parameter
L8
L9
W1
W2

Dimension
[mm]
1.16
1.16
0.24
0.35

Table 4.3: Requirements of the antenna design based on Table 2.5 in Chapter 2.

Parameter
Antenna gain
HPBW
SLL
Dimensions

Value
>10 dBi
<30◦
<−10 dB
Small (Lateral dimensions <12 mm; axial height
≤20 mm)

top layer (see Figure 4.5(b)). When port 1 is excited, the coupler acts as a 3-dB power
divider with a phase difference of 90◦ . This quadrature phase difference causes the patch
to radiate circular polarization. The characteristic√impedance of the through and coupling
The length
lines, defined by the length of L3 and L4 , is 50/ 2 and 50 Ω, respectively.
√
of both lines L3 and L4 is λg /4. The characteristic impedance of 50/ 2 and 50 Ω are
realized with microstrip lines with the width of W2 and W1 , respectively.
The two arms should be electrically far from the edge of the patch to maintain the
polarization purity of the patch antenna. The feed inset L7 can be used to control the
antenna input impedance. The 0◦ -plane and 90◦ -plane that will be used in this work are
also given in Figure 4.5. The dimensions of the branch-line coupler altogether with the
patch antenna are summarized in Table 4.2.
As discussed earlier, the flexible LCP laminate is used here with εr = 3.16 and tan δ
= 0.002. The dielectric constants of the coverlayer and adhesive material used in the laminate are not available. Since it is of great importance to include the material properties
at the specific frequency during the analysis and design, we tried to estimate the material
properties of this coverlayer and adhesive material.. It is found that the coverlayer and
adhesive material are mainly made of Polyimide (PI) which, thus, has εr = 3 and tan δ
= 0.03 at 60 GHz.
The detailed view of the rod antenna with the planar structure is shown in Figure
4.6. The rod antenna will be excited by a square patch antenna realized in top layer
(see Figure 4.6). Moreover, the coupler is realized in the m1 layer. The adhesive layers
are also shown and will be further discussed in Section 4.5. It is of great importance to
have a high excitation efficiency in a way that all power is coupled into the rod. For the
interested reader, the problem of the rod excitation is analytically discussed in [161–163],
and the excitation efficiency is elaborated in detail in [164].
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TPX
3M Polypropylene
Top layer
ESPANEX CuClad LCP
m1 layer
DuPont Pyralux AP PI
DuPont Pyralux AP Adhesive
DuPont Pyralux LF Adhesive
ESPANEX CuClad LCP
Bottom layer

Figure 4.6: Exploded view of the dielectric rod antenna system with the detailed materials for the stackup.
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Figure 4.7: General design template for various heights of the cylindrical rod (L1 ): (a) the directivity,
(b) HPBW, and (c) SLL. The solid line (−) is for the simulated value and dashed line (- -) for the value
from theoretical approximation [67]. L1 −L2 is fixed in this parameter sweep.

4.3.1

Optimization and parametric study

In this section, the optimization of the rod structure will be performed. This optimization
is to fulfill the requirements as described in Table 4.3. For example, for a larger gain,
smaller HPBW, and lower SLL, L2 (cylindrical section of the rod in Figure 4.2) needs
to be larger [165]. To obtain different antenna gains, the total length of the rod can be
varied. The directivity D of the rod antenna is given by [67]:
D∼
= 8Lλ ,

(4.9)

60◦
√
.
HP BW ∼
=
Lλ

(4.10)

and the HPBW is expressed as:

Based on these approximation equations and additional simulations using CSTr MWS
[14], a generalized design template of the rod antenna is summarized in Figure 4.7. The
template can be used as a reference for different antenna requirement. It can be seen that
a good agreement between the simulation and approximation is obtained. Note that for
L1 larger than 6λ, the SLL starts to increase. This phenomenon results from the more
refracted waves along the long rod which create the sidelobes more pronounced. For very
long rods, the SLL will be very large while the mainlobe’s HPBW shrinks (Figures 4.7(b)
& (c)). The gain increases with the length of the rod, but the increase is not linear (in dB)
as can be seen in Figure 4.7(a). Here, most of the results are obtained for the rod’s total
height of >1λ. For the interested reader, the study and design of a short rod antenna can
be found in [166].
The frequency dependence of the rod performance will be discussed in detail. To
begin with, the radiation characteristic for varying height L2 of the cylindrical rod is
reported in Figure 4.8. In Figure 4.9, the corresponding SLL and reflection coefficient is
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Figure 4.8: (a) Gain (at θ = 0◦ ) and (b) HPBW (in the 0◦ -plane) over frequencies for different L2 s at
61 GHz. L2 is the height of the cylindrical section of the rod as defined in Figure 4.2. D1 , D2 , D3 , and
T1 are 2, 3, 6, and 0.5 mm, respectively. The height of the tapered section (L1 − L2 ) is fixed at 13 mm.
The dimensions of the planar structure are as in Table 4.2.

reported. As can be seen, from 57 GHz to 64 GHz, the gain increases when the cylinder
rod’s height is increased. By varying L2 from 0 to 48.5 mm, the gain increases from 13
to 18 dBi at 61 GHz. The gain variation across the frequency band is mainly caused
by the reflection coefficient (see in Figure 4.9(b)). This implies that the rod itself has
a wideband characteristic. Therefore, it can be concluded that the antenna system is
input-matching-limited.
The HPBW at 61 GHz reduces to 16◦ when the 48.5-mm cylindrical rod is used. At 64
GHz, the HPBW reaches as low as 15◦ . It can be concluded that for the same diameter, a
smaller HPBW will be obtained at a higher operating frequency, though the reduction is
not significant. This HPBW reduction is at the expense of the SLL increase. Similarly, but
more dramatically, the increase of the cylindrical rod’s height will further increase the SLL
for L2 > 14 mm (or total rod height of 5.4λ). This is almost consistent for all reported
frequencies. Consequently, the pursue of achieving higher gain (and lower HPBW) by
increasing the length of the cylindrical rod may degrade the SLL. The degraded SLL
denotes the susceptibility of the antenna for interference and the tendency to generate
interference in the environment.
The advantage of the use of the dielectric rod is the independence of the antenna input
impedance for varying rod dimensions, in this case the cylindrical rod’s height. In Figure
4.9(b), the reflection coefficient is maintained for all cases. Only a minor change exists in
the resonant frequencies when L2 < 5 mm.
The gain pattern for both principle planes is shown in Figure 4.10. Comparing both
pictures, the rod has an almost symmetrical gain radiation pattern for both principle
planes. The maximum gain is 18.6 dBi, obtained for the longest rod. At the same time,
the SLL increases up to −10 dB at around ±30◦ .
In the wireless-connector application, the latency is an important factor to create a
transparent high-speed wireless communication system. In Chapter 2, it is shown that
the latency should be in the order of microseconds. In Figure 4.11, the added latency for
every 3-mm longer TPXTM dielectric rod is depicted. A 3-mm extension of the rod results
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Figure 4.9: (a) SLL (at θ = 0◦ and 0◦ -plane) versus frequencies for different L2 at 61 GHz. (b) Dependance
of the reflection coefficient versus L2 . D1 , D2 , D3 , and T1 are 2, 3, 6, and 0.5 mm, respectively. The
height of the tapered section (L1 − L2 ) is fixed at 13 mm. The dimensions of the planar structure are as
in Table 4.2.

(a)

(b)

Figure 4.10: Gain pattern (a) in the 0◦ -plane and (b) in the 90◦ -plane over frequencies for different L2
at 61 GHz. D1 , D2 , D3 , and T1 are 2, 3, 6, and 0.5 mm, respectively. The height of the tapered section
(L1 − L2 ) is fixed at 13 mm. The dimensions of the planar structure are as in Table 4.2.
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Figure 4.11: Introduced delay from every 3-mm longer TPXTM dielectric rod.

in a 11-ps extra delay in the communication system. Note that for the pair of rods, this
delay will be doubled. From this study, it can be concluded that, for L2 = 7 mm, the
requirements in Table 4.3 can be fulfilled.
Second, the impact of varying the bottom diameter D2 of the tapered rod is studied in
Figure 4.12. The diameter is expanded from 2 mm up to 6 mm. Increasing this diameter
mainly affects the SLL up to −2 dB (see Figure 4.12(c)). This is obviously much worse
than the previous resulting SLL for varying the cylindrical rod’s height L2 . This SLL
behavior becomes more evident for higher frequencies.
Reducing the base diameter D2 will improve the SLL up to a point around 2.5 mm
(from the used optimum diameter), and then the SLL starts to deteriorate. This behavior
can be explained by the fact that the rod requires a minimum rod diameter to confine
the signal power inside the rod. Figure 4.12(d) shows that the antenna input impedance
is very stable for varying D2 . However, a more obvious variation can be seen which is
plausible since the rod’s bottom is very close to the exciting patch. The frequency band
from 58.5 to 62.5 GHz has a reflection coefficient below −10 dB for all D2 .
The gain pattern for both principle planes is also reported here, whereby its symmetry
is only maintained up to the diameter of 4 mm (see Figures 4.12(e) and (f)). For a diameter
of around 6 mm, a somehow flat-top radiation pattern appears. It can be concluded that
the bottom diameter D2 of the tapered rod should be around 3 mm in order to have an
optimum performance (see Figures 4.12(a), (b), and (c)). This performance can meet the
requirements listed in Table 4.3.
The third parametric study is the radiation characteristic of the rod antenna for varying top diameter D1 , which is reported in Figure 4.13. This diameter applies for both
the cylindrical rod’s diameter and the top diameter of the tapered rod. The optimum
diameter is around 2 mm for the reported frequencies. As soon as this diameter is larger
than the bottom diameter, i.e. 3 mm, the reduction of gain performance is observed. The
HPBW for larger diameters abruptly becomes as large as 70◦ , especially at higher frequencies. This behavior can also be observed from the abrupt change of the SLL. This effect
is because of the resulting flat-top radiation pattern that is created when the cylindrical
rod diameter increases. A dip in the boresight region might be observable which suits this
rod antenna to satellite application [167]. Unlike the variation of D2 , the gain pattern is
maintained symmetrical for both principle planes. When the diameter is reduced further,
the beam broadening occurs, because a higher fraction of the energy in an incident HE11
mode travels outside the rod.
Although reducing this top diameter D1 improves the SLL, the antenna’s HPBW will
be larger, namely around 45◦ . This undesired characteristic will increase the antenna’s
main-lobe response towards interference from the environment. Therefore, optimizing
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(a) Gain.

(b) HPBW, φ = 0◦ .

(c) SLL, φ = 0◦ .

(d) S11 .

(e) Gain pattern, φ = 0◦ .

(f) Gain pattern, φ = 90◦ .

Figure 4.12: Performance of the dielectric rod antenna for different bottom diameter, D2 . The gain
pattern in figures (e) and (f) is obtained at 61 GHz. L1 , L2 , D1 , D3 , and T1 are 20, 7, 2, 6, and 0.5 mm,
respectively. The dimensions of the planar structure are as in Table 4.2.
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(a) Gain.

(b) HPBW, φ = 0◦ .

(c) SLL, φ = 0◦ .

(d) S11 .

(e) Gain pattern, φ = 0◦ .

(f) Gain pattern, φ = 90◦ .

Figure 4.13: Performance of the dielectric rod antenna for different top diameter, D1 . The gain pattern in
figures (e) and (f) is obtained at 61 GHz. L1 , L2 , D2 , D3 , and T1 are 20, 7, 3, 6, and 0.5 mm, respectively.
The dimensions of the planar structure are as in Table 4.2.
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(a) Gain.

(d) S11 .

(b) HPBW, φ = 0◦ .

(e) Gain pattern, φ = 0◦ .
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(c) SLL, φ = 0◦ .

(f) Gain pattern, φ = 90◦ .

Figure 4.14: Performance of the dielectric rod antenna for different height of the tapered section, L1 − L2 .
The gain pattern in figures (e) and (f) is obtained at 61 GHz. L2 , D1 , D2 , D3 , and T1 are 7, 2, 3, 6, and
0.5 mm, respectively. The dimensions of the planar structure are as in Table 4.2.

both the HPBW and SLL is done by choosing the top diameter D1 = 2 mm. However, a
smaller diameter also means more difficult to manufacture, particularly at 60 GHz.
Interesting to note here that the antenna input impedance is strongly influenced when
the cylindrical rod diameter D1 is getting larger, e.g. >2.5 mm. The reflection from the
tip of the rod becomes larger. As can be imagined, the tapered rod turns to be inverselytapered for larger diameter, decreasing the chance of the waves or rays refracted out from
the rod. Instead, the waves will be reflected inside the rod. As soon as the wave reaches
the rod tip, because of the relatively grazing incident angle of the wave, the wave tends
to be reflected back inside the rod. The rod acts as a wave-impedance transformer to
free-space. A smaller diameter of the bottom-section rod as compared to the top-section
rod creates the mismatch.
Finally, the variation of the tapered rod height L2 − L1 is also reported in Figure 4.14.
The best performance for all parameters (gain, HPBW, and SLL) is achieved for L2 − L1
in the region of 11 - 15 mm. In Figure 4.14(a), the larger the tapered section is, the lower
the gain is for higher frequencies. For L2 − L1 < 8 mm, a sudden performance drop in
the radiation characteristics is observed.
Based on this parametric study, the optimal dimensions of the rod are summarized in
Table 4.4. The resulting rod antenna performance can fulfill the requirements as listed in
Table 4.3. The rod with these dimensions will be manufactured and then measured.
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Table 4.4: Dimensions including manufacturing tolerances of the rod structure.

Parameter
L1
L2
D1

Dimension [mm]
20 (±0.5) or 4λ
7 (±0.3) or 1.4λ
∼2 (±0.06) or 0.4λ

Parameter
D2
D3
T1

Dimension [mm]
3 (±0.1) or 0.6λ
6 (±0.3) or 1.2λ
0.5 (±0.1) or 0.1λ

Figure 4.15: Gain pattern envelope for different heights of the (optimized) rod. The result is obtained in
the 0◦ -plane.

Figure 4.15 shows the envelope of the gain pattern for different rod lengths from
which the worst-scenario SLLs can be evaluated. The maximum sidelobe gain can be
approximately 4 dBi and 8 dBi for 30◦ < θ < 45◦ and 20◦ < θ < 30◦ , respectively.
In this calculation, the used sidelobe gain is 1.5 dBi (i.e. with the 20-mm rod). Flat
sidelobes obtained using the 6λ-high rod structure have been reported in [168] and will
be advantageous to ensure similar interference immunity across the upper hemisphere.
Fortunately, in a practical implementation, the rod antenna will be positioned partly
inside a metallic body of the wireless connector. Considering the external interference,
the reception angle of the antenna (from the interferer’s LOS radiation) will be limited.
Besides, a special additional shielding or properly positioning of the exciting antenna inside the metallic body of the connector can fully protect the antenna from the interference
coming from a large angular region.

4.4

Balun design

Many mm-wave band Radio Frequency Integrated Circuit (RFIC) and RF packages have
differential signal interfaces [169]. This differential (or balanced-fed) feed line has several benefits such as its inherent protection against the coupling of the common-mode
switching noise (e.g. from the ground plane) [170]. In this work, the balun is used to
interconnect the coupler with the RF chip package (see Figure 4.16).

RF chip

Balun

Coupler

Patch
antenna

Rod
antenna

Figure 4.16: Block diagram of the antenna system.
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L12

port 1
differential

port 2
single
ended

W3

L11
L10
Figure 4.17: Structure of the balun. Port 1 represents the differential-mode termination, and port 2
represents the single-ended termination.
Table 4.5: Dimensions of the balun.

Parameter
L10
L11

Dimension [mm]
0.6
0.9

Parameter
L12
W3

Dimension [mm]
1.1
0.3

The balun implemented in a planar structure has been demonstrated in [62,171]. The
advantage of using this balun is its low reflection coefficient and low insertion loss for
a wide frequency band. The structure of this wideband balun is shown in Figure 4.17.
This balun structure consists of microstrip lines with a phase-shifting functionality. Both
branches have a λg /2 phase difference at the center frequency. Moreover, the output
impedance of the RF chip is 100 Ω. Therefore, the conversion from 100-Ω differential
impedance to 50-Ω single-ended impedance (or vice versa) is performed by λg /2 out-ofphase branches and λg /4 transformer. The latter is represented by the line section L11 in
Figure 4.17.
The width of each microstrip line, for the single-ended line and the differential line
pair, is 0.24 and 0.22 mm, respectively. Those dimensions give around 50-Ω characteristic
impedance. However, it is not necessary that the microstrip line from each branch has
this 50-Ω characteristic impedance. The width of the microstrip line for √
the transformer
section is 0.35 mm, which is approximately proportional to produce 50/ 2-Ω line. This
transformer’s characteristic impedance can be derived from the geometric mean of the
connected lines’ characteristic impedance, in this case 50-Ω single-ended impedance and
25-Ω common-mode impedance.
In Table 4.5, the dimensions of the balun are summarized. L12 is ideally λg /4. The
microstrip line in the L10 section and bends thereof are identically for both branches. This
ensures that the parasitic shunt capacitance due to the (mitered) bends occurs at both
branches. Therefore, the uniformity of both branches is ensured, while 180◦ out-of-phase
delay can be obtained. W3 is the gap between the traces of the differential line which
ensures a 100-Ω characteristic impedance of the differential line.
The S-parameters of the designed balun are reported in Figure 4.18. The mix-mode
analysis is included with the aim that the mode conversion, reflection coefficient, and
transmission coefficient can be investigated. The common-mode rejection ratio (CMRR)
is an important figure of merit of the balun, because its function is to reject the common-
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(a)

(b)

Figure 4.18: (a) Simulated S-parameters of the balun: The differential-mode to single-ended characteristic. (b) The mixed-mode characteristic. The dielectric properties of the materials at 61 GHz are assumed
to be constant and thus used for all frequencies.

mode currents and, at the same time, to pass the differential-mode currents with a minimum impact. It is in decibel expressed as:
CM RR = Ssd21 − Ssc21 ,

(4.11)

where Ssd21 and Ssc21 are the differential to single-ended-mode transmission coefficient
and common-mode to single-ended-mode transmission coefficient, respectively. From Figure 4.18, the CMRR at 61 GHz is around 17 dB. The transmission coefficient of the
differential-mode and common-mode signal is −1 dB and −18 dB, respectively.
The −10-dB bandwidth of Sdd11 or differential-mode reflection coefficient spans from
47 to 90 GHz, assuming a non-dispersive LCP material. This assumption is somehow
valid for the LCP material based on the available data, yet the other material such as
the adhesive and its carrier might be dispersive. The bandwidth of the single-ended line
ranges from 20 to 72 GHz. The Scc11 -trace in Figure 4.18(b) indicates that the commonmode waves from the differential port are largely reflected around 61 GHz. In other words,
from the Ssc21 -trace around 61 GHz, it is observable that the common-mode waves from
port 1 are not transmitted to port 2. It means that any common-mode signal from the
chip which potentially generates electromagnetic interference (EMI) will be reflected back.
This behavior applies reciprocally.

4.5

Substrate technology

In this section, the substrate technology for manufacturing the antenna will be briefly
discussed. The focus of the fabrication process will be on the realization of the planar
elements. The planar elements are built on the LCP carrier where the carrier stackup
is shown in Figure 4.19. Its dimensions are summarized in Table 4.6. The branch-line
coupler shown in Figure 4.5 is realized in the layer with the thickness t4 . In this case, the
LCP panel with both 25 and 50-µm thickness are available.
The Electroless Nickel Immersion Gold (ENIG) plating (or the finished surface using
Ni/Au) is applied on top of all open metal structures. The thickness of this plating is
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Figure 4.19: Carrier stackup and cross-section view of the manufactured flex board.
Table 4.6: Stackup dimensions.

Parameter
t1
t2
t3
t4

Dimension
[mm]
(not used)
0.025
0.05
0.01

Parameter
t5
t6
t7
t8

Dimension
[mm]
0.025
0.025
0.013
(not used)

Parameter
t9
t10
t11

Dimension
[mm]
0.05
0.025
0.02

between 2 µm and 4 µm. Basically, no soldermask at the top side is required at this time,
because no assembly is performed at this design stage. However, at the bottom side, the
surface is covered by the soldermask. The total thickness will be 247 µm at maximum.
In the region where no middle copper (with t8 thickness) is placed, the thickness will be
237 µm.
t5 and t6 are the thicknesses of the adhesive and Polyimide (i.e. material of the adhesive carrier) which both build the coverlayer. The type of this cover-layer is DuPontTM
Pyraluxr AP. Its in-plane Coefficient of Thermal Expansion (CTE) is 25 ppm/◦ C, which
is advantageous for multilayer flexible PCB. Another adhesive layer needs to be added to
glue the layer at the bottom side. The specific type of this adhesive is Pyraluxr LF Sheet
also from DuPontTM with CTE of 100 ppm/◦ C. The provided CTEs here are of relevance
for solder reflow and flip-chip. In the end, a uniform CTE is preferable to avoid bending
of the laminate and buckling trace during the process assembly. The CTE for copper and
LCP is around 17 and 20 ppm/◦ C, respectively. The type of LCP is ESPANEXr L series,
which is an adhesive-less copper clad laminate.
The copper-filled microvia between layer 1 and 2 has a diameter of 75 µm with an
annular ring of 75 µm (resulting in the pad diameter of >225 µm). Concerning the
microvia and copper trace, several tolerances are defined by the manufacturer:
• Positioning of the microvia: ±5 µm;

• Positioning of the two layers on top of each other: 6 µm - 15 µm; and
• Etching the circuit pattern using PCB techniques or laser ablation: ±15 µm.

The through via used in the calibration board (see Figure 4.23(b)) can be as many as 624
pieces spread all over the board. This large number is because the pad for the connector

TPX loss: 0.03 [dB]
Mismatch loss: 0.04 [dB]

Adhesive loss
1.12 [dB]

4.6. Antenna losses and efficiency
Copper loss: 0.17 [dB]
LCP loss: 0.1 [dB]
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Pin :
15 [dBm]

Prad
13.54 [dBm]

Figure 4.20: Simulated radiated power Prad for the given input power Pin at 61 GHz: Loss contribution
of the antenna structure. Note that the size of the arrows is linearly scaled (in scalar) corresponding to
the mentioned power.

already demands many through vias. The diameter of the plated hole is 200 µm and its
unplated hole created by the laser processing is 276 µm. The diameter of the corresponding
pad is 576 µm.
The structure to be made will be created from a single LCP panel with usable area
of 266 mm × 404 mm. It might be possible that some issues such as blistering, twist,
and blow only occur in one region of the panel while it does not occur in other areas.
Therefore, it is important to distribute different designs in this panel, not only to improve
the chance of a successful prototype, but also to study the variation across the panel. In
the silk screen, a unique board/coupon’s ID is assigned for each realized design.

4.6

Antenna losses and efficiency

A figurative diagram to summarize the loss contribution from the used materials is depicted in Figure 4.20. Knowing the material properties, the loss contribution from each
material can be simulated. The optimized rod structure (Table 4.4) is utilized. The
simulated antenna’s total efficiency ηtot is 71.5 %
In Figure 4.20, an input power Pin of 15 dBm is used. This value corresponds to the
maximum output of the PA as provided by the chip manufacture [6]. The largest loss
contribution comes from the Polyimide (PI) adhesive loss with more than 20 % of the total
loss. The mismatch loss is very small. The used material for the rod structure (TPX) also
contributes almost no loss to the antenna system. The TPX loss mainly results from for
the confined waves or rays that are guided (internally reflected) inside the rod. Note that
some portion of the wave power is also guided at the surface of the rod (i.e. free-space).
This means that no dielectric loss occurs. No significant ohmic loss is manifested by the
used LCP and copper. For axial ratio < 3 dB, the polarization loss is negligible.
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RPC connector

Dielectric rod
LCP carrier
Mechanical holder

Figure 4.21: Manufactured rod antenna on LCP carrier.

4.7
4.7.1

Measurement result
Final prototype

A picture of the manufactured rod antenna on LCP carrier substrate is displayed in Figure
4.21. The top view of the planar structure is shown in Figure 4.22(a). The mitered
microstrip bents are employed to reduce the parasitic capacitance due to 90◦ -bent. In
Figure 4.22(b), the simulated animation shows that the microvia efficiently interconnects
the pad of the Rosenbergerr Precision Connector (RPC) and the antenna system. Unlike
the through via, this microvia does not create an extraneous stub in such a way that
parasitics are avoided. It also has a small diameter avoiding the use of the transition
from/to the microstrip line especially for mm-wave applications. Ground vias in the
connector pad are responsible for preventing the formation of the parallel-plate mode
that may occur between the connector pad and the carrier ground. Moreover, it can be
seen that the current path to the other port is isolated.

4.7.2

Calibration

In this section, we will investigate the calibration procedure which is required for a proper
characterization of the antenna prototype. To feed the antenna system, 60-GHz RPC1.85 connectors [172] are utilized. The Through-Reflect-Line (TRL) calibration [173]
has been performed before the measurement. For that purpose, it is necessary that the
RPC connectors with uniform impedance profiles are used. This impedance profile can be
checked using the Time Domain Reflectometry (TDR) measurement technique. Measured
TDRs of all available connectors are provided in Figure B.1 in Appendix B. From 25
connectors, variation of the impedance profile is observed. Four most-uniform connectors
are selected and used for the measurement.
The calibration board is shown in Figure 4.23. It is based on the TRL calibration
technique. The calibration is needed to move the reference plane exactly in front of the
antenna system, i.e. near the coupler’s input port. The Line-connection is performed
by adding a 90◦ line length to the Through-connection, at the center of the frequency
band. The TRL calibration works optimally when the difference in phase between the
Through-connection and the Line-connection is [172]:
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63.6
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(a)

(b)

Figure 4.22: (a) Top view of the manufactured planar structure of the circularly polarized rod antenna.
The long (differential) microstrip line is indicated and defined there, and its presence in this structure is
merely for measurement purpose. (b) 61-GHz (instantaneous) surface current. The balun is not included
in this animation.

(2m + 1)λg /4,

(4.12)

where m = 0, 1, 2, .... Similarly, TRL calibration fails completely when this phase
difference is:
(2m)λg /4,

(4.13)

where m = 0, 1, 2, ....
The Through-connection is then a valid calibration fixture for the respective calibration
frequencies with the line length between 30◦ and 150◦ . The advantage of utilizing this
longer Through-connection is that larger and more convenient structures can be used,
particularly essential for higher-frequency applications. In this work, the 90◦ line length
can be conveniently utilized. Finally, with this TRL calibration, the influences of the
microvia, RPC connector, and transmission line are corrected.
In Figure 4.23(c), the loss of the LCP carrier with the stackup as is delineated in Figure
4.19 is summarized for different distances of the microstrip line. At 61 GHz, the insertion
loss of 12.5 dB, 2.8 dB, 0.7 dB, and 0.2 dB is reported for the microstrip line with length of
110 mm, 25.25 mm, 5.05 mm, and 0.91 mm, respectively. In Figure 4.23(d), the insertion
loss of the 110-mm microstrip line for frequencies from 10 MHz to 67 GHz is shown. The
Line-connection length for the TRL is realized by the 0.91-mm line for frequencies from
50 GHz to 67 GHz. To calculate this length, the effective permittivity εef f needs to be
calculated using Eq. (A.1.1) in Appendix A. With this knowledge, the guided wavelength
λg can be obtained. The obtained insertion phase for the lower frequency is 76◦ , and the
one for the upper frequency is 103◦ . Those phases are still within the criteria mentioned
earlier.
The measured loss contribution of the RPC connector, microvia, and microstrip line
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Figure 4.23: Calibration board: (a) The layout (the encircled area contains the structure set for 60-GHz
TRL calibration), (b) fabricated flex board with several RPC connectors mechanically assembled, (c)
TRL-calibrated measured loss for different strip line lengths, and (d) measured loss using the 110-mm
strip line from 10 MHz - 67 GHz.
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Figure 4.24: Measured insertion loss of the fixture.

altogether (see Figure 4.21) (the coaxial cable is not included) is shown in Figure 4.24.
From this, it can be concluded that approximately 2.7-dB loss at 61 GHz can be deembedded (corrected) from the measurement of the radiation pattern.

4.7.3

Antenna characterization

4.7.3.1

S-parameters

In this section, the measurement of the S-parameters will be presented. Most of the
measurement results presented here are without the presence of the balun (see Figure
4.25(a)). However, to guarantee that the balun performs as expected and does not limit
the antenna performance, measured S-parameters of the antenna system with the baluns
(see Figure 4.25(b)) will be also briefly reported.
Antenna system without balun
The measured S-parameters of the antenna system (in Figure 4.25(a)) are shown in Figure
4.26(a). From the S11 curve, it can be seen that the −10-dB impedance bandwidth of
the antenna system is quite broad and spans from 53 GHz up to beyond 67 GHz. On the
contrary, the 20-dB port-to-port isolation bandwidth S21 is relatively narrow, which is
around 1.1 GHz. As described in Section 4.3, the reflected waves from both antenna and
coupler will travel to port 2 and thus influence S21 , due to the presence of the branch-line
coupler.
On that account, S21 herein is associated with the antenna resonance whereas S11 is
essentially the mutual coupling of the two feeding arms. The antenna resonance occurs
approximately at 61 GHz. The measurement results are in a good agreement with the
simulation results. A minor disagreement between the simulated and measured S11 is due
to a small ground plane used during the simulation. In order to prove this, in Figure
4.26(a), a simulated S11 for the rod antenna with an electrically large ground plane (32 ×
35 mm2 ) is also given for comparison. The simulation with this large ground plane will
demand large simulation resources. Therefore, unless otherwise specified, the following
simulated results will always be obtained from the antenna structure with a small ground
plane.
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Differential ports

(a)

Long microstrip lines
port 1



port 2

(b)
Figure 4.25: (a) Antenna system without the balun and (b) with the baluns. Long (differential) microstrip
lines are indicated and defined in Figure 4.22(a).
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S21, sim.
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Figure 4.26: (a) Measured S-parameters of the antenna system (i.e. coupler + patch + rod) without the
baluns, see Figure 4.25(a). (b) Definition of the 20-dB isolation bandwidth (as discussed in Chapter 2)
from S21 measurement. It spans from 60.45 GHz - 61.55 GHz. The antenna system as in Figure 4.25(a)
is measured. Because of the symmetrical structure, S22 = S11 .
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Figure 4.27: Measured (a) S11 and (b) S21 : Dependence of the antenna’s impedance on different materials.
The antenna system as in Figure 4.25(a) is measured.

In Figure 4.26(b), the 20-dB isolation bandwidth is detailed. This antenna system
can be either antenna-limited or coupler-limited. If the coupler has a large isolation, but
the patch antenna suffers a high reflected signal power, the total isolation is degraded.
Similarly, this condition also applies for the case when the patch antenna is superior to
the coupler.
Next, the effect of different materials (Polypropylene tape and TPX rod) on top of
the patch antenna will be investigated. In Figures 4.27(a) and (b), it is shown that different materials on top of the patch antenna can have a predominant effect in shifting the
resonance frequency. Despite its thin dimension, the double tape or any kind of adhesive
material, which material properties are often unavailable from the manufacturer, may
cause around 2-GHz to 3-GHz frequency shift depending on its εr . In Figure 4.27(b),
the resonance of the patch antenna without any loading is at 65 GHz. Adding the Polymethylpentene rod (εr = 2.13) on top of the patch gives a frequency shift of about 2 GHz
to 63 GHz. This phenomenon is caused by the reduced wavelength of the electromagnetic
wave when instead of free-space (εr = 1), the dielectric rod is placed on top of the patch.
Adding only the double tape which mainly consists of Polypropylene (εr = 2.25), a thermoplastic polymer, will shift the resonant frequency for about 1 GHz more into 62 GHz.
Eventually, adding the double tape and rod in that order on top of the patch will give the
resonant frequency of 61 GHz as is designed. This effect also occurs in S11 where for the
case of only the PCB, the frequency-dependent reflection is more pronounced for lower
frequencies.
Figure 4.28(a) shows the measured magnitude Z21 of the patch antenna with rod
(without balun). It can be seen that, at 61 GHz, the real part of Z21 is 50 Ω, and the
imaginary part is 0 Ω. This normally occurs in a resonant patch antenna. The corresponding transmission coefficient is delineated in the impedance Smith chart in Figure
4.28(b). The measured phase ∠S21 is shown in Figure 4.28(c).
Next, the measured magnitude Z11 of the same system is reported in Figure 4.28(d).
As can be seen, the real part is around 50 Ω over a large bandwidth while the imaginary
part is nearly zero. For frequencies <54 GHz, a more inductive behavior is shown, and
the antenna exhibits a high input impedance. This behavior results from the inductive
(mutual) coupling between two feeding arms.
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Figure 4.28: Measured impedance of the antenna system (Figure 4.25(a)): (a) (Absolute, real-part, and
imaginary-part) magnitude Z21 , (b) transmission coefficient (i.e. in this special case with the coupler, the
transmission coefficient is associated with the antenna resonance), (c) phase ∠S21 , and (d) magnitude
Z11 .
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Figure 4.29: Measured S-parameters of the antenna system with the baluns (Figure 4.25(b)): Sparameters comparison with and without the baluns. The contributed loss [A] is mainly caused by
the long (differential) microstrip-line section (Figure 4.22(a)).

Antenna system with baluns
The full 4-port measurement of single-ended lines is performed for two differential ports.
A general formula to convert the single-ended to differential S-parameters is given in [169]:
oi
1 hn
S(2i−1)(2j−1) − (−1)N · S(2i−1)(2j)
2
oi
n
1h
− (−1)M · S(2i)(2j−1) − (−1)N · S(2i)(2j) ,
(4.14)
2
where M = 3 corresponds to Common mode, N = 4 corresponds to Differential mode. i
and j are the port numbers of the differential port. These mixed-mode parameters include
the mode-conversion parameters. The expanded version of Eq. (4.14) reads:
SM N ij =



SDD11
 SDD21

 SCD11
SCD21

SDD12
SDD22
SCD12
SCD22



(S11 − S12 − S21 + S22 )

1  (S31 − S32 − S41 + S42 )
2  (S11 − S12 + S21 − S22 )
(S31 − S32 + S41 − S42 )
(S11 + S12 − S21 − S22 )
(S31 + S32 − S41 − S42 )
(S11 + S12 + S21 + S22 )
(S31 + S32 + S41 + S42 )

SDC11
SDC21
SCC11
SCC21


SDC12
SDC22 
=
SCC12 
SCC22

(S13 − S14 − S23 + S24 )
(S33 − S34 − S43 + S44 )
···
(S13 − S14 + S23 − S24 )
(S33 − S34 + S43 − S44 )

(S13 + S14 − S23 − S24 )
(S33 + S34 − S43 − S44 ) 
.
(S13 + S14 + S23 + S24 ) 
(S33 + S34 + S43 + S44 )

(4.15)
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Figure 4.30: (a) Measured mixed-mode parameters of S11 and (b) mixed-mode parameters of S21 of the
antenna system with the balun (see Figure 4.25(b)). The contributed loss [A] due to the long (differential)
microstrip line is also included.

Next, the antenna system with the baluns will be characterized. In Figure 4.29, it can
be observed that the inclusion of the baluns in the antenna system (Figure 4.25(b)) does
not significantly influence the antenna resonance. Long (differential) microstrip lines are
required here because of the relatively large RPC connector that needs to be connected
to each antenna port (see Figure 4.22(a)). Therefore, for measurement convenience, the
redundant line length is added between the branch-line coupler and the balun resulting
in the contributed loss [A] (see Figure 4.29). In fact, as reported in Figure 4.18, the loss
contribution from the balun itself is relatively small.
Furthermore, the mixed-mode parameters are also measured in order to investigate
the balun performance in this antenna system. The common-mode current uses the
ground as the return path. In the case of an imperfect balun, the conversion of the
differential to common mode occurs, which is not desired. Therefore, it is important to
look into its mode-conversion parameters where the amount of the converted power to
the corresponding mode can be conveniently seen. In Figures 4.30(a) and (b), the mixedmode parameters of the reflection coefficient and the isolation are shown, respectively. The
common-mode reflection coefficient is nearly flat (−5 dB) for the mentioned frequencies
showing most of this mode will be reflected. If there is no loss (indicated by [A] in
Figure 4.29), the common-mode reflection coefficient will be 0 dB. In fact, any undesired
common-mode transmission through this antenna (with balun) will be reflected.
Moreover, the conversion from the differential mode to common mode of the reflected
wave is below −10 dB, and no excited differential mode is significantly returned in the
frequency band as is discussed in Figure 4.29. Figure 4.30(b) shows that no common
mode and no differential mode will be coupled to the nearby port, i.e. the isolated port.
This measure is even enhanced at 61 GHz in which the rod antenna operates, because
most of the excited power is radiated, diminishing the coupled power to the nearby port
in the form of both common and differential mode. The common-mode signal is mostly
reflected in the balun stage, even diminishing the coupled power to the other port.
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(a) Spherical to sine space.

(b) Normalized amplitude of the electric field.

Figure 4.31: Nearfield to farfield progression of the dielectric rod antenna, presented in sine space. The
phase center is 10 mm from the base of the rod.

4.7.3.2

Nearfield pattern

To investigate the behavior of the rod antenna radiation in the nearfield region, the sine
space coordinate system will be used. Using this coordinate system, the field amplitude
at every distance from the phase center will be presented. The conversion from spherical
coordinate to sine space is given by [174]:
u = sin θ · cos φ,
v = sin θ · sin φ,

(4.16)

w = cos θ.
The sphere’s center is in the phase center of the rod antenna, and the sphere’s radius
is its distance dphase to an observation point. The observed field will be projected and
represented in a 2-D plane as shown in Figure 4.31(a). The forward hemisphere in this
sine space is defined as u and v varying from −1 to +1 and w varying from 0 to 1.
In Figure 4.31(b), the normalized electric field is depicted. dtip is the distance from
the rod tip. The phase center of the rod antenna is used as the center of rotation. It can
be seen that the HPBW of the nearfield pattern becomes constant for dtip > 4 cm. This
constant pattern progression can be an indication of the farfield region.
Specifically for the wireless-connector application, the use of the rod antenna will be
for bridging the communication distance in the order of milli- or centi-meters from the
rod tip. This distance is where the nearfield path gain P GEl still contributes to the link
budget calculation of the wireless-connector system.
To summarize, for the wireless-connector application, it is concluded that the farfield
pattern is still of great importance. The sidelobe level has to be investigated to ensure that
the antenna will not intercept interferences from the wireless environment. Moreover, it
is expected that the (nearfield) path gain will contribute in the transmission performance,
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Figure 4.32: 60-GHz anechoic chamber of Electromagnetics Group, TU/e.

Figure 4.33: The rod antenna being measured in the 60-GHz anechoic chamber. The definition of
measurement planes and ports are provided.

but it is only effective for close communication distances (see the design requirement in
Table 4.7). This will be further discussed in Chapter 6.
4.7.3.3

Farfield pattern and axial ratio

The 60-GHz anechoic chamber of the Electromagnetics Group TU/e (see Figure 4.32) is
used for measuring the radiation pattern of the antenna. The manufactured dielectric rod
antenna is pictured in Figure 4.33. It can be seen that the linearly polarized standard-gain
horn (SGH) antenna (at the top) is used for the measurement of the radiation pattern,
and the manufactured dielectric rod antenna is positioned at the bottom. To feed the
antenna, 60-GHz RPC-1.85 connectors are utilized.
The antenna system is designed to generate CP. As discussed in Section 2.2.3, the
CP measurement using the three-magnitude method can be performed by rotating the
linearly polarized horn antenna at 0◦ , 45◦ , and 90◦ . The ellipse equation eliminating the
unknown semi-major and -minor axes, a and b, respectively (see Figure 4.34), in polar
coordinates is given by [28, 175]:
Ae4 − 4(A + 1)e2 + 4(A + 1) = 0,

(4.17)
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Ev = E90°

a
b
Eh = E0°

Figure 4.34: Polarization ellipse of a circularly polarized antenna. a is the semi-major axis, and b is the
semi-minor axis. Eh and Ev are the horizontal and vertical E-field component, respectively. τ is the tilt
angle of the polarization ellipse.

where variable A is given by:

A=

G20 + G290 + 4



G0 G90
G45

2

− 2G0 G90 − 4

G0 G290
G45

(G0 + G90 )2

−4

G20 G90
G45

.

e is the eccentricity, and G0,90,45 is the antenna gain for 0◦ , 90◦ , and 45◦ positions, respectively. The axial ratio (AR) and the realized co- and cross-polarization gain of the
antenna can be obtained through [28, 175]:
b
a
,
AR = , a = √
b
1 − e2
max(GRHCP,LHCP ) =
min(GRHCP,LHCP ) =

2
Gtot (AR+1)
,
2 (AR2 +1)
2
Gtot (AR−1)
.
2 (AR2 +1)

(4.18)

(4.19)

The total realized gain Gtot is the sum of the two orthogonal components, e.g. G0 and
G90 .
After the axial ratio is obtained using Eq. (4.18), the realized gain of the circularly
polarized antenna can be calculated by means of Eq. (4.19). The polarization mismatch
is thus taken into account. By looking which absolute field is largest for θ = 0◦ , the
polarization orientation can be determined.
From the measurement, the excitation at port 1 will lead to RHCP radiation (see
Figure 4.33). In this work, unless otherwise specified, the results are intended for the
RHCP operation. Also unless otherwise specified, the shown radiation pattern is the
RHCP realized gain, i.e. not the total realized gain.
In Figure 4.35, the gain pattern of the rod antenna together with the coupler is depicted
for the operating frequency, i.e. 61 GHz. The measured CP gain is around 14.5 dBi (postprocessing calculation using Eq. (4.19)). Here, the results are compared between the
case of a large manufactured ground plane (GP) (Figures 4.35(a) and (c)) and trimmed
GP (Figures 4.35(b) and (d)). The agreement between simulation and measurement is
improved when the trimmed (or small) GP (3.4 × 5.2 mm2 ) is introduced in the measured
antenna (see Figure 4.36). This reduction is intentionally done for realizing a low RCS.
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(a) Co-polarization, large GP.

(c) Cross-polarization, large GP.
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(b) Co-polarization, small GP.

(d) Cross-polarization, small GP.

Figure 4.35: Radiation patterns for rod antenna (see Figure 4.25(a)) with different sizes of the ground
plane (GP) in the 0◦ -plane at 61 GHz. For the simulation results, the small GP is always used for the
efficient use of computational resources. The RHCP pattern is measured.

Figure 4.36: Trimmed ground plane (GP).
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Figure 4.37: LHCP radiation pattern in the 0◦ -plane at 61 GHz. The antenna with small GP is measured.
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Figure 4.38: Cross-polarization gain in the 90◦ -plane at 61 GHz.

Nonetheless, this condition only applies for the 0◦ -plane radiation pattern. In the 90◦ plane, the radiation pattern will not be significantly influenced by this GP-size reduction.
The measured HPBW is 32.5◦ in the 0◦ -plane, which is slightly larger than 30◦ (see the
requirement in Table 4.7). However, the antenna gain is >10 dBi. Furthermore, an
example of the pattern result of the LHCP operation is shown in Figure 4.37. It can be
observed that the radiation pattern of the RHCP operation mirrors the pattern of the
LHCP operation.
Next, in Figure 4.38, the cross-polarization gain in the 90◦ -plane at 61 GHz is shown.
The measurement agrees with the expected result from simulations. The front-to-back
ratio of this rod antenna is 26.5 dB. It is of great importance to secure a large front-toback ratio in this wireless connector. The reason is that any radiation in the backlobe
will cause interference with the RF chip and other circuitry inside the connector’s metallic
tube. The advantage of using the rod is that more signal power is coupled inside the rod
rather than radiating towards the backlobe direction, even when a small ground plane is
used in the trimmed version of the planar structure.
The measured radiation patterns for several frequencies for both 0◦ and 90◦ -plane
are summarized in Figure 4.39. The simulated radiation patterns for both 0◦ and 90◦ -
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(top)

(bottom)
Figure 4.39: Measured radiation pattern in (top) the 0◦ -plane and (bottom) 90◦ -plane for several frequencies. The rod antenna with a large GP is measured.
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Figure 4.40: Measured axial ratio (AR) over elevation angle θ for different planes and frequencies. AR
comparison for different sizes of the ground plane (GP) is shown in (a) and (b). AR comparison for
different frequencies is shown in (c) and (d) which are done for a large GP. Note that only the AR in the
main beam is relevant.

plane are found to be in a good agreement with experiment results. It can be seen that
the radiation pattern is influenced by two RPC connectors and a termination load (see
Figure 4.21). The relatively large metallic body of those obstacles causes some enhanced
sidelobes for θ > 0◦ and some suppressed sidelobes for θ < 0◦ , in Figure 4.39 observed in
the 90◦ -plane. The slight shift of the sidelobe and mainlobe’s maximum for θ < 0◦ is also
caused by the same reason. The large sidelobes in the 0◦ -plane as explained earlier are
caused by the larger prototype’s GP compared to the simulated antenna’s GP.
In Figure 4.40, the comparison of the axial ratio (AR) for the large and small GP is
shown for both measurement and simulation. Also the measurement results for different
frequencies and principle planes are provided. As is demonstrated in the radiation pattern,
the axial ratio is not significantly affected by the size of the ground plane. It can be
observed that an axial ratio below 3 dB is obtained for θ = ±25◦ . This axial ratio fulfills
the requirement for this wireless-conenctor application (see Table 4.7).
From the axial ratio at 58 and 63 GHz, it can be concluded that circular polarization
can be maintained over a large frequency range. This excellent feature of the antenna
originates from the use of the quadrature branch-line coupler. Interesting to see is that,
at 63 GHz, the beamwidth with AR < 3 dB reduces as compared to 58 and 61 GHz.
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Figure 4.41: Measured and simulated axial ratio in the 90◦ -plane at 61 GHz.
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Figure 4.42: Measured antenna performance over the frequency band of interest (i.e. 20-dB isolation
bandwidth from 60.45 GHz - 61.55 GHz). (a) Co-polarization gain, (b) Axial ratio, (c) 3-dB beamwidth,
and (d) SLL.

This is attributed to the dielectric rod in which its radiation characteristic is optimized
for lower frequencies.
Figure 4.41 shows the AR in the 90◦ -plane at 61 GHz. The same trend between
simulation and measurement can be observed. Only a minor discrepancy of the beamwidth
with AR < 3 dB exists and becomes visible in this expanded graph. In fact, only the AR
in the main beam is relevant for this wireless connector.
In Figure 4.42, the performance of the dielectric rod antenna is summarized for both
the 0◦ -plane and 90◦ -plane. It can be observed that the obtained gain is around 15 dBi for
the frequency band. The axial ratio is below 0.5 dB. The HPBW for both principle planes
is similar over the frequency band, showing the symmetry property of the rod’s radiation
pattern. The SLL is measured to be around −9.5 dB, and it is better for 0◦ -plane than
90◦ -plane for higher frequencies.
Table 4.7 compares the measured performance of the rod antenna with the required
performance (as already described in Table 2.5 in Chapter 2). It can be seen that the
antenna performance can meet the requirements. However, the 20-dB isolation bandwidth
is only 1.1 GHz, which is smaller than 9 GHz. To realize multi-gigabit full-duplex wireless
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Table 4.7: Design requirements of the gigabit wireless-connector system, as described in Chapter 2. The
measured performance (at 61 GHz, in the 0◦ -plane) is compared with the required performance.

Parameter
−10-dB impedance
bandwidth
20-dB isolation
bandwidth
Antenna gain
HPBW
SLL
Polarization

Required value
9 GHz (whole ISM
band)
9 GHz

Measured value
>14 GHz

>10 dBi
<30◦
<−10 dB
Circular polarization
with AR < 3 dB

14.5 dBi
32.5◦
−9.5 dB
0.2 dB or <3 dB for θ =
±25◦

1.1 GHz

communication, a larger isolation bandwidth is required. Improved antenna designs for
wider isolation bandwidth will be discussed in Chapter 5. Concerning the HPBW and
SLL, the obtained performance is slightly lower than the requirements. This can be
improved, for example, by lengthen the rod.

4.8

Manufacturability

In this section, the design manufacturability is investigated and supplemented with experiments. High-volume serial production of the dielectric rod antenna for the wirelessconnector application is anticipated. Degradation of the antenna performance due to
mishandling and imperfection during the fabrication process can occur and thus should
be investigated here. The measured performance of this degraded antenna will be compared with the requirements for this wireless-connector application.

4.8.1

Sensitivity analysis

Referring to Figure 4.5, Figure 4.43 shows some cross-section dimensions of randomlypicked manufactured planar structures. The designed and manufactured dimensions can
be then compared. In Figure 4.43(a), the 50-Ω strip line should have a width of 240 µm
instead of 236.7 and 241.1 µm. The patch measures 1180.4 µm wide whereas the designed
dimension for this square patch is 1160 µm. The distance between the edge of the feed
line and the patch is 489.8 and 453.2 µm, which indicates that the feed line is slightly off
center.
In Figure 4.43(c), the width of the through line is 339.9 and 341.6 µm instead of
350 µm which demonstrates over-etching. In Figure 4.43(d), the gap for the differential
line pair is measured to be 311.1 µm instead of 300 µm. Its line width is 206 and 205.2
µm alternative to 220 µm. Looking into those values, over-etching is also the culprit,
which shrinks the line width and, thus, widens the gap. This increases the differential
characteristic impedance of the line, albeit the impact is very small. These dimensions
altogether have been tested using the simulation model, and only a slight shift of the
resonant frequency occurs (< 0.5 %). The radiation characteristic is well maintained.
In Figure 4.44(a), 16 manufactured PCB coupons, each with the same rod on top of
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(a) Manufactured planar excitation structure for the rod.

(b) Cross-section view indicated in line A.

(c) Cross-section view indicated in line B.

(d) Cross-section view indicated in line C.

Figure 4.43: Measured cross-section dimensions of the manufactured (planar part of) antenna using the
LCP substrate technology.
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patch rod

0 mm

(a)

rod base

0.8 mm

1.6 mm

(b)

Figure 4.44: (a) Measured S21 from 16 manufactured PCB coupons, each with the same rod on top of the
patch (black lines). The gray line indicates the simulated S21 . (b) Measured S21 for 0, 0.8, and 1.6-mm
off-center rod.

the patch, are characterized and compared in one graph. From that population of the
antenna, the resulting standard deviation of the resonant frequencies is 293 MHz while
the mean is 61.438 GHz. Hence, the antenna coupon with ID of 2015_1007 is outlier
in this population, with the resonance around 62 GHz as seen in Figure 4.44(a). The
cause is that this sample coupon comes from the outer part of the LCP panel in a way
that extra etching may occur. Over-etching is suspected causing the resonance shift to a
higher frequency. Hence, the desired feature size is smaller than the expected dimension.
Another potential cause is that this antenna coupon might come from a low-quality region
of the panel where the blistering (i.e. trapped air between layers) exists [176]. This issue,
which is often found in the LCP-based PCB, can decrease the expected εef f of the carrier
and thus lengthen the guided wavelength λg . This guided wavelength hence sees smaller
feature size, increasing the resonant frequency.
To conclude, the sensitivity of the planar (excitation) structure is vital for 60-GHz
antenna applications. The manufactured samples are tested and are shown to be able
to meet the accuracy. The target resonant frequency of the patch antenna is 61 GHz,
whereas most of the deviation is towards higher frequencies despite the fact that it is
minor. From 16 coupons, apparently, one coupon has a resonant frequency > 62 GHz,
which is not expected. However, the measured resonant frequencies still conform to the
design requirement.

4.8.2

Radiation characteristic of off-centered rod

The assembly of the rod on the planar structure can be cumbersome for high-volume
production. The prototype is realized by taping the rod on top of the patch antenna.
This assembly step may, to a large extent, jeopardize the antenna performance. Through
the experimental result reported in this section, we will investigate how sensitive the
misalignment of the rod assembly is. The rod is carefully positioned at 0.8 and 1.6-mm
off-center (+x-axis). The antenna resonance is measured with the results shown in Figure
4.44(b). It can be seen that no significance shift occurs. The loading effect of the rod is
maintained here because of a relatively large diameter of the rod base.
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Figure 4.45: 0◦ -plane radiation pattern of the 0.8-mm off-center rod. The displayed results are measured
at 61 GHz.

(a)

(b)

Figure 4.46: 0◦ -plane radiation pattern of the 1.6-mm off-center rod: (a) Cross-polarization gain, axial
ratio, and (b) co-polarization gain pattern. The displayed results are obtained at 61 GHz.

In Figure 4.45, the 0.8-mm off-center rod is characterized. A relatively good agreement
between measurement and simulation is obtained. The squinted mainlobe towards θ = 8◦
results from this misaligned rod. Because of this, the SLL increases in the opposite-half
hemisphere, particularly in the measurement result. At the same time, the obtained copolarization gain is also reduced with 2.5 dB. The axial ratio retains below 3 dB; thanks
to the branch-line coupler that is separated from the radiator structure giving steady CP
performance in the presence of the assembly-related issue. The cross-polarization gain
worsens from around −15 dBi in the ideal case to −7 dBi in the endfire direction. There
is a large measurement-simulation discrepancy in this direction, though.
Figure 4.46(a) depicts the cross-polarization gain and axial ratio of the dielectric rod
antenna with the 1.6-mm off-center rod. The measurement is done in the 0◦ -plane and
is found to be in a good agreement with the simulation. The discrepancy is though
observed for both θ > 60◦ and θ < −60◦ . As before, the cause is that in the simulation
the antenna with the small ground plane is used for computational efficiency whereas
in the measurement a large ground plane is used for mechanical stability. The crosspolarization gain in the 1.6-mm off-center rod is similar to the case of the 0.8-mm off-
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Figure 4.47: Axial ratio at θ = 0◦ (i.e. endfire direction) of the dielectric rod antenna, for different rod
positions relative to the excitation center.

center rod. Similarly, this reason applies to co-polarization gain in Figure 4.46(b). The
co-polarization gain is dramatically decreased, and no distinct mainlobe can be observed
even at the squinted look angle.
To summarize, the axial ratios in the endfire direction versus frequencies are presented
in one graph for both simulation and measurement as depicted in Figure 4.47. The
simulation gives more optimistic result than the measurement result. At any rate, both
simulated and measured results of the axial ratio are still <3 dB for all frequencies. For
frequencies larger than 64 GHz, the 1.6-mm off-center rod has an axial ratio larger than
3 dB. For the 0.8-mm off-center rod, the antenna system still fulfills the required gain
and axial ratio. Also, the isolation performance is left intact. However, the HPBW and
SLL are degraded. For the 1.6-mm off-center rod, the antenna system cannot fulfill the
required gain, SLL, and HPBW. However, the axial ratio and isolation performance are
only slightly degraded.

4.8.3

Voids inside dielectric rod

In this section, manufacturing issues in the molding process of the rod, namely the void
presence inside the rod, are discussed and studied through experiments. This void sometimes occurs during serial production of the dielectric rod. A careful molding process
needs to be used to avoid this issue. In Table 4.8, the simulated radiation pattern of the
rod antenna with different void diameters inside the rod is compared.
/ void = 1.5
As can be seen, the presence of the void with the cross-section diameter O
mm reduces the antenna gain for about 0.6 - 0.8 dB, with the largest reduction occurring
at edge frequency. The diameter of this void is more than half of the rod base’s diameter
(i.e. 3 mm) for the void positioned at zvoid = 4 mm. The HPBW negligibly increases for
about 0.4◦ to 0.6◦ , and SLL worsens approximately 1.1 dB. However, the presence of this
specific void does not significantly impact the antenna performance.
The measurement result to investigate the influence of the void is also provided. Figure
4.48 shows the manufactured TPXTM rods, and some rod samples with specific void
/ void > 1.5 mm) and
condition are picked for experiments. Case I and II are for a large (O
/ void < 1.5 mm) void, respectively, at approximately similar axial height. Case III
small (O
is for an oval void, and case IV is for voids at the both bottom and top part of the rod.
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Table 4.8: Radiation characteristics of the rod antenna with single bubble-shaped defect (or void) inside
/ void is the cross-section diameter of the void. The position of this void
the rod for different frequencies. O
is 4 mm from the base and positioned at the center.

fo = 57
GHz

fo = 59
GHz

fo = 61
GHz

fo = 63
GHz

Gain [dBi]

HPBW, φ
= 0◦

SLL [dB],
φ = 0◦

No bubble

12.9

31.6◦

Bubble
/ void = 1.5 mm)
(O

12.1

32.1◦

−10.8

No bubble

13.8

29.5◦

Bubble
/ void = 1.5 mm)
(O

13.2

29.9◦

No bubble

14

28.1◦

Bubble
/ void = 1.5 mm)
(O

13.4

28.6◦

−10.4

No bubble

13

27.1◦

Bubble
/ void = 1.5 mm)
(O

12.4

27.7◦

−10.6

−9.7

−11.2
−10.2
−11

−9.7

Case I
Case II

Case III
Case IV

Figure 4.48: (a) Manufactured Polymethylpentene rod and (b) some rods with voids inside.
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(a)

(b)

Figure 4.49: Measurement results of the 0◦ -plane radiation pattern in the presence of voids inside the
rod: (a) For case I & II and (b) for case III and IV. The displayed results are measured at 61 GHz.

Generally, the presence of the void inside the rod does not significantly influence the
antenna performance (see Figure 4.49). The reflection coefficient does not change for the
various cases (not shown here for brevity). Comparing the void, case I and II, it can be
concluded that the antenna performance for both gain and SLL is better for smaller void
sizes. Investigating the oval void in case III, there is no important difference with the
pattern in case I and II. The presence of the void at the top (and bottom) in case IV
degrades the sidelobes, while the mainlobe pattern remains intact. In Appendix C, the
investigation of the antenna performance in the presence of the void using different CP
measurement methods is further discussed.
To conclude, apparently, the presence of a void inside the dielectric rod does not
significantly affect the antenna performance. At 61 GHz and for the void position of 4
mm from the rod base, the gain, HPBW, and SLL are 0.6-dB lower, 0.5◦ larger, and
0.6-dB larger, respectively, than the case of no void. Nevertheless, the presence of the
void close to the rod tip yields a larger SLL increase, i.e. 2.5-dB larger.

4.9

Concluding remarks

The 60-GHz dielectric rod antenna with dual-circular-polarization has been designed,
manufactured, and validated through measurements. The design is optimized for the
wireless-connector application. The impedance bandwidth in the presence of the quadrature branch-line coupler is very wide. The antenna system exhibits Tx-Rx isolation of >20
dB for frequencies from 60.45 GHz to 61.55 GHz. The RHCP antenna gain is 14.5 dBi at
61 GHz. The cross-polarization gain is approximately −15 dBi. The measured axial ratio
is 0.2 dB at 61 GHz which results in maximum co-polarization loss of <0.02 dB. The SLL
is −9.5 dB, and the HPBW is 32.5◦ and 30.5◦ in the 0◦ -plane and 90◦ -plane, respectively.
Generally, the 3-dB axial ratio bandwidth does include the whole 60-GHz ISM frequency
band. Hence, the antenna is mainly only limited by its 20-dB isolation bandwidth (i.e. 1.1
GHz) for the gigabit full-duplex wireless connector. Both the patch antenna and coupler
equally determine this isolation performance of the antenna system. For convenience, the
summary of the measured antenna performance is again provided in Table 4.9. The design
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Table 4.9: Essential design requirements for the gigabit wireless-connector system. The measured performance (at 61 GHz, in the 0◦ -plane) is compared with the requirements.

Parameter
−10-dB impedance
bandwidth
20-dB isolation
bandwidth
Antenna gain
HPBW
SLL
Polarization
Data rate
Dimensions

Required value
9 GHz (whole ISM
band)
9 GHz

Measured value
>14 GHz

>10 dBi
<30◦
<−10 dB
Circular polarization
with AR < 3 dB
>1 Gbps
Small (Lateral
dimensions <12 mm;
axial height ≤20 mm)

14.5 dBi
32.5◦
−9.5 dB
0.2 dB or <3 dB for θ =
±25◦
Yes
Yes

1.1 GHz

requirements of the antenna design are also presented for comparison.
Through experiments, the rod antenna is also investigated for its manufacturability.
All measured antenna samples are proven to perform according to the expectation. The
case of the misalignment in the assembly of the rod is studied. It reveals that the sidelobe
pattern deteriorates when the rod is off-center. However, the axial ratio remains performing well up to the case of 1.6-mm off-center rod. Moreover, the void inside the rod does
not significantly influence the antenna performance. SLL increases though, especially
when the void is closer to the rod tip.
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Chapter 5
Gigabit Full-Duplex Wireless
Communication
A narrowband antenna with circular polarization has been designed and realized as described in Chapter 4. Both the patch antenna and branch-line coupler are the limiting part
of the system, in terms of isolation performance. To realize gigabit full-duplex wireless
communication, an antenna that possesses wideband circular polarization and isolation
is required. This wideband antenna does not come without drawbacks. In other words,
the designer’s dilemma is inevitable. The antenna designer is confronted with the choice
of sacrificing one feature in order to improve the other. From Chapter 2, for most cases,
the system is known to be self-interference limited. Therefore, improving the isolation is
essential at the expense of compromising other antenna parameters. Meanwhile, circular
polarization has to be maintained as well.
The first approach to increase the isolation of the antenna system is by improving the Sparameters of the coupler and antenna, which will be elaborated in Section 5.2 and Section
5.3, respectively. An improved isolation can reduce the self interference (or crosstalk)
power at the receiver (Rx). This attempt may increase the complexity of the antenna,
e.g. more substrate layers and thicker carrier substrate. These complexities have an
inherent drawback, such as its proneness to manufacturing tolerances. The measurement
results of the manufactured couplers can already be found in Section 5.2.
The second approach to improve the isolation performance is by the excitation of a
common rod with two physically-separated patch antennas, as will be described in Section
5.4. This approach to boost the isolation comes with a radiation-related drawback. The
rod structure with periodic strips or metal-strip-loaded might be able to deal with this
radiation issue [177, 178]. However, the realization is rather difficult for the 60-GHz
dielectric rod because of its small dimensions.
Before integrating the chip with the antenna, a systematic design procedure has to be
performed. This allows to pinpoint the source of issue when the combined antenna-chip
system does not perform as expected. This can be done by manufacturing the stand-alone
antenna first and testing it in the same setup as the final implementation would be. The
measurement results of the antenna for both approaches are presented in Section 5.6. The
discussion on the flip-chip technology is given in Section 5.7. The design aspect of the
module board and demonstration board is described in Section 5.8.
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5.1

5.1. Introduction to wideband RF structure

Introduction to wideband RF structure

Often the antenna can be considered as a wideband antenna if the fractional bandwidth
(FBW) is more than 20 %. This definition corresponds to the input reflection coefficient
(of e.g. −10 dB) of the antenna. In the proposed concept using the branch-line coupler,
the antenna mismatch also limits the isolation. Therefore, the isolation FBW (with center
frequency fc of 60 GHz) will mainly define the wideband feature of the antenna system
in this Dissertation. According to the system level analysis (see Table 2.5), the antenna
isolation should be ≧20 dB.
The inherent advantage of wideband antenna and passive structures is its less sensitivity towards manufacturing tolerances. On the other hand, narrowband (high-Q) antennas
are more sensitive to mismatch, e.g. in the case of the shifted resonant frequency. For
passive structures such as the branch-line coupler, the wideband response can be realized,
a.o., using a cascaded structure. Usually, for a wideband response, the longer the cascade
is, the more difficult it is to realize the structure, e.g. the dimensions of some parts of the
structure are quadratically smaller. For the antenna structure, the wideband response
can be realized, a.o., by means of adding parasitic radiating elements. Various examples
of wideband patch-based antennas can be found in [59, 179]. Typically, nature-inspired
structures, such as spirals, and elliptical structures [23] are inherently wideband (see Section 2.6.4 in Chapter 2). In our design, the coupled resonance technique will be used for
creating a large isolation FBW and maintaining a very-low input reflection coefficient.

5.2

Wideband cascaded coupler

Figure 5.1 shows the model of the coupler with the mismatched antenna as already described in Chapter 4. an and bn are the incident wave and reflected wave at n-th port
of the coupler, respectively. Tn and Mn are the (complex) transmission coefficients and
coupling coefficients of the coupler, respectively. For a low Tx coupling, both M1 and Γant
have to be suppressed. In this chapter, the technique to obtain a high-isolation coupler
for the whole operating frequency band will be discussed.
In [180], Lee et al. proposes a balanced structure by means of multiple ring couplers
to cancel out the coupling M1 and antenna mismatch Γant . However, the structure needs
many passive elements and matching loads (at 60 GHz) resulting in large end-to-end
ohmic losses in the case of the antenna pair. Another constraint is the limited available
space for this wireless-connector application.
In this section, the attempt to enlarge the bandwidth of the coupler is performed by
using a cascaded two-stage branch-line coupler structure (see the one-stage coupler in
Figure 5.3). For instance, a cascaded coupler at 2.4 GHz has also been discussed in [181].
For a circularly polarized antenna, the RHCP antenna will capture the RHCP transmission. In other words, in paired wireless-connector antennas, the transmission from
port 1 of the local node will be captured at (equivalent) port 1 at the remote node (see
Figure 5.1). This condition requires two different RF-chip placements (and their corresponding copper-trace layout) because the RF chip has a separate path for each Tx
and Rx. Meanwhile, it is preferable to have a uniform layout for electronics behind the
antenna. Therefore, instead of having different layouts in this paired wireless-connector
implementation, the adaptation can be done in the antenna and coupler section. Two
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port 1
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b1
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ant

a3

b3
port 3

Figure 5.1: Model of the branch-line coupler. Γant denotes the antenna mismatch.

complementary antenna systems are thus required. Also, two types of the wideband
coupler are proposed to realize this complementing system.

5.2.1

Circuit model

The ideal circuit model of the wideband coupler is presented in Figure 5.2. The corresponding S-parameters are also presented as computed with CSTr Design Studio (DS)
circuit analysis [14]. Two types of this coupler are proposed of which one can generate
RHCP while the other can generate LHCP for the same excitation port (e.g. port 1 in
this case), if an antenna is connected to the outgoing ports. Circuit analysis shows that
a phase inverter in the branch-line coupler’s shunt elements (see Figure 5.2(c)) can invert
the phase difference of the outgoing ports. As a result, the Type-B coupler is basically
the Type-A coupler with a 180◦ phase shifter (i.e. phase inverter) in the shunt elements.
For brevity, the naming of Type-A and Type-B coupler will be used in this Dissertation.
No ohmic loss is included in this simulation. As can be seen, the Type-A coupler
exhibits the required isolation >20 dB from 51 GHz to 69 GHz. The Type-B coupler
has the isolation >20 dB from 55 GHz to 65 GHz. The drawback of incorporating the
phase inverter for the Type-B coupler is that the isolation bandwidth is narrower than
the isolation bandwidth of the Type-A coupler.
The wideband patch antenna will be described in Section 5.3. Using this approach,
both antenna and coupler should exhibit a low reflection coefficient for a wide frequency
band. In addition to that, the expected dielectric loss of both the wideband coupler and
antenna structure will be similar to the loss of the narrowband structure in Chapter 4.
The required additional space λg /4 in the coupler section (due to the cascaded structure)
is acceptable for the wireless-connector application.

5.2.2

Detailed design

The aforementioned couplers are further optimized by means ofthe full-wave EM solver
CSTr MWS [14]. Co-design analysis with the antenna structure is also performed. Both
time- and frequency-domain solvers are employed to analyze the coupler and antenna
structure (see Chapter 2). For analyzing an electrically large dielectric structure (i.e.
dielectric rod), the time-domain or transient solver has the advantage in terms of required
computation resources. However, the wideband coupler (and later the patch structure)
may exhibit resonance with a high-Q factor. In that case, the frequency-domain solver
outperforms the time-domain solver, in terms of computation resources and accuracy.
Therefore, EM analysis of the structure using both time- and frequency-domain solvers is
provided to compare the results.
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S31
S41
S21
S11

(a)

(b)
S31
S41

S21
S11

(c)

(d)

Figure 5.2: Model and the corresponding S-parameters of the couplers (without the antenna) for (a), (b)
Type A; and (c), (d) Type B. Because of reciprocity, only the representative S-parameters are shown.
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Figure 5.3: Detailed structure of the coupler: (a) Type A and (c) Type B: With the phase inverter.
(b) Configuration of the layer stackup. The dimensions of the planar elements are shown in Table 5.1.
The provided and manufactured thicknesses of each layer stackup are shown in Table 5.2 and Table 5.3,
respectively.
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Table 5.1: Dimensions for each coupler type in Figure 5.3.

Parameter
L1
L2
L3
L4

Dimension [mm]
Type A
Type B
1
1
1
1
0.85
0.8
0.6
1.9

Parameter
W1
W2
W3
W4
W5

Dimension [mm]
Type A
Type B
0.15
0.02
0.12
0.27
0.15
0.05
0.25
0.33
0.24
0.24

Table 5.2: Thicknesses of the layer stackup (Figure 5.3), provided by the manufacturer [183].

Parameter
t1
t2
t3
t4
t5

Dimension
[mm]
0.02
0.025
0.05
0.013
0.05

Parameter
t6
t7
t8
t9

Dimension
[mm]
0.013
0.05
0.025
0.02

Parameter
tA
tB
tC
tD
tE

Dimension
[mm]
0.02
0.015
0.012
0.015
0.02

The detailed layers of each metal and carrier substrate have to be included in the
simulation environment (see Figure 5.3). The dimensions of the proposed couplers are
summarized in Tables 5.1 and 5.2. As mentioned earlier, the coupler with wideband
performances can be obtained by using the cascaded technique. In that way, the amplitude
and phase imbalance, isolation, and reflection coefficient can be maintained over the
frequency band of interest. The cascaded coupler requires shunt elements (see Figure
5.3) that exhibit a high characteristic impedance. This can be realized by means of the
microstrip line (i.e. the shunt element) with a narrow width. However, using standard
PCB technology, a microstrip line with a width smaller than 15 µm is hard to fabricate,
especially if manufacturing tolerances are a major concern. The use of Defected Ground
Structure (DGS) to realize a high characteristic impedance of a microstrip line has been
discussed in [182]. Thus, this technique is utilized here, in order to realize a transmission
line impedance of larger than 100 Ω (see also Figure 5.2). For the Type-B coupler, a
180◦ phase shifter is introduced in the shunt elements. A parallel-strip phase shifter
could be used here without increasing the transmission line length (L4 ). Nonetheless,
such technique requires even smaller microstrip width, which is not feasible at mm-wave
frequencies.

5.2.3

Designed versus fabricated stackup

The manufactured carrier stackup including the realized thicknesses is pictured in Figure
5.4, and the measured dimensions are shown in Table 5.3. These dimensions can be
compared with the expected dimensions provided by the manufacturer in Table 5.2. It
can be seen that the adhesive layer (i.e. t4 and t6 ) cannot be thinner than 25 µm for
this multilayered stackup. However, the measured total thickness (without the top and
bottom copper and soldermask) is approximately 50 µm smaller than the expected values.
Later it will be shown that this deviation is caused by the thickness difference occurring
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Table 5.3: Effective thickness of the manufactured layer stackup (Figure 5.3).

Parameter
t1
t2
t3
t4
t5

Dimension
[mm]
0.015
0.025
0.025
0.025
0.025

Parameter
t6
t7
t8
t9

Dimension
[mm]
0.025
0.025
0.025
0.015

Parameter
tA
tB
tC
tD
tE

Dimension
[mm]
0.022
0.022
0.021
0.01
0.022

Figure 5.4: Cross-section view of the manufactured multilayered PCB using LCP substrate.

in the layers indicated by thickness t5 , which is 25 µm instead of 50 µm, and tC , which is
21 µm instead of 12 µm. t5 is a LCP layer in which the electromagnetic coupling between
the feeding line (with thickness tC ) and the patch (with thickness tC ) occurs. This means
that the feeding line will be more capacitive. The other differences are considered to have
less influence, since the relative permittivity εr of the LCP and adhesive material are
almost the same. The total effective dielectric thickness is around 233 µm. Including the
top and bottom copper layer, the total manufactured thickness is around 277 µm.

5.2.4

S-parameters, amplitude and phase imbalance

The manufactured couplers are shown in Figure 5.5. Though the copper trace is created in
the middle layer of this multilayered PCB, it is still visible in this figure. Also interesting
to observe in the bottom view of the coupler is the fact that the defected grounds (or
slots) (with the width of 20 µm) are not present in the Type-B coupler. This limitation
of PCB manufacturing technology has been foreseen and has been simulated beforehand.
Only a minor change in performance was observed. However, these slots are inevitable
for the Type-A coupler. The relatively-wide shunt trace explains this requirement.
In Figure 5.6, the simulated performances of the Type-A and Type-B couplers are
shown. Both couplers have a wideband performance and high port-to-port isolation. The
Type-B coupler, however, performs less than the Type-A coupler. This can be attributed
to the phase-inversion realization using the transmission-line method. Apparently, the
harmonic response of the shunt elements plays a role which inherently has a narrowband
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Type-B coupler:
with shunt
phase shifters

Type-A
coupler
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Defected ground or slots
No slot

Type-A coupler

(a)

Type-B coupler

(b)

Figure 5.5: Manufactured wideband branch-line coupler: (a) Top view and (b) bottom view.

(a)

(b)

Figure 5.6: Optimized S-parameters of the couplers (without the antenna): (a) Type A and (b) Type
B. Note that both couplers are optimized and co-designed with the patch antenna, to attain the desired
final result.

130

5.2. Wideband cascaded coupler

(a)

(b)

Figure 5.7: Measured S-parameters of the coupler with the phase inverter (Type B). The patch antenna
is not incorporated here.
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Figure 5.8: Measured reflection coefficients of the Type-B coupler.

performance. Since the application is intended for the 60-GHz ISM frequency band, e.g.
57 - 66 GHz, both couplers meet the requirements.
Important to see is that both couplers have similar transmission performances (see
Figure 5.6), namely about 5-dB insertion loss in the frequency band of interest (57 - 66
GHz), for each outgoing port (i.e. port 3 and port 4). Because the coupler acts as a 3-dB
power divider, it can be shown that each transmission path exhibits 2-dB ohmic loss. The
obtained isolation of the Type-A and Type-B coupler is larger than 15 dB and 20 dB for
the frequency band of interest, respectively.
The measured result of the Type-B coupler (without the patch antenna) is shown in
Figure 5.7. The measured transmission coefficients are around −5 dB. However, at 57
GHz, the transmission coefficient for outgoing port 4 is −8 dB. The measured reflection
coefficient (see also Figure 5.8 for other ports) and isolation are still satisfactory, even
though the isolation is above 10 dB for the frequency bandwidth of interest (57 - 66
GHz). This discrepancy between the measured and simulated result is mainly attributed
to the reduced total thickness of the manufactured stackup.
The measured S-parameters for the Type-A coupler are shown in Figure 5.9 and Figure
5.10. The transmission coefficients are around −5 dB for the ISM frequency bandwidth.
Nonetheless, due to manufacturing tolerances, the isolation is only less than 10 dB for
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S31, meas.

S41, meas.

(a)

(b)

Figure 5.9: Measured S-parameters of the Type-A coupler. The patch antenna is not incorporated here.
S22, meas.

S44, meas.

S33, meas.

Figure 5.10: Measured reflection coefficients of the Type-A coupler.

frequencies between 60 and 62 GHz. The reflection coefficients are lower than −10 dB
except around 64 GHz.
As discussed earlier, the major difference between two couplers is the relative output
phase for each outgoing port. It is thus of great importance to investigate the phase
imbalance. The amplitude imbalance for both couplers will also be compared since it will
also influence the coupler capability to generate circular polarization when it is combined
with the antenna. In Figure 5.11(a), the amplitude imbalance of two couplers is compared
by means of simulation. Due to the longer shunt lines, the Type-B coupler shows a more
frequency-dependent amplitude of the output signals. At 57 GHz, the Type-B coupler
exhibits a maximum amplitude imbalance of about 3 dB. This amplitude imbalance is still
acceptable to produce a circular polarized wave with AR < 3 dB, as will be demonstrated
in Section 5.3.2. However, this amplitude imbalance prevents coupler implementation in
some applications such as for a balanced amplifier [184]. The simulated phase imbalance
is presented in Figure 5.11(b).
Figure 5.12 shows the measured result of the two imbalances. Both couplers perform
as expected by the simulation. It can be observed that the Type-A and Type-B couplers
have the outgoing ports with a phase imbalance (difference) of around −90◦ and 91◦ ,
respectively, in the whole frequency bandwidth of interest. This results in a 181◦ phase
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(a)

(b)

Figure 5.11: (a) Simulated amplitude imbalance and (b) phase imbalance of both couplers.

(a)

(b)

Figure 5.12: (a) Measured amplitude imbalance and (b) phase imbalance of the Type-A and Type-B
coupler.
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Figure 5.13: Structure of the wideband patch antenna and wideband cascaded coupler (as discussed in
Section 5.2) with the defected ground structure (DGS) or slots. The stacked patches are shown by squares
with red and blue colors. The position of corresponding copper traces in each layer is indicated with
thicknesses detailed in Table 5.4. The rod structure is not shown here.

difference between couplers, demonstrating the phase-inversion capability of the Type-B
coupler.
In addition to the S-parameter analysis, the investigation on possible undesired radiation from the slots of the coupler (see Figure 5.5) is of great importance. Only one slot
(with the crossing microstrip line) is considered here, and the comparison between the
slot from the Type-A, Type-B coupler, and the coupler with no slot is performed. The
maximum realized gain (at 61 GHz) in the upper hemisphere for each of them is −15.2
dBi, −16.5 dBi, and −15.4 dBi, respectively. Apparently, there is no significant gain
difference between the case with and without the slot, and the gain difference is almost
similar for all frequencies of interest. However, in the lower hemisphere, the maximum
gain (at 57 GHz) is −10.3 dBi, −17.4 dBi, and −18.3 dBi, respectively. There is a 8-dB
gain increase for the large slot (i.e. belongs to the Type-A coupler) in comparison to the
coupler with no slot. At 66 GHz, 9-dB increased gain is obtained. Although this absolute
gain is very low in this design, using a larger slot than the one used here, at some point,
may spoil the radiation characteristic (i.e. front-to-back ratio), especially at the higher
frequencies.

5.3

Patch antenna with parasitic and stacked elements

The wideband antenna structure and corresponding dimensions are explained in Figure
5.13 and Table 5.4, respectively. The square patch antenna is used to ensure identical
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Table 5.4: Dimensions of the wideband antenna system as in Figure 5.13.

Parameter
l1
l2
l3
l4

Dimension
[mm]
0.38
1.15
1.16
0.43

Parameter
l5
l6
w1
w2

Dimension
[mm]
0.33
0.4
0.3
0.05

performance for the two polarizations. The layers of the carrier substrate and copper are
again shown for convenience.
The stacked-patch configuration (see also Figure 5.14) is designed and optimized to obtain the wideband input impedance of the antenna [57,179]. These patches can be seen as
the red- and blue-colored copper profiles in Figure 5.13. In addition to the stacked-patch
technique, the parasitic-patch technique in a layer [185] is employed to further match the
antenna input impedance (i.e. reduce Γant ) over a wide frequency band. This is indicated
by the four parasitic patches shown in Figure 5.13. By means of this combined configuration, a reflection coefficient below −20 dB can be obtained over the whole frequency band.
As discussed in Chapter 4, for the antenna with the branch-line coupler, the reflection
coefficient of the antenna (and the coupler) determines the isolation of the total system.
The parasitic patches generate resonance(s) very close to the resonance of the (main)
excited patch. This mechanism ensures a wideband input matching. For the technique
involving parasitics in a layer, l4 in Figure 5.13 can be tuned to obtain the preferred
coupled resonances. The closer the resonances are, the narrower the total bandwidth is.
Moreover, for the technique involving a stacked patch, l2 can be adjusted to create
another resonance. Less freedom for tuning is expected from this latter technique though,
i.e. the carrier’s thickness is highly dependent on the availability from the manufacturer.
This combined technique can increase the return loss up to 20 dB for a wide frequency
band. This good performance cannot easily be obtained using the technique of the stacked
patch only.
In Figure 5.14, the exploded view of the rod antenna with the wideband patch antenna
and coupler is shown. The materials used are described as well. Generally, they are similar
to materials used in Section 4.5 in Chapter 4.

5.3.1

Simulated S-parameters

In this section, the combined coupler and antenna will be characterized in terms of its
S-parameters. Figure 5.15(a) shows the simulated input reflection coefficient S11 and coupling S21 . The measured S21 of the narrowband antenna is included for comparison. The
antenna isolation is improved as compared to the isolation of narrowband antenna design
in Chapter 4. This improvement is attributed to the use of both the wideband coupler
and wideband patch antenna. Both wideband implementations are mandatory, in order
not to limit the total performance from either passive element. Its 10-dB isolation FBW
is 20.8 %. Simulated S-parameters of the antenna system with the Type-B coupler are
summarized in Figure 5.15(b). Basically, the isolation is maintained for a wide frequency
band. The antenna with the Type-B coupler has an isolation higher than 20 dB over
a smaller bandwidth as compared to the antenna using the Type-A coupler. Its 10-dB
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With Type-B coupler

Figure 5.14: Exploded view of the wideband patch antenna with the Type-A coupler including the rod
structure. The rod structure as described in Chapter 4 is used. For the wideband patch antenna with
the Type-B coupler (shown at the right side), the same stackup configuration is used. Only the metal
layers are changed, as illustrated.
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(a)

(b)

Figure 5.15: Simulated S-parameters of the wideband rod antenna using (a) the Type-A coupler and (b)
Type-B coupler. The measured result of the narrowband rod antenna from Chapter 4 is included here to
see the improved isolation bandwidth (indicated by arrows) using this wideband rod antenna.

isolation FBW is >25.8 %.

5.3.2

Simulated radiation pattern

The resulting radiation pattern of the antenna system (with the rod and Type-A coupler)
for both orthogonal planes are shown in Figures 5.16(a) and (c). The radiation pattern
with the Type-B coupler is shown in Figure 5.16(b). For brevity, the radiation pattern is
provided only in the 0◦ -plane, because in the 90◦ -plane, it is almost similar to the pattern
in the 0◦ -plane.
The high realized gain is attributed to the use of the low-loss dielectric rod above patch
elements. From the simulation, the difference between the directivity and realized gain is
1.1 dB. Comparison with the narrowband antenna from Chapter 4 is also included. Only
a small gain reduction is observed here, possibly caused by the larger coupler structure
and more (slightly lossy) adhesive layers. The gain is about 2-dB lower at 64 GHz as
compared to the gain at 61 GHz. This is because the rod structure is optimized at 61
GHz.
The simulated axial ratio of the antenna system (with the Type-A coupler) for both
orthogonal planes is reported in Figures 5.17(a) and (b). A slight deterioration of the axial
ratio compared to the initial design can be observed. Nonetheless, the current design has
more bandwidth in terms of isolation and axial ratio. Figure 5.17(c) shows the axial ratio
of the antenna system with the Type-B coupler. The elevation angles in shade indicate
the region in which AR > 3 dB. The axial ratio for both antenna types is almost identical,
albeit their opposite polarization sense. The axial ratio at 64 GHz is slightly worse than
the one at lower frequencies.
The total antenna efficiency ηtot , gain, and axial ratio versus frequency are summarized
in Figure 5.18. An efficiency drop at the tail of the frequency band is observed, due to
ohmic losses and the dielectric rod’s dimensions that are not optimized for these higher
operation frequencies. Compared to the narrowband antenna, the efficiency is slightly
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(a) 0◦ -plane, with the Type-A coupler.
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(b) 0◦ -plane, with the Type-B coupler.

(c) 90◦ -plane, with the Type-A coupler.
Figure 5.16: Simulated radiation pattern of the wideband rod antenna with both coupler types for two
orthogonal planes. In figure (b), the 90◦ -plane radiation pattern of the wideband rod antenna with the
Type-B coupler at 61 GHz is included for comparison. In figure (a), the measured radiation pattern of
the narrowband rod antenna from Chapter 4 is included for comparison.
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3 dB

(a) 0◦ -plane, with the Type-A coupler.

(b) 90◦ -plane, with the Type-A coupler.

(c) 0◦ -plane, with the Type-B coupler.
Figure 5.17: Axial ratio of the wideband rod antenna with both coupler types for two orthogonal planes.
The unshaded area describes the elevation angles in the main-lobe direction where the antenna’s axial
ratio is below 3 dB, indicated by the horizontal line in figure (a). In figure (c), the 90◦ -plane pattern for
the rod antenna system with the Type-B coupler at 61 GHz is included for comparison.

(a)

(b)

Figure 5.18: Summary of the radiation characteristic of two wideband rod antennas with Type-A and
Type-B couplers: (a) Total (antenna) efficiency ηtot ; (b) realized gain and axial ratio for θ = 0◦ .
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Table 5.5: Dimensions of the layout in Figure 5.19.

Parameter
l7
l8
l9
l10
l11

Dimension
[mm]
1.2
2.2
2.5
2.2
0.2

Parameter

∠

αd = βd
αh = βh

20◦
20◦

higher (about 4 - 8 %). This is due to the improved matching.
To summarize, the rod antenna system with the Type-A and Type-B coupler exhibits
a good radiation characteristic. However, based on the design requirement (in Table 4.7),
20-dB isolation bandwidth is only achieved between 57 and 64 GHz (for the Type-A
coupler) and 59 - 64 GHz (in case of the Type-B coupler) (see Figure 5.15). Moreover,
the analysis did not consider manufacturing tolerances that will reduce this isolation
bandwidth. Therefore, another antenna technique is proposed in order to improve the
isolation.

5.4

Two-antenna excitation with angular offsets

An attempt to improve the isolation and axial ratio performance for the whole bandwidth
has been explained. In this section, another technique is proposed to (further) enhance
the isolation while still maintaining the wideband axial ratio. Higher isolation means
lower Tx coupling in the local Rx port.
Most of the mutual coupling reduction techniques described in literature deal with
linearly polarized (LP) antennas. Very little attention is given to mutual coupling reduction in circularly polarized patch antennas [186]. Here, angular-offset wideband CP patch
antennas are proposed to improve the isolation between the patch antennas. In this way,
spacing between the antennas can be reduced while still maintaining sufficient isolation.
The spacing needs to be reduced, because each antenna element should still maintain
a high coupling efficiency of the EM power to a common rod. To further improve the
isolation, the lateral-offset technique is also incorporated here.
Two configurations are investigated, namely the Diagonal Excitation Configuration
(DEC) and Horizontal Excitation Configuration (HEC) which are implemented for patches
under the rod. The antenna structure is similar to the structure in Figure 5.13. The main
difference is that the isolated port is now shorted to ground plane. This isolated port can
also be left open with no significant performance difference in comparison with shorted.
Ideally, a 50-Ω load should terminate this port. Due to unavailability of the surfacemounted device (SMD) load at 60 GHz, this port is shorted.
The model of the antenna system is shown in Figures 5.19(a) and (b). The configurations of the excitation patches are explained in Figures 5.19(c) and (d). The antenna
dimensions are provided in Table 5.5. l7 , l8 , and l9 are the lateral offsets. α and β are the
angular offsets for the first and second antenna (or Antenna 1 and Antenna 2), respectively. M1 , M2 , M3 , and M4 are used here and defined as the mutual coupling coefficients
between feed lines of the patch antennas in Figure 5.19. Indices d and h (e.g. in M1d ) are
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(a) Antenna system with DEC.

(b) Antenna system with HEC.
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Figure 5.19: Model of the antenna system with two-antenna excitation with (a) diagonal excitation
configuration (DEC) and (b) horizontal excitation configuration (HEC). The configuration of excitation
patches under the dielectric rod for both (c) DEC and (d) HEC is also illustrated. For HEC, due to
symmetry, M4h = M1h . Γant , Mn , and Tn denote the antenna mismatch, (mutual) coupling coefficients
(with index n), and transmission coefficients, respectively. Indices d and h are used to indicate DEC and
HEC, respectively. Antenna dimensions are provided in Table 5.5. The dimensions of the rest are similar
to the dimensions in Figure 5.13. Note that the colors in the structure correspond to the information as
provided in Figure 5.13.
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used to indicate DEC and HEC, respectively.
configuration is given by:

 
b5
Γant 0
 b6   0 Γant

 
 b 7  =  M 1 M3
M 2 M4
b8
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The S-parameters matrix for the excitation

M1 M2
a5


M 3 M 4   a6
Γant 0   a7
0 Γant
a8




.


(5.1)

The coupling between exciting feed lines in a patch antenna is neglected due to the
orthogonality. Note that, in HEC, due to the (almost) identical antenna, M4h = M1h .
Some parasitic elements are removed in order to position the two patches at a very close
distance. In this case, the axial ratio of the antenna may be slightly degraded due to
asymmetrical antenna structure. Nonetheless, the expected isolation of this two-antenna
excitation is large and inherently wideband. The exploded view of the antenna realization
using DEC and HEC is shown in Figure 5.20. Further discussion of this technique and
application thereof can be found in the author’s publication [187].

5.4.1

Rod excitation with Diagonal Excitation Configuration (DEC)

5.4.1.1

Methodology

To analyze the Tx(-Rx) coupling (i.e. crosstalk coupling from Tx to Rx), a matched
antenna is assumed (i.e. Γant = 0 in Eq. (5.1)). Note that the Rx port or port 2 is
defined as indicated in Figure 5.19(a). The dimension of the square patch is λg /2, and
the influence of the couplers from Antenna 1 (i.e. aggressor) and Antenna 2 (e.g. victim)
is taken into account. If θcom is the common phase delay, and the transmission coefficients
of the coupler are equal (T2 = T1 ), and using Eq. (5.1) and a similar approach as in Section
4.3, the Tx coupling reads:


π
b2
= |T1 |2 e−jθcom |M1d |e−jπ + |M3d |e−j0 + |T1 |2 e−j (θcom + 2 ) |M2d |e−jπ + |M4d |e−j0
a1
2 −jθcom

= |T1 | e



|M1d |e

−jπ

+ |M3d |e

−j0

+ |M2d |e

−j 3π
2

+ |M4d |e

−j π2



.

(5.2)

T1 is squared because each coupling contribution (e.g. either M1d or M3d ) undergoes the
identical coupler’s transmission coefficient twice (in Antenna 1 and Antenna 2). e−jθcom
π
and e−j (θcom + 2 ) indicate the quadrature couplings in the coupler of the victim antenna
system (see Figure 5.19(a)). This contribution in the coupler of the aggressor antenna
system is already included in the phase of the mutual coupling, e.g. |M1d |e−jπ . The coupling of the closest feed lines (in Figure 5.19(c)) is indicated by |M3d |e−j0 . As mentioned,
M1d has undergone the phase shift of − π2 in the aggressor’s coupler. In addition to that,
another − π2 phase shift is because of the feed positions in this square patch. Therefore,
the total of −π phase shift is assigned to the coupling component M1d . This approach
also applies for the subsequent analysis.
In Eq. (5.2), it is observable that M1d and M3d have an opposite phase. Likewise,
M2d and M4d have an opposite phase. Due to the different distance (see Figure 5.19(c)),
they most likely have an unequal amplitude. These mutual couplings may cancel out
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Figure 5.20: Exploded view of the wideband patch antennas with DEC (including the rod). For the
wideband patch antennas with HEC (shown at the right side), the same stackup configuration is used.
Only the metal layers are changed, as illustrated.
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Figure 5.21: Exchanging the excitation path of the branch-line couplers in the DEC structure.

90°-plane
y z
0°-plane
x

(a)

(b)

Figure 5.22: (a) Antenna structure and (b) corresponding S-parameters of the wideband rod antenna
with DEC. Note that the alignment marks for positioning the rod can be seen in figure (b).

if each mutual-coupling pair has an equal magnitude. By using the diagonal excitation
configuration or DEC, the said distance difference will be reduced. The angular offsets
αd and βd of 20◦ are further introduced to obtain quasi-orthogonal degenerated modes
between the two antennas ensuring the wideband cancellation.
Apparently, when the excitation path of each branch-line coupler is exchanged with
the path to the ground load (see Figure 5.21), the Tx coupling turns to be:
π
π
π
π
π
b2
= |T1 |2 e−j (θcom + 2 ) |M1d |e−j 2 + |M3d |e−j 2 + |T1 |2 e−jθcom |M2d |e−j 2 + |M4d |e−j 2
a1
π
π
= |T1 |2 e−jθcom |M1d |e−jπ + |M3d |e−jπ + |M2d |e−j 2 + |M4d |e−j 2 .

(5.3)

M1d and M3d will add constructively, and so do M2d and M4d . The Tx-Rx isolation
deteriorates because of this undesired constructive addition of the mutual couplings.
5.4.1.2

Simulated S-parameters and radiation pattern

In Figure 5.22(b), the rod excitation by means of DEC is shown. The (Tx-Rx) port-to-port
isolation is >30 dB (or the mutual coupling S21 is <−30 dB) for a very wide frequency
band. The placement of the ports is as close as possible to the antenna system, in order
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Figure 5.23: Simulated S21 for the case of the exchanged excitation port with the path for ground load
(see Figure 5.21) as predicted by Eq. (5.3).

(a)
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Figure 5.24: Radiation pattern of the wideband rod antenna with DEC: (a) Antenna 1 at 61 GHz and
(b) Antenna 2 at 61 GHz.

to show the actual mutual coupling of the system. In the case of the exchanged excitation
port, the isolation is dramatically reduced to 20 dB as illustrated in Figure 5.23. It has
been verified in Eq. (5.3) that the mutual-coupling pairs add constructively. Therefore,
the port placement as in Figure 5.22(a) is used for this DEC.
In Figure 5.24, the radiation pattern of each antenna with DEC is displayed for both
the 0◦ -plane and 90◦ -plane. Antenna 1 corresponds to the antenna with port-1 excitation.
As expected from the off-center excitation configuration, the mainlobe is slightly tilted,
and the sidelobes are larger. The sidelobe levels strongly depend on the frequency. The
major goal in the current design is to have a large isolation while the radiation is kept
directive, preferably at θ = 0◦ . Together with the sidelobe minimization, this high directivity can reduce the interference pick-up during antenna operation. In Figure 5.24, the
SLL increases due to the off-center patch antenna under the rod. For further explanation
of this behavior, see the E-field animation in the author’s paper [188].
In the application, where a pair of antennas needs to be aligned, there is a case, e.g.
due to the vibration, where antennas are not aligned and tilted. The axial ratio is thus
appended here to observe the antenna robustness to mechanical vibration while rotating.
In Figure 5.25, elevation angles for which the axial ratio is still below 3 dB for both
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Figure 5.25: Axial ratio of the wideband rod antenna with DEC: Antenna 2 at 61 GHz.

(a)

(b)

Figure 5.26: Summary of the radiation characteristics of each wideband rod antenna with DEC: (a) Total
(radiation) efficiency ηtot . (b) Realized gain and axial ratio.

0◦ -plane and 90◦ -plane can be seen. Therefore, at these elevation angles, the antenna
exhibits good circular polarization.
The total (antenna) efficiency ηtot , antenna gain, and axial ratio are summarized in
Figure 5.26. The efficiency is comparable to the case of single-antenna excitation. Antenna 1 suffers a dramatic gain reduction for higher frequencies, mainly owing to its larger
(compared to Antenna 2) off-center position and its adjacency to the other antenna element. The higher-frequency wave is inefficiently coupled to the rod and is refracted at its
bottom.

5.4.2

Rod excitation with Horizontal Excitation Configuration
(HEC)

5.4.2.1

Methodology

For the HEC case, to analyze the Tx coupling, the matched antenna is assumed (i.e.
Γant = 0 in Eq. (5.1)). The (nearly) symmetrical structure leads to a doubled M1h
(Figure 5.19(b)). If θcom is the common phase delay, and the transmission coefficients of
the coupler T2 = T1 , similar to Eq. (5.2), the Tx coupling reads:
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Figure 5.27: Exchanging the excitation path of the branch-line couplers in the HEC structure.


π
π
π
b2
= |T1 |2 e−j (θcom + 2 ) |M1h |e−j 2 + |M3h |e−j 2 + |T1 |2 e−jθcom |M1h |e−jπ + |M2h |e−jπ
a1

(5.4)
= |T1 |2 e−jθcom 2|M1h |e−jπ + |M2h |e−jπ + |M3h |e−jπ .

The phase of each mutual coupling will add constructively, and the amplitudes are different
because of the obviously different distances. Other means for coupling reduction needs
to be introduced. In addition to the angular offsets αh and βh , the lateral offset l11 is
incorporated to suppress this mutual coupling.
The analysis for the case of exchanged excitation port (with the ground load) of each
branch-line coupler will also be performed here (see Figure 5.27). In this case, the Tx
coupling becomes:



π
π
3π
b2
= |T1 |2 e−jθcom |M1h |e−jπ + |M3h |e−j0 + |T1 |2 e−j (θcom + 2 ) |M1h |e−j 2 + |M2h |e−j 2
a1

(5.5)
= |T1 |2 e−jθcom 2|M1h |e−jπ + |M2h |e−j2π + |M3h |e−j0 .

As can be seen, though there are mutual couplings with opposite phase, the respective
magnitude is not the same (i.e. not a perfect cancellation). This is due to different
coupling distances (see Figure 5.19(d)), which result in different coupling magnitudes
(e.g. |M1h | < |M3h |). Therefore, unlike the case with DEC, it would be expected that the
total mutual coupling will still be comparable to the mutual coupling of the not-exchanged
excitation port.
5.4.2.2

Simulated S-parameters and radiation pattern

The rod excitation with HEC will be characterized, and a comparison with the narrowband
antenna design will be included (see Figure 5.28(b)). This is to emphasize the significant
improvement in this wideband antenna design in which an isolation better than 30 dB
is obtained from 52 GHz to 65 GHz. For the case of exchanged excitation port, the
analysis is also performed. Comparing the isolation in Figure 5.28(b) and Figure 5.29, no
significant difference is observed. This behavior has been predicted in Eq. (5.5).
The planar structure is optimized to attain good isolation at the expense of a.o. the
beam squint and a marginal S11 . Figure 5.30 summarizes the simulated radiation pattern
and axial ratio for both antennas in HEC. Only the result of Antenna 1 is shown here,
because Antenna 2’s performance is almost similar due to the symmetrical structure. The
axial ratio is slightly larger than 3 dB at the endfire direction. Due to the very close
(pitch) distance (i.e. 2.2 mm), one patch antenna degrades the axial ratio of the other
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Figure 5.28: (a) Antenna structure and (b) comparison of S-parameters between the wideband rod
antenna with HEC and the narrowband rod antenna design. Note that the alignment marks for positioning
the rod can be seen in figure (b).

0
-10

S21 [dB]

-20
-30
-40
-50
-60
50

52

54

56 58 60 62
Frequency [GHz]

64

66

Figure 5.29: S21 for the case of the exchanged excitation path with the path for ground load (see Figure
5.27) as predicted by Eq. (5.5).
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(a)

(b)

Figure 5.30: (a) Radiation pattern and (b) axial ratio of the wideband rod antenna with HEC: Antenna
1 at 61 GHz.

(a)

(b)

Figure 5.31: Summary of the radiation characteristics of each wideband rod antenna with HEC: (a) Total
(antenna) efficiency ηtot . (b) Realized gain and axial ratio.

antenna and vice versa.
A relatively flat gain and total antenna efficiency ηtot are still observable in the current
design, but the axial ratio is slightly degraded (see Figure 5.31). Each antenna can
(still) efficiently couple the EM power to the rod because of the small distance between
the antenna elements. The trade-off is made here by focusing more on the isolation
enhancement while compromising the beam pattern and axial ratio thereof.
To conclude, the antenna systems with both DEC and HEC are suitable for fullduplex wireless-connector applications. The antenna with HEC slightly outperforms the
one with DEC in terms of gain flatness. The isolation for both cases is >30 dB between
57 and 66 GHz, and the CP radiation pattern also has a good performance between those
frequencies. Unlike using the rod antenna system with the Type-A and Type-B coupler,
with this two-antenna excitation it will be shown that the isolation is maintained when
manufacturing tolerances occur.
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Fabrication process

In Figure 5.4, the detailed layer definition of the planar part of the antenna system has
been shown. This multilayered PCB inherently has some issues. A different copper area
on the top side may cause twist and blow at the PCB and also some misalignment on the
bottom. During the assembly (i.e. flip-chip) that involves raising the temperature, this
twist will be more intense. Pouring the grounding (or balancing) copper on both sides of
the panel can tackle this issue. Using copper planes at several layers may also help in this
case. However, in this work, no balancing copper area is applied since it will influence the
antenna’s input impedance. Moreover, the metallic area needs to be reduced to minimize
the antenna’s RCS. Therefore, implementation of this balancing copper demands further
optimization of both antenna’s radiation characteristic and RCS.
Another potential issue with multilayer PCB is the misalignment between layers. Optical alignment is used to have an accuracy of 2 - 5 µm between layers. To interconnect
between nearby layers, microvia and blind microvia are utilized. With this microvia technology, the stub, which exists when the through via is used for vertical routing, is avoided.
Laser micro-machining is utilized to cut via holes in the LCP substrate. A thin layer of
copper is deposited on the via, and an electroplating process is used to fill the vias completely. This copper filling is important when the microvia is built exactly on the chip’s
carrier pad. This pre-filling will prevent the solder ball (on the chip) from filling the
via’s hole, which may result in a decrease of the targeted chip standoff (i.e. the effective
gap between the chip and the LCP substrate after assembly) or, for the worst case, in
an unconnected chip’s pad to the carrier’s pad. Typically, the copper filling of the blind
vias is >30 %. Another used (plated) via is the through via, usually for connection to
the ground plane. For laser drilled holes of this type of via, it is better to use pads or
no pads for all holes so that they can be drilled with the same power. Furthermore, the
rough copper surface may cause higher conductor losses than expected [189]. Therefore,
this item has to be also discussed with and confirmed by the manufacturer. In fact, clear
communication with the manufacturer and really understanding their capability play a
major role in the success of the design.

5.6

Measurement result

In this section, the measurement results of manufactured antennas will be reported. The
TRL calibration is performed to extract the S-parameters while the 60-GHz anechoic
chamber is used to perform radiation pattern measurements. The structures for performing the wideband and narrowband antenna calibration are alike. The difference is the
stackup of each planar structure. The pictures of the manufactured wideband antennas
are shown in Figure 5.32. In this figure, the copper traces belonging to different layers
have different colors. The result for the rod antenna with the Type-A coupler and TypeB coupler will be discussed first. The rod antenna with two-antenna excitation will be
subsequently discussed.
The manufactured dimensions of both Type-A and Type-B couplers (see Figure 5.32)
were already summarized in Table 5.1. The realized thicknesses of the PCB stackup are
shown in Table 5.3. The dimensions of the patch antenna in Figure 5.32 are shown in
Table 5.4. For the rod antenna with two-antenna excitation (see Figures 5.32(c) and (d)),
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Figure 5.32: Manufactured wideband patch antennas. For the measurement, the dielectric rod is positioned on top of these patch antennas.
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Figure 5.33: (a) Measured S-parameters of the wideband rod antenna with the Type-A coupler and (b)
reconstruction of the isolation using the 3-D EM simulator (i.e. post-simulation) taking into account
manufacturing tolerances. The post-simulation uses the PCB thicknesses in Table 5.3.

the additional dimensions are listed in Table 5.5.

5.6.1

One-antenna excitation

5.6.1.1

S-parameters

With Type-A coupler
The S-parameter measurement of the antenna is summarized in Figure 5.33(a). It can
be seen that there is a large discrepancy between the simulated and measured isolation.
The measured 10-dB isolation FBW is >16.7 %, but the isolation never reaches as high
as 20 dB. The measured performance of the 60-GHz antenna is highly determined by the
tolerance and accuracy of the substrate’s thickness (see Figure 5.65 and Table 5.2). This
consideration can supplement the investigation that has been done by Huang et al. [20]
concerning the accuracy of the measured antenna at 60 GHz. Observing the measured
result in Chapter 4, it is verified that the εr of the LCP and adhesive are known accurate
enough at 60 GHz. Furthermore, the effect of tolerances in the planar dimensions of the
antenna and passive structures has been simulated, and thus these tolerances are not the
major issue. However, as mentioned earlier in Section 5.2.3, the tolerances in the layer
thicknesses of the PCB are a major issue.
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Figure 5.34: (a) Measured S-parameters of the wideband rod antenna with the Type-B coupler and (b)
reconstruction of isolation using the 3-D simulator taking into account manufacturing tolerances.

For proving that statement, the reconstructed isolation using 3-D EM simulations with
(false) realized thicknesses by the manufacturer is shown in Figure 5.33(b). This figure
shows a good agreement between the simulated and measured isolation, when the realized
thicknesses are used. Therefore, it can be concluded that the discrepancy is majorly
caused by the tolerance of the substrate thickness. The measured S11 still complies with
the criterion (S11 < −10 dB) for this 60-GHz wideband antenna.
With Type-B coupler
Figure 5.34(a) shows the S-parameters of the antenna with phase inverter. In this case,
the 10-dB isolation is only reached from 62 GHz up to beyond 67 GHz and never exceeds
20 dB. Manufacturing tolerances in the PCB thickness can also cause this discrepancy
between simulation and measurement. Therefore, the reconstruction of the isolation is
also provided by performing post-production simulation (see Figure 5.34(b)). The good
agreement between measurement and post-simulation proves that the inaccurate substrate
thickness is indeed the major culprit of this discrepancy.
5.6.1.2

Radiation pattern

In the following section, the measured radiation patterns of the various antenna designs
are presented and discussed. The comparison with the simulation is also supplemented.
It will be shown that, with experienced manufacturing tolerances, the radiation pattern is
not significantly influenced. Since the antenna is intended for wideband operation, several
representative measured results of the radiation pattern will be presented, and finally a
figurative summary will be given.
With Type-A coupler
Figure 5.35 shows examples of the simulated and measured (RHCP) radiation pattern at
57 GHz and 61 GHz. These simulated and measured results show a good resemblance.
While the simulated maximum gain is relatively flat (frequency-wise), at 57 GHz, the
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Figure 5.35: Measured and simulated (RHCP) radiation pattern (in the 0◦ -plane) of the wideband rod
antenna with the Type-A coupler: (a) at 57 GHz and (b) at 61 GHz.
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Figure 5.36: Measured radiation pattern of the wideband rod antenna with the Type-A coupler at 59
and 63 GHz: (a) in the 0◦ -plane and (b) in the 90◦ -plane.

measured maximum gain is approximately 1 dB less than what is simulated. The measured
results at other frequencies are presented in Figure 5.36.
For applications involving a rotation of the antenna, the uniformity of the radiation
pattern in both planes is of great importance. In Figures 5.36(a) and (b), it can be seen
that the mainlobe pattern is consistent for both azimuthal orientations and frequencies.
The cross polarization is also experimentally investigated (see in Figure 5.37). This result
for both planes should be equal at θ = 0◦ . This can be observed from the result at 63
GHz.
At higher frequencies, e.g. 59, 63, and 65 GHz (not shown in Figure 5.37), the crosspolarization gain is around 2 dBi in the endfire direction. However, cross-polarization
rejection is still sufficiently large, e.g., considering the 14-dBi (co-polarization) gain of
this antenna at 63 GHz. In the design requirements given in Figure 2.18, the minimum
rejection of cross-polarization is 9.5 dB. Therefore, the cross-polarization rejection of 14
− 2 = 12 dB still fulfills the design requirement. At 57 GHz (not shown in Figure 5.37),
the cross-polarization gain is −15 dBi.
Finally, the axial ratio for different frequencies and measurement planes is presented
in Figure 5.38. Generally, an agreement between simulation and measurement is observed
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Figure 5.37: Measured cross-polarization (LHCP) gain of the wideband rod antenna with the Type-A
coupler: (a) in the 0◦ -plane and (b) in the 90◦ -plane.

25

25
measurement
simulation
Axial ratio [dB]

20

15
10

10

◦

80 ◦

60 ◦

40 ◦

θ

20 ◦

0◦

20 ◦
−

40 ◦

60 ◦
−

−

80 ◦

−

0

80 ◦

60 ◦

40 ◦

θ

20 ◦

0◦

20 ◦

40 ◦
−

−

60 ◦
−

80 ◦

0

15

5

5

−

Axial ratio [dB]

20

measurement
simulation

◦

(a) 0 -plane, 57 GHz.

(b) 0 -plane, 61 GHz.

(c) 0◦ -plane, for the mainlobe.

(d) 90◦ -plane, for the mainlobe.

Figure 5.38: Measured axial ratio of the wideband rod antenna with the Type-A coupler.
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Figure 5.39: Summary of the measured antenna characteristics (0◦ -plane) of the wideband rod antenna
with the Type-A coupler. All the data are obtained from the measurement in the 0◦ -plane.

at the various frequencies. Except at 57, 58, and 59 GHz, the axial ratio (in the endfire
direction) is marginal, i.e. between 3 dB and 4 dB. 4-dB axial ratio means a (max.) signal
power loss of approximately 1 dB for transmission between the co-polarized antennas and
(min.) signal power loss of 7 dB for transmission between the cross-polarized antennas.
The ’max.’ and ’min.’ of those losses depend on the relative rotation (or ϑ in Eq. (2.25))
of the antennas (see also Figure 2.8). Similar radiation pattern and S-parameters for the
antenna excitation at the other port have been observed using simulation and measurement, but that is not reported here for brevity. The only difference is the handedness of
circular polarization.
To summarize, Figure 5.39 shows the collected data from the measurements for the
frequencies of interest. Important to notice is that the low gain at 57 GHz is due to the
issue in the reflection coefficient (i.e. manufacturing tolerances of the substrate thickness). The measured SLL for the whole frequency range still complies with the design
requirement (SLL < −10 dB, see Table 2.5). However, at 63 GHz, SLL = −8.5 dB, which
is slightly worse than the design requirement.
With Type-B coupler
A similar investigation as in the previous section will be reported for the antenna with the
Type-B coupler (i.e. with the phase inverter). Figure 5.40 shows examples of simulated
and measured (RHCP) radiation patterns including the gain at 57 GHz and 61 GHz. The
simulation and measurement results show a good agreement. For other frequencies (e.g.
59 and 63 GHz) and measurement planes, the measured gain patterns are depicted in
Figure 5.41.
The measured cross-polarization gain is reported in Figure 5.42 for both planes.
Slightly less cross-polarization gain is observed in comparison to the wideband antenna
with the Type-A coupler. This should indicate that the axial ratio is expected to maintain
well below 3 dB, which will be confirmed later in this section. Next, Figure 5.43 depicts
the axial ratio of the antenna. Basically, from 57 GHz to 65 GHz, the axial ratio in the
endfire direction is ≦3 dB. Nonetheless, at lower frequencies, e.g. 57 GHz and 59 GHz,
the axial ratio is >3 dB for some elevation angles around the endfire direction at both
azimuthal orientations.
To summarize, Figure 5.44 is supplemented. The SLL for the whole frequency range of
interest still fits the criterion for the low interference pick-up from other WiGigTM devices
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(a)
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Figure 5.40: Measured and simulated (RHCP) radiation pattern (in the 0◦ -plane) of the wideband rod
antenna with the Type-B coupler: (a) at 57 GHz and (b) at 61 GHz.
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Figure 5.41: Measured radiation pattern of the wideband rod antenna with the Type-B coupler at 59 and
63 GHz: (a) in the 0◦ -plane and (b) in the 90◦ -plane.
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Figure 5.42: Measured cross-polarization (LHCP) gain of the wideband rod antenna with the Type-B
coupler: (a) in the 0◦ -plane and (b) in the 90◦ -plane.
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Figure 5.43: Measured axial ratio of the wideband rod antenna with the Type-B coupler.
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Figure 5.44: Summary of the measured antenna characteristics (0◦ -plane) of the wideband rod antenna
with the Type-B coupler. All the data are obtained from the measurement in the 0◦ -plane. The cross
(×) symbols show the post-simulated result.
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Figure 5.45: (a) Measured S-parameters of the wideband rod antenna with DEC. (b) Reconstruction of
isolation using the 3-D simulator taking into account manufacturing tolerance.

in the environment. As expected from the cross-polarization gain, the axial ratio is below
(or equal) 3 dB in the whole frequencies.
The total radiation efficiency ηtot is around 63 %, which is lower than the expected
value of 75 %. This simulated value is for the wideband antenna with the Type-B coupler.
A post-simulated result for the axial ratio is also plotted here, demonstrating the fact that
the agreement of the measurement is better with the post-simulated result than with the
originally-simulated result (see Figure 5.18(b)). However, the original simulation gives the
optimum performance of this wideband antenna. The post-simulation (and measurement)
uses the realized stackup thicknesses as shown in Table 5.3, whereas the original simulation
uses the design stackup thicknesses as shown in Table 5.2.
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Figure 5.46: (a) Measured S-parameters of the wideband rod antenna with HEC. (b) Reconstruction of
reflection coefficient and isolation using the 3-D simulator taking into account manufacturing tolerance.

5.6.2

Two-antenna excitation

5.6.2.1

S-parameters

Rod excitation with DEC
The measured S-parameters for the wideband rod antenna with DEC are depicted in
Figure 5.45(a). Unlike the single-antenna excitation, in the presence of manufacturing
tolerances, the Tx-Rx isolation is still well-maintained (see the comparison in Figure
5.45(b)). The discrepancies are still observable, yet 25-dB isolation is obtained for the
whole 60-GHz ISM band. The cause of this discrepancy in the measured isolation can
be, a.o., the coupling from the generated surface-wave mode due to the less optimized
structure in the presence of manufacturing tolerances.

Rod excitation with HEC
The measured S-parameters of the wideband rod antenna with HEC are reported in Figure
5.46(a). A satisfactory agreement between measurement and simulation is obtained. The
isolation better than 25 dB is measured over the whole frequency range. The measured
reflection coefficient agrees better with the post-simulated result than with the initiallysimulated case. Again, this is not the case for the isolation because using this two-antenna
excitation, manufacturing tolerances do not significantly impact the isolation.

5.6.2.2

Radiation pattern

The measured radiation pattern of the wideband antennas with DEC and HEC is presented in this section. It will be demonstrated that the radiation pattern of the antenna
system is not influenced by manufacturing tolerances of the planar element, but by the
accuracy of the rod assembly.
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Figure 5.47: Measured (LHCP) radiation pattern (in the 0◦ -plane) of the wideband rod antenna (excitation at port 1) with DEC: (a) at 61 GHz and (b) at 59 and 63 GHz.
20
59 GHz
63 GHz

15

Gain [dBi]

10
5
0
-5
-10

(a)

80 ◦

60 ◦

40 ◦

θ

20 ◦

0◦

0◦
-2

0◦
-4

0◦
-6

-8

-20

0◦

-15

(b)

Figure 5.48: Measured (RHCP) radiation pattern (in the 0◦ -plane) of the wideband rod antenna (excitation at port 2) with DEC: (a) at 61 GHz and (b) at 59 and 63 GHz.

Rod excitation with DEC
Figure 5.47 shows the (LHCP) radiation pattern for different frequencies when port 1 is
excited. This rod antenna with two-antenna excitation suffers from large SLL as is also
confirmed by the computer simulation. For high frequencies, the SLL growth becomes
evident. The beam squint is also observable, and a deviation of about 10◦ is measured
for all frequencies.
For the excitation at port 2 (i.e. Antenna 2), the (RHCP) radiation pattern is reported
in Figure 5.48. The SLL is slightly better for this excitation. This is because Antenna 1
is positioned off-center further (relative to the rod center) than Antenna 2. However, the
SLL of Antenna 2 is also becoming larger for higher frequencies, e.g. 63 GHz. For both
excitation ports, the resulting maximum gain is 12.4 dBi, which is less as compared to
the single-antenna excitation (i.e. up to 14.3 dBi). Important to note is that the beam
squint is not observable for Antenna 2. Hence, the position of the patch under the rod
determines not only the SLL but also the maximum direction of the beam.
The measured cross-polarization gain at 59 and 63 GHz is illustrated in Figure 5.49.
Generally, satisfactory results are obtained here, yet, not shown here, at low frequencies
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Figure 5.49: Measured cross-polarization gain (in the 0◦ -plane) of the wideband rod antenna with DEC:
(a) excitation at port 1 and (b) port 2.

Main beam

Figure 5.50: Measured axial ratio (in the 0◦ -plane) of the wideband rod antenna (excitation at port 2)
with DEC for different frequencies.

(e.g. 57 GHz), the cross-polarization is high. This result corresponds to the measured
axial ratio (explained in Figure 5.50) which is larger than 6 dB at 57 GHz. In Figure
5.49(b), at 59 GHz, the cross-polarization gain is 2.5 dBi at θ = 0◦ . This value is associated
with the axial ratio (AR) of 6 dB (see Figure 5.51(f)). The ARs at 57, 61, and 65 GHz
are plotted in Figure 5.50. The main beam is indicated there with vertical broken lines
(i.e. the beam’s HPBW of 30◦ as specified in Table 2.5).
To summarize, Figure 5.51 shows the measured gain, SLL, and AR for two different
antenna excitations. The gain is around 6 dBi and 7.5 dBi for excitation at port 1 and
port 2, respectively, at 57 GHz. This lower than expected gain is mainly due to the large
axial ratio (i.e. 7 dB), because the obtained gain includes the impact of the polarization
degradation. Although the antenna system has an excellent Tx-Rx isolation, the SLL is
degraded here, and the antenna may be more prone to intercept the interference from
other WiGigTM devices. This behavior is opposite to the behavior of the rod antenna
with single-antenna excitation. Here, the rod assembly also significantly influences the
antenna’s radiation characteristics.
In order to distinguish the influence of the manufacturing tolerance and that of the
rod-positioning tolerance, the post-simulated result is provided, particularly for the SLL
and AR, which are most likely influenced. Figure 5.51(b) shows that the rod position
also determines the SLL. However, this is not the case for the AR (Figures 5.51(c) and
(f)). Eventually, it is noted that comparing both measured and post-simulated AR with
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Figure 5.51: Summary of the mesaured antenna characteristics (0◦ -plane) of the wideband rod antenna
with DEC. Figures (a), (b), and (c) give the performance of Antenna 1 whereas figures (d), (e), and (f)
give the performance of Antenna 2. The cross (×) symbols show the post-simulated result (the stakcup
thickness as in Table 5.3).

the AR from Figure 5.26 leads to a conclusion that the AR is largely influenced by the
inaccurate stackup thickness (see Table 5.3).
Rod excitation with HEC
Figure 5.52 presents the (RHCP) gain pattern. Because of the symmetry of Antenna 1
and Antenna 2, only the result of Antenna 1 is reported here. The only difference is
the generated CP orientation. Similar to the case with DEC, the gain is lower for lower
frequencies.
Examples of the measured cross-polarization gain (at 59 and 63 GHz) and axial ratio
(at 61 GHz) are plotted in Figure 5.53. The large amount of cross-polarization component
is more obvious at low frequencies, e.g. in this case 59 GHz. The AR is around 6 dB at
61 GHz in the endfire direction, but it varies in the mainlobe. The agreement between
simulation and experiment is still fairly good. Basically, the simulation is though still
able to predict the radiation characteristics. The measured AR at other frequencies is
plotted in Figure 5.54. Apparently, the axial ratio at 57 GHz in the endfire direction is 7
dB. This results in a polarization loss of 2.5 dB.
The summary of the measured radiation characteristics for both Antenna 1 and Antenna 2 with HEC is reported in Figure 5.55. Generally, the higher the frequency the
better the gain and axial ratio in the endfire direction. Moreover, Antenna 1 and Antenna 2 exhibit almost a similar performance. However, Antenna 1 has a higher SLL
compared to Antenna 2. As can also be seen in Figure 5.52, the SLL is larger than what
is obtained from the simulation, at θ = 50◦ . This phenomenon is typically caused by

162

5.6. Measurement result

20
59 GHz
63 GHz

15

Gain [dBi]

10
5
0
-5
-10

(a)

80 ◦

60 ◦

40 ◦

θ

20 ◦

0◦

0◦

0◦

0◦

-2

-4

-6

-8

-20

0◦

-15

(b)

Figure 5.52: Measured (RHCP) radiation pattern (0◦ -plane) of the wideband rod antenna (excitation at
port 1) with HEC: (a) at 61 GHz and (b) at 59 and 63 GHz.
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Figure 5.53: (a) Measured cross-polarization (LHCP) gain at 59 and 63 GHz (in the 0◦ -plane) and (b)
example of the measured and simulated axial ratio at 61 GHz (in the 90◦ -plane). The wideband rod
antenna with HEC is used, and the excitation at port 1 is applied.

Main beam

Figure 5.54: Measured axial ratio (in the 0◦ -plane) of the wideband rod antenna (excitation at port 1)
with HEC for different frequencies.
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Figure 5.55: Summary of the measured antenna characteristics (0◦ -plane) of the wideband rod antenna
with HEC. Figures (a), (b), and (c) give the performance of Antenna 1 whereas figures (d), (e), and (f)
give the performance of Antenna 2.

the slightly off-center placement of the rod on top of the patches. Eventually, the low
radiation performance and the discrepancy from the simulation result at lower frequencies
are caused by the manufacturing tolerance, i.e. the inaccurate dielectric-layer thicknesses.
Around 63 GHz, the measured performance is better than the simulated one (see Figure
5.31). The overall performance of the DEC and HEC cases gives comparable measured
results.
To conclude, the wideband antennas using DEC and HEC demonstrate a large isolation
for the whole frequency range (57 - 66 GHz). This isolation is also maintained in the
presence of manufacturing tolerances. On the contrary, the isolation of the wideband
antenna with single-element excitation is then degraded. However, the wideband antenna
with single-element excitation has a better radiation performance (i.e. gain, SLL, and
AR) than the antenna with two-element excitation has.

5.7

60-GHz rod antenna-chip integration

In this section, the rod, patch antennas, and branch-line coupler with 60-GHz Integrated
Circuit (IC) are combined to realize a full-functional wireless-connector demonstration.
The 60-GHz structures (i.e. the IC, antenna, coupler, and balun) will be realized on a
module board, while the control, power regulator, reference oscillator, and other functionalities of the IC will be realized on a demonstration board.
The block diagrams of different configurations of antenna-system and chip integration
are shown in Figure 5.56. The layouts of four different configurations are designed and
will be explained in this section. Before the realization of these layouts, the co-design
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Figure 5.56: Block diagrams of different configurations of antenna-system and chip integration.

analysis needs to be performed with the aid of the 3-D EM full-wave simulator. The
co-design analysis of using the narrowband antenna (see Chapter 4) will be discussed in
this section.
The antenna and chip will be combined on the same LCP carrier. The stand-alone
antenna has already been designed and characterized in previous sections. The layout implementation (with an example of using the wideband antenna with the Type-A coupler)
is illustrated in Figure 5.57. In Figure 5.57(a), the layout is used for characterizing the
stand-alone antenna after the de-embedding technique is performed. In Figure 5.57(b),
the one-chip layout is shown. This is the layout for the case when the Tx and Rx operation
is performed in one chip. Its feasibility is highly dependent on the chip performance, a.o.
high Tx-Rx isolation. In Figure 5.57(c), the two-chip layout is depicted. Dedicated Tx
and Rx chips are utilized here. With this approach, the Tx-Rx isolation at the chip stage
can be assured, even though the same frequency channel is used for full-duplex communication. The isolation limitation is thus only at the antenna stage which is the focus of
this Dissertation. Apart from the Tx-Rx baseband (Inphase and Quadrature) IQ paths
and 60-GHz paths, some control lines for the chip and so forth can be seen in Figures
5.57(b) and (c). For the two-chip approach, dedicated control lines are applied. Thanks

5.7. 60-GHz rod antenna-chip integration

165

Table 5.6: Specifications of the 60-GHz RF chip [6].

Parameter
Frequency

Value
57 - 66 GHz

Number of
channels
Supply
voltages

4
1.1 V and 1.8 V

Parameter
Output
power
DC power Tx
(Rx) mode
Functionality

Value
0 - 15 dBm
380 (312) mW
Tx/Rx asynchronous or
simultaneous

to the multilayered PCB technology, routing of 37 pins per chip is made possible. The
basic RF chip functionality is specified in Table 5.6.

5.7.1

Module-chip transition: Flip-chip interconnection

5.7.1.1

Co-design analysis

A systematic design procedure has been performed. However, the 60-GHz design is notorious for its interconnection issue, e.g. in bondwire and flip-chip. flip-chip bonding [190]
is essentially similar to soft solder bonding, except the chip-die is flipped over in a way
that solder bumps bond the die to the carrier’s conductor. The impedance mismatch of
such interconnection is usually the culprit. To some extent, countermeasures can be taken
into account during the design.
In Figure 5.58, the initial design of the module board is shown. For the co-design
analysis, the narrowband antenna (see Chapter 4) will be used. The differential line
and flip-chip technology have to be investigated in more detail. The flip-chip has to
be included in the simulation environment to foresee its efficacy. The initial module
board with the narrowband antenna is sufficient to perform the characterization with
the 3-D full-wave simulation. Figure 5.58(a) shows the animation of the surface current.
In Figure 5.58(b), the zoom view of the interconnection is illustrated. With a proper
design, the microvia, solder bump, and the chip’s ground plane do not essentially limit
the transmission performance. The size of the solder bump has to be sufficiently small
(i.e. diameter of 60 µm), but not too small. Too small solder bumps may put the chip’s
ground plane closer to the differential line on the module board. As a result, the presence
of the chip’s ground plane can potentially generate an undesired parallel-plate mode.
The chip has differential output ports, which need to be connected with the differential
line. The differential line (Zo : 100 Ω; dimensions: see Chapter 4) gives some benefits over
the single-ended line. In the single-ended line, voltages generated by a signal on the shared
return path automatically show up in the other ports. Because of this phenomenon,
the single-ended line tends to be noisy (the common-mode noise). The signal line is
thus preferably realized as a differential line. The differential line still shares a common
return path, but the common-mode noise occurring in the return path is rejected by
the differential receiver. As described in Eq. (4.11), the common-mode rejection ratio
(CMRR) is a measure of the capability of a device or component to reject the common
mode signal.
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(a) Stand-alone 60-GHz antenna.

60-GHz Tx path

60-GHz Tx path

Rx chip

Tx-Rx
chip

Tx I input
Tx Q input

60-GHz Rx path

60-GHz Rx path

Tx chip

Rx I output
Rx Q output

(b) Wideband antenna with the circuit for onechip approach.

(c) Wideband antenna with the circuit for twochip approach (i.e. dedicated Tx and Rx).

Figure 5.57: Layout comparison for different implementations (i.e. antenna characterization, one-chip
approach, and two-chip approach). An example of using the wideband antenna with the Type-A coupler
is shown here. Similar layouts (not shown here for brevity) are also designed for the wideband antennas
with the Type-B coupler, DEC, and HEC.
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Differential line
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(a)

Figure 5.58: Initial design of the chip-antenna interconnection: (a) Amplitude of the surface current of
the bent LCP and flip-chip, and (b) zoom-in view at the flip-chip interconnection. Two reference lines are
introduced here for S-parameter analysis in Figure 5.59. [A] is the reference line for simulation without
flip-chip, whereas [B] is the reference line for simulation with flip-chip and solder bumps. (c) Amplitude
of the E-field in the (100) cutplane.

A balun with a good CMRR has been designed to convert the common-mode signal
to the differential signal or vice versa (see Figure 5.58(a) and also Section 4.4). This
balun is placed in between the said differential line and the feed to the antenna. At this
point, for this application, a bend will be applied to the laminate. The minor radiation
due to the bend of the board and discontinuities in flip-chip transition can be observed
in Figure 5.58(c). For a high-gain antenna, this spurious radiation is negligible from the
antenna point-of-view. However, such radiation may raise issues such as coupling to other
electronics and resonance inside a metallic housing. The former is a noise-related issue
while the latter may inadvertently produce the notch-filtering effect in the system.
Moreover, as can be seen in Figure 5.58(b), the 60-GHz signal couples to other traces.
This coupled signal will appear as high-frequency noise to, e.g., the bias line. To mitigate
this issue, decoupling capacitors and/or on-chip capacitances can be used. In this work,
the capacitors will be used. They will be assembled not in this module board but instead
in the demonstration board. This will be explained further in Section 5.8.1.
In Figure 5.59(a), a simulated isolation of 20 dB is still observed for about 1.5-GHz
bandwidth. The used structure for this simulation is shown in Figure 5.58(a). The
bandwidth slightly increases for this narrowband antenna because the effect from ohmic
losses shifts the scattering curve downward with a shift proportional to the frequency. The
simulated S-parameters of the interconnection (solder bump’s diameter: 60 µm; material:
SnAgCu (SAC)) between the chip and rod antenna on the LCP laminate are shown in
Figure 5.59(b). The insertion loss of the transition is around 1.4 dB, and the corresponding
reflection coefficient is below −10 dB in the frequency band of interest for both reference
lines: [A] and [B] (see Figure 5.58(b)). In addition to that, similar S-parameters are
obtained for solder bump’s diameter from 60 - 150 µm. Moreover, the off-center (worst-
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(a)

(b)

Figure 5.59: (a) S-parameters for the (narrowband) rod antenna on the bent laminate. The structure is
as in Figure 5.58(a)). Port assignment is as shown in that figure, specifically with the excitation point
at the reference line [B] in Figure 5.58(b). (b) S-parameter comparison for the interconnection structure
with the ingoing port (i.e. port 1) at either reference line [A] or [B] (see Figure 5.58(b)) whereas the
outgoing port (i.e. port 2) is at the outgoing port of the balun.

case) ball position on the pad still exhibits similar promising 60-GHz performance. This
simulated result is not reported here for brevity. Obviously, as expected, as soon as no
connection between the solder ball and the pad occurs, the reflection coefficient becomes
large.
Finally, using this initial module board (see Figure 5.58(a)), the demonstration board
(i.e. the rigid FR-4 board) needs to be bonded at the bottom of this module board. It is
impossible to bend the module board in this case. Since the bend in the module board
is needed for the wireless-connector application, the modified module board (as seen in
Figure 5.57(b) and Figure 5.57(c)) is preferred. In this case, the bend of the module board
is possible. The interconnection to the demonstration board is then performed using the
40-pin connector from the side end of the module board.
5.7.1.2

Realization

The realization of the module boards (in Figures 5.57(b) or (c)) will be discussed in this
section. The module board in Figure 5.58 will not be realized due to the aforementioned
problem. The realization of the module board for flip-chip is done using a multilayered
PCB (see the stackup in Figure 5.3). Figure 5.60 shows the exploded view of the module
board using, e.g., the wideband antenna with HEC.
In Figure 5.61, the manufactured module board with this wideband antenna is depicted. 37 carrier pads are created with the narrowest pitch distance of 300 µm. The
minimum spacing between copper traces is around 50 µm. Figure 5.61 shows the backside
of the board. A solder mask almost fully covers this bottom layer.
The through vias (with their larger dimensions than of microvia’s) can pierce through
the layers conveniently. It is strongly recommended that the diameter of the copper pad
around the hole is at least 0.3 mm larger than the drill size. The galvanic (electroplating)
process is employed to cover the via with copper. Hence, the smaller the via is, the more
likely it is that insufficient amount of copper in the galvanization occurs. In this case, a
0.276-mm drill size is utilized. Due to its large dimension, it is not suitable for routing
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DuPont Pyralux LF Adhesive
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ESPANEX CuClad LCP
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ESPANEX CuClad LCP

Bottom layer

Figure 5.60: Exploded view of the module board (for the case of the wideband patch antennas with
HEC). The dielectric rod is not shown here for brevity.
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300 µm

300 µm

300 µm

Figure 5.61: Designed module board (with wideband antennas) for flip-chip. Bottom-view picture of the
module is shown on the right side.

around the die area. The use here is for connecting the ground of this flex board with the
ground lines from the demonstration (rigid) board. Typical data about the used vias per
board is summarized in Table 5.7.
The 60-GHz chip has been pre-processed, namely solder bumps are placed on the
chip’s pads. A figurative view can be seen in Figure 5.62(a). Some fiducial marks and
recognition pads are also prepared for assembly convenience (see Figure 5.62(b)). The
former is to align the lateral positions of the chip while the latter is to give an idea
about the chip orientation. The fiducial mark is placed 2.5-mm away from the closest
flip-chip pad. The intermediate ground plane is placed in the first internal layer for each
respective chip area in the module board (see mid1 layer in Figure 5.65). This can give
several benefits. First, this ground plane can isolate the baseband-signal path crossing
below the chip from the chip itself. Secondly, this ground plane acts as an intermediate
plane because the aspect ratio of the microvia does not allow piercing through all stackup
layers from the top to the bottom ground plane. Thirdly, this ground plane is expected to
effectively transfer the heat caused by the chip, i.e. from the generous number of ground
solder bumps.
Performing the flip-chip assembly demands an intricate preparation detail. In Figure
5.63, some issues encountered during the chip preparation are displayed. Chipped sides
in the chip may occur when dicing (in this case mechanical sawing) is not done properly.
Non-conventional technique for dicing such as laser and stealth laser cutting may alleviate
this problem. The chipped sides may lead to a potential issue during the pick-and-place
assembly process. A similar issue may also occur when the chip thickness is not as is
beforehand registered (i.e. also due to the dicing issue). Voids inside the solder bump are
also encountered here. This condition may raise a potential issue such as a lower than
expected solder volume to fulfill a target stand-off (in this case, 70 µm) of the flip-chip.
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Table 5.7: List of used vias per board and dimensions thereof.

Function

Via type

Transition:
TopLayer BottomLayer
Transition:
TopLayer Mid1

Ground
via

/ of
O
plated hole
[mm]
0.2

(Blind)
Copperfilled
microvia
(Blind)
Microvia

Transition:
TopLayer Mid3
Transition:
(Buried)
Mid1 Microvia
Mid3
(Blind)
Transition:
Microvia
Mid3 BottomLayer
Mechanical Positioning
fixture
via

30

300
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Figure 5.62: (a) 60-GHz chip with the solder bumps in place. (b) Layout for chip assembly.
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(a)

(b)

Figure 5.63: (a) One of the challenge in dicing the chip is to avoid chipped sides of the chip. (b) Voids
are found inside some of the solder bumps.

Figure 5.64: Assembly process: flip-chip.

Since such voids may occur at any solder bump, for the worst case, its presence may result
in no contact for that particular pad.
The assembly process is detailed in Figure 5.64. The solder reflow is the process which
involves a high temperature. Implementation of this process for the LCP layer may give a
potential issue such as laminate bend. At one hand, LCP and copper almost have similar
CTE. However, the adhesive has a different CTE (see Section 4.5). This bend is clearly
observed in the final prototype. Balancing copper planes need to be incorporated without
compromising the antenna performance, especially the RCS. Frequency Selective Surfaces
(FSS) technique [191] might be a potential candidate to realize the balancing copper, and
the wideband FSS is indeed required for this wideband application. The design of this
FSS is not included in this Dissertation but is briefly mentioned in Chapter 8.
The target stand-off of the flip-chip is 70 µm which is achievable as is shown in Figure
5.65. The top soldermask provides the connection pattern for each solder bump. The
underfill is used for the mechanical stability of the flip-chip. Important to note is that
the underfill should not limit performance of the 60-GHz signal. This underfill is mainly
a mixture of the SiO2 (55 - 65 %) (εr : 3.79; tan δ: 0.00014 at 60 GHz) and some other
hardener and additives. This mixture ensures a minimal reflection of the signal to the
LCP laminate (3.16; 0.002 at 60 GHz).
The cross-section view of the multilayered PCB including the flip-chip and solder bump
is shown in Figure 5.65. As described earlier in Section 5.2.3, manufacturing tolerances
on the substrate thickness are present. This issue also occurs for the copper thicknesses,
even though, unlike the dielectric thickness, it does not severely influence the antenna
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Flip-chip

Figure 5.65: Cross-section view of the manufactured multilayered PCB using LCP and flip-chip realization.

performance. Also, the trapezoidal cross section of the copper due to the etching can
be observed as well. This phenomenon will not impact the antenna performance. The
transmission-line impedance change will not be more than 1 Ω.
Figure 5.66 illustrates a few examples of a good solder bump and failed solder bumps.
A crack occurring during this assembly may result from a long dwell (soldering) time at the
peak temperature. Because of this, the Under Bump Metallization (UBM) dissolved (see
Figure 5.66(b)), so the interface between the solder bump and chip pad becomes brittle
and crack easily. In addition to that, less-careful handling may also be a typical cause
of this crack. Well-controlled handling is required to avoid dynamic bending, especially
for this thin laminate and stiff die. Moreover, different underfill materials can also be
investigated, i.e. material with more flexibility after curing is preferable. These possible
causes need to be further investigated in order to avoid the crack during the assembly.

5.8
5.8.1

Interconnection of module board and demonstration board
Design of demonstration board

Decoupling or bypass capacitors generously populate the demonstration board (i.e. the
rigid FR-4 board) in order to keep the output voltage (at the load) constant. Highfrequency noise caused by other circuit elements is shunted through these capacitors.
Ideally, decoupling capacitors should be placed as close as possible to the chip. This
requirement is to reduce the effect of parasitic inductance. As is described in Eq. (3.13),
the reactance of an inductance proportionally increases with frequency. On account of this,
electrically-farther decoupling capacitor may only be effective to bypass lower-frequency
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Flip-chip

Flip-chip

Crack

~70 µm

LCP carrier

LCP carrier

(a)

(b)

Flip-chip

(c)
Figure 5.66: Cross-section view of several solder bumps: (a) Good bump. (b) Bump with crack. (c)
Several cracked bumps.

PCB
Package
power line power plane
Load
VRM

Ceramic
On-chip
capacitors
capacitance
Bulk capacitor
Package
capacitance

Figure 5.67: Circuit model for power integrity analysis.

noise.
Placing SMD components on the module board (namely the flex LCP coupon) is not
feasible in terms of cost and space. Realizing the interdigitated capacitor is not practicable
by means of the PCB technology. Nonetheless, the chip may have the on-chip and package
capacitance as illustrated in Figure 5.67. The said parasitic inductances are modeled as
inductor both series and shunt. The ceramic capacitors are realized in parallel to reduce
the parasitic inductance effect. The Voltage Regulator Module (VRM) adjusts the current
amplitude to keep the output voltage constant but only up to a fraction of MHz. In Figure
5.67, the (lump or distributed) components placed closer to the load are more responsible
for the reduction of the impedance at higher frequencies.
In Figure 5.68, the interconnected demo and module boards are depicted. The interconnection uses the ZIF connector with 40 pins. ZIF does stand for Zero Insertion
Force. Though its practicality, this connector may have the issue such as a non-uniform
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connection performance. As can be observed, except the bulk capacitors, the ceramic
capacitors are placed (in the middle part of the demo board’s y-axis) closer towards the
chip. For supporting, the high-speed data, e.g. 1 - 2 Gbps, the GCPW lines are used
and implemented on the FR-4 board. In Figure 5.68(b), [A] and [B] are the baluns (TC11-13M) (50 Ω - 100 Ω) which can support the signals with frequencies up to around 4
GHz. This characteristic ensures pristine transmission of the seventh harmonic of a signal
(e.g. 1 Gbps). Up to the fifth harmonic, the harmonic is considered significant [192]. In
fact from the analysis, this module-demonstration-board setup is actually limited by this
balun. Unlike the 60-GHz balun, considering the balun’s form factor at around 1 GHz,
the structure implementation by means of coils is required.
Basically the identification of the path from the source to the load is quite straightforward, because usually it is realized in conductor traces or slot traces. However, the return
(ground) path of the current back to the source is not simple and could be different for
different frequencies. In order to determine the complete current loop especially at high
frequencies, the return path has to be well-defined and free from unnecessary discontinuities, in order to avoid parasitic inductance. This inductance which is categorized as an
unintended inductance is not easy to determine, unlike the inductance of the loop as in
Chapter 3. [C] is the area where the high-frequency signal exists, where such undesired
inductance should be avoided at all cost. For instance, no crossing should be made in the
return plane of the corresponding signal line in this area. This is to prevent the growing
loop inductance due to this hampered return current streams. This requirement has been
implemented for inphase (I) and quadrature (Q) lines (up to 1.1 GHz). Nonetheless, the
loop-filter, 3WB-control (100 MHz), and source-oscillator (48 MHz) lines do not necessarily need this. In other words, longer return-current path is still acceptable due to their
relative low-frequency functionality. Many through vias are applied in area [C] to inhibit
the occurrence of the parallel-plate mode.
The DC biases (e.g. 0.9 V, 1.1 V, and 1.8 V) are applied here as suggested by the chip
manufacturer. [D] and [E] show some proper practice to create the star junction as close
as possible to the voltage source or VRM. At [F], 5-V DC is provided by the external
power supply. The schematics of of the demonstration board for both WiGigTM and ASK
(or OOK) implementation are provided in Appendix D.

5.8.2

I and Q line performance in module board

The performance of baseband I and Q lines will be briefly discussed. Particularly to have
a common module board for both WiGigTM and ASK implementation, the differential line
in this (flex) module board has to support the differential signal while it can act as singleended line. In other words, when a line (not a pair) is excited by the baseband signal,
the transmission and reflection coefficients should be maintained as its pair supports the
differential signal. For convenience, Figure 5.69 is again shown with some details about
the port designation. Also in this design, from six available copper layers, only the last
internal layer (i.e. fifth layer from total: six layers) is not applied with the copper.
Generous ground paths are created close to the signal paths of the 60-GHz lines. This is
necessary to avoid the undetected issue with the usually-longer ground path from/to the
carrier to/from the chip’s ground plane than the signal path on the carrier from/to the
chip’s signal line. With this technique, parasitic inductance from the ground micro- and
through-vias is also reduced.
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(a) WiGigTM demonstration board (with the module board).

A

B

C

D
E
F

(b) WiGigTM demonstration board.

(c) ASK demonstration board (with the module board).

Figure 5.68: Interconnecting the 60-GHz module board and the demonstration board. In figures (a) and
(b), the demonstration board for the 60-GHz WiGigTM application is shown whereas in figure (c), the
board for the wireless-connector (i.e. label: ASK board) application is shown.
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port 1
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Figure 5.69: Port designation for the S-parameter analysis: (a) Differential line is fed by the differential
signal, and (b) each line (of the pair) is fed by the single-ended signal.

5.8.2.1

Signal integrity and eye diagram

Depending on the application, the input baseband signal to the chip die can be either
in the digital or analog RF waveform. Digital waveforms (e.g. square wave) have a
spectral content consisting of integer multiples or harmonics of the basic repetition rate
(i.e. require more bandwidth than the analog signal). The signal integrity has to be
maintained in a way that the interconnects do not jeopardize the pristine signals from
the source. In this work, the analog RF waveform as the input/output to the die will
be considered. Nevertheless, the performance investigation of this LCP module board to
support digital waveforms will also be included, because, for the final product, the RF
and baseband chips will populate the same carrier substrate.
First, the characterization of the (baseband) I and Q microstrip lines, when the differential signal is applied, is plotted in Figure 5.70. Figure 5.70(a) shows the S-parameters
of the Tx path (I: port 1-2 and Q: port 3-4) while Figure 5.70(b) shows the S-parameters
for the Rx path (I: port 5-6 and Q: port 7-8). As can be seen, the differential microstrip
lines can support differential signals from DC up to beyond 30 GHz. This shows that
the module board can support both the RF signal and digital signal. However, a small
imperfection occurs around 15 GHz for the path from port 3 to port 4, which is caused
by the self resonance of the microstrip line due to the crossed return path. The crossing
is required to route some functionality lines. As is done here, the best mitigation is by
putting the crossing as close as possible to the sink. However, this microstrip line is still
very acceptable for high-data-rate analog and digital applications.
The LCP is also known as a low-loss dielectric material for frequencies other than 60
GHz. The low insertion losses (i.e. S21 , S43 , S65 , and S87 ) are shown in Figure 5.70. The
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S11,S33

S21,S43

S31,S41,S23

a.o. S61,S51

(a) Excitation applied in the Tx path.

S55,S77

S65,S87

S75,S85,S67
a.o. S25,S15

(b) Excitation applied in the Rx path.
Figure 5.70: Simulated S-parameters of the baseband microstrip lines of the module board as described
in Figure 5.69(a), when the differential signal is applied.

zoom view of the transmission coefficient can be seen in Figure 5.71. In Figure 5.70, the
coupling between I and Q lines for both the Tx and Rx path is around −50 dB up to
4 GHz and grows to −30 dB at 30 GHz. This coupling can be observed in curves: S31 ,
S41 , S23 , S75 , S85 , and S67 . Finally, the coupling between all Tx and Rx baseband lines is
below −50 dB.
It is also of great significance to investigate the phase of the received signal. This is
to ensure that the signals arrive at the same time (i.e. no dispersion) at the receiving
point. Figure 5.71 also shows this phase of the corresponding received signals from each
microstrip line. Apparently beyond 15 GHz, the Q path from port 3 to port 4 is slightly
longer than the I path, because of the longer return path.
To test the digital waveforms on this module board, a bit sequence (with a normalized
scalar amplitude) is used to drive the pre-calculated S-parameters (see Figure 5.70) of the
transmission line. In this case, path from port 1 to port 2 is being tested. The output
signal corresponding to this input is generated, and then a wrapping of the transmitted
signal is performed in order to see the opening of the eye. The simulated result is summarized in Figure 5.72. As can be seen, the eye width is 0.53 ns. The eye amplitude is
0.99 which also corresponds to the eye height. The eye crossing amplitude is 0.5 (for both
crossings). This good performance is obvious because the differential microstrip line can
support RF signals up to beyond 30 GHz. This line can support the gigabit baseband
data rate though some ground crossings and some (controlled) impedance mismatches
exist.
Next, the characterization of the (baseband) microstrip lines, when the single-ended
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Transmission [dB]

S87
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S65

S21
S43

S65,S87
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S21,S43

Figure 5.71: Magnitude and phase of the transmission coefficient of the module board as described in
Figure 5.69(a), when the differential signal is applied.

Excitation
Response

(a) Excitation for Tx path.

(b) Excitation for Rx path.
Figure 5.72: (a) Time signals, and (b) corresponding eye diagram with trise = tf all = 0.1818 ns. This
value corresponds to a rise and fall frequency of 5.5 GHz. Note that 0 - 100 % rise/fall time is used.
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S11,S33,S31,S13

S21,S43

S41,S23

Figure 5.73: Simulated S-parameters of the baseband microstrip lines of the module board as described
in Figure 5.69(b), when the single-ended signal is applied. The reflection coefficients are plotted with
dark-gray color while the FEXT is plotted with light-gray color.

signal input is applied to a line (which constructs the differential line pair) as described
in Figure 5.69(b), will be discussed. The simulated S-parameters are plotted in Figure
5.73. It should be noted that the y-axis scale is now different than the one used in Figures
5.70 and 5.71. Obviously, the insertion loss for the single-ended signal is growing at a
faster rate with the frequency increase as compared to the insertion loss for the differential
signal. S41 and S23 indicate the FEXT of this single-ended signal implementation. From
the reflection coefficients (i.e. S11 and S33 ), it can be deduced that the microstrip line can
only support the RF signal component up to 13 GHz. However, this fact is still acceptable
for the wireless-connector application (see the requirement for the data rate in Table 2.5).
Here, S31 and S31 indicate the NEXT. The corresponding phase is not shown here for
brevity, yet a good result for it has been obtained.
The use of the same microstrip line for both single-ended and differential input signals
is made possible by the design optimization. At the top layer, the line width per line is
250 µm with 78-µm line-to-line gap. These dimensions have to be adjusted to minimize
the impedance discontinuity.
Finally, Figure 5.74 shows the perspective view of a rod antenna on the LCP laminate
connected to two 60-GHz RF chips. For reference, the height of the rod is 2 cm. The side
view of the chip is also depicted. The underfill has been applied and, to a slight extent,
spreads on the substrate carrier. As can also be seen, the laminate slightly bends due to
the assembly process. Some populated modules are identified by the respective alphabet;
this is useful for the characterization of each module.

5.9

Concluding remarks

The summary of the antenna performance altogether with the design requirement is given
in Tables 5.8, 5.9, 5.10, and 5.11. In addition to the measured result, the simulated
result for important antenna parameters is also provided for comparison. Therefore, the
best achievable antenna performance using the applied technique and methodology can
be fairly compared, i.e. when there is no manufacturing tolerance. All the antennas can
support the required data rate and can fit the allocated space inside the wireless-connector
housing tube.
The wideband rod antennas with one-antenna excitation technique are seen to have a
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-e-a-

-b-
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(a)

-f-

-c-

HEC
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Type-A

-d-

Type-B

(b)

Figure 5.74: (a) Rod antenna on the populated LCP board. (b) Populated module boards with two
60-GHz RF chips. ID code of each board is given, e.g. -a-, -b-, and so forth.

superior radiation performance. The results can meet the design requirements. Nonetheless, the isolation of the manufactured antennas is poor due to manufacturing tolerance.
The wideband antennas with two-antenna rod excitation can demonstrate a wide 20dB isolation bandwidth albeit manufacturing tolerances. However, the SLL is poor here.
The measured antenna gain is satisfactory. Since the antenna system for the wirelessconnector application is more limited by the self interference than the external interference, the use of wideband rod antennas with two-antenna excitation is recommended.

182

5.9. Concluding remarks

Table 5.8: Essential design requirements and obtained antenna characteristics for the gigabit wirelessconnector system using the wideband antenna with Type-A coupler. The simulation and measurement
results (at 61 GHz) are also provided for comparison.

Parameter
−10-dB impedance
bandwidth
20-dB isolation
bandwidth
Antenna gain
SLL
Polarization
Data rate
Dimensions

Required value
9 GHz (whole ISM
band)
9 GHz

Obtained value
53 - 64 GHz (meas.)

>10 dBi
<−10 dB
Circular polarization
with AR < 3 dB
>1 Gbps
Small (Lateral
dimensions <12 mm;
axial height ≤20 mm)

14.4 dBi (meas.)
−12 dB (meas.)
AR = 3.5 dB (meas.); 2
dB (sim.)
Yes
Yes

57 - 64 GHz (sim.)

Table 5.9: Essential design requirements and obtained antenna characteristics using the wideband antenna with Type-B coupler. The simulation and measurement results (at 61 GHz) are also provided for
comparison.

Parameter
−10-dB impedance
bandwidth
20-dB isolation
bandwidth
Antenna gain
SLL
Polarization

Required value
9 GHz

Obtained value
56.5 - 63 GHz (meas.)

9 GHz

59 - 64 GHz (sim.)

>10 dBi
<−10 dB
AR < 3 dB

14.3 dBi (meas.)
−14 dB (meas.)
AR = 2.5 dB (meas.);
0.5 dB (sim.)

Table 5.10: Essential design requirements and obtained antenna characteristics using wideband antennas
with DEC. The simulation and measurement results (at 61 GHz) are also provided for comparison.

Parameter
−10-dB impedance
bandwidth
20-dB isolation
bandwidth
Antenna gain
SLL
Polarization

Required value
9 GHz

Obtained value
57 - 63 GHz (meas.)

9 GHz

50 - >67 GHz (meas.)

>10 dBi
<−10 dB
AR < 3 dB

8.8 & 12 dBi (meas.)
−5 & −9 dB (meas.)
AR = 4.5 & 3.5 dB
(meas.); 3 & 1.5 dB
(sim.)
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Table 5.11: Essential design requirements and obtained antenna characteristics using wideband antennas
with HEC. The simulation and measurement results (at 61 GHz) are also provided for comparison.

Parameter
−10-dB impedance
bandwidth
20-dB isolation
bandwidth
Antenna gain
SLL
Polarization

Required value
9 GHz

Obtained value
57 - 63.5 GHz (meas.)

9 GHz

from <50 up to >67
GHz (meas.)
11.5 & 11 dBi (meas.)
−3.7 & −8.8 dB (meas.)
AR = 6 & 4 dB (meas.);
3.5 & 1.5 dB (sim.)

>10 dBi
<−10 dB
AR < 3 dB
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Chapter 6
Wireless-Connector Antennas for
Various Propagation Media
In Chapters 4 and 5, rod antennas that have a directive radiation pattern and support
circular polarization have been designed, realized, and validated through measurements.
In this chapter, those wireless-connector antennas will be paired to investigate their endto-end performance in terms of transmission and isolation. A pair of identical narrowband
antennas is first investigated through experiments in Section 6.1. Several issues will be
identified, and subsequently solution will be proposed. These solutions were already taken
into account in the design of wideband antennas in Chapter 5. The experimental validation
of these wideband antennas is given in Section 6.2. The summary of the experiments is
given in Section 6.3.
In Section 6.4, the end-to-end wireless-connector performance is investigated for various propagation media in between the connectors. A slab of dielectric material will be
added as propagation medium. Several media are investigated such as plastic, concrete,
oil, and water. A matching layer is proposed to reduce the reflection coefficient and
to improve the transmission coefficient. The analytical model of the matching layer is
first described in Section 6.5, in order to define the material type and dimensions of that
matching layer. It will be shown in Section 6.6 that, by incorporating this matching layer,
the transmission and reflection of the 60-GHz wave in the presence the aforementioned
propagation media is improved. Finally, the summary of the simulated experiments is
given in Section 6.7.

6.1

Wireless connector using dielectric rod antenna

The implementation of the 60-GHz antenna for wireless-connector applications will be
investigated, tested, and demonstrated. First, the setup for both simulation and measurement will be described. A fixture for the connectors is designed to be able to do well
defined end-to-end measurements as shown in Figure 6.1(a). The fixture allows the measurement under various conditions, i.e. range (in Figure 6.1(b)), misalignment, rotation,
and yaw (or tilt). The last three use cases will be discussed further in Section 6.2. It can
be seen that two rod antennas are paired. An example of the use of a narrowband patch
antenna is also shown.
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Cable to
VNA
Slider 1, to adjust the
rod-to-rod distance
Port 1

Port 4 Port 3

Port 2
Rotator
Rod pair
Slider 2, e.g. 2-mm rod misalignment

Test
fixture

(a)

(b)
Figure 6.1: Application of the rod antenna for gigabit short-range wireless communication. (a) Test
fixture, (b) setup for the range (or distance) implementation. dtip is the tip-to-tip distance. For consistent
naming, port 1 and port 2 are assumed in the local antenna/node while port 3 and port 4 are assumed
in the remote node in this Dissertation. An example using the narrowband patch antenna is illustrated
in figure (b).
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S11

S41

S21

S31

(a) Measurement, 0-mm distance.
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(b) Simulation, 50-mm distance.

Figure 6.2: Measured and simulated S-parameters of the narrowband rod antenna pair.

6.1.1

Experimental demonstration using narrowband antenna

The narrowband rod antenna pair (as in Figure 6.1) will be tested for the wirelessconnector application. An identical antenna for both (local and remote) nodes is used.
The rod structure can be looked at in Figure 4.1, and the antenna performance can be
found in Section 4.7 in Chapter 4.
The resulting S-parameters are measured and reported in Figure 6.2. The transmission
coefficient S31 for frequencies between 58 GHz and 62 GHz is approximately −8 dB. Due to
the use of both RHCP and LHCP, a low far-end crosstalk (FEXT or S41 ) is also observed
which is less than −20 dB. Important to note is that the near-end crosstalk (NEXT or
S21 ) is bad for the measurement with dtip = 0 mm. This high NEXT (or low isolation) is
caused by the wave reflection coming from the relatively large ground plane of the remote
antenna. The polarization orientation of reflected waves is altered, e.g. RHCP into LHCP,
because the propagation direction changes. These reflected waves are then captured by
the local antenna and couple into the isolated port because of this polarization alteration.
Hence, S21 increases. The impact of this structural reflection is getting less severe with
increasing distance between the antennas.
From this test, it is observable that because two identical antennas are used, the
transmission from the local antenna will always be captured by the remote antenna’s port
which corresponds to the same polarization orientation. For example, S31 is the valid
transmission coefficient, not S41 . Because of this, the placement of the Tx chip and Rx
chip will be different for local and remote antenna. As mentioned in Chapter 5, to have
an identical chip placement, a phase inversion should be done in the antenna system.
The group delay describes the phase linearity of the end-to-end antenna system and
will be briefly discussed. A constant group delay per used channel is preferred. In [193],
the group delay is considered constant if it has a variance less than 20 ps over the channel
of interest. This group-delay deviation is, however, more relaxed if a simple modulation
scheme such as ASK or OOK is being considered. Usually such stringent requirement is
needed for the phased array application and high-order modulation such as 64 QAM in
order to deliver a low-distorted signal.
In Figure 6.3, the simulated group delay of the paired antennas is shown. The fre-
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Group delay [ns]
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Figure 6.3: Group delay (57 GHz - 66 GHz) for dtip = 5 cm. S31 is the transmission coefficient to the
desired (remote) port, and S41 is the transmission coefficient to the isolated (remote) port.

meas.

dtip = 0 cm

sim.
1 cm

5 cm

Figure 6.4: Measured transmission coefficients for different distances dtip .
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Figure 6.5: Transmission-coefficient comparison based on the dielectric rod antenna. The illustration can
be used to verify the farfield distance of this rod antenna.

quency channel is approximately allocated as follows (see also Figure 1.3): (Channel 1)
57.5 - 59.5 GHz, (Channel 2) 59.5 - 61.5 GHz, (Channel 3) 61.5 - 63.5 GHz, and (Channel
4) 63.5 - 65.5 GHz [5]. The group-delay deviation is thus around 20 ps, 15 ps, 25 ps, and
50 ps, respectively for Channel 1 to 4. The group-delay deviation for the transmission
to the desired remote port S31 is better than the transmission for the undesired remote
port S41 . The transmission coefficient of the connector system for different distances is
summarized in Figure 6.4. The simulated result is in a good agreement with the measured
one.
To give an illustrative explanation about the farfield distance of the rod antenna where
the structure mainly consists of the 20-mm high dielectric material, Figure 6.5(a) is shown.
The measurements and simulations using CSTr MWS are performed to investigate the
port-to-port transmission coefficient of the antenna pair. Note that here the distance is
measured from the base of the rod. Hence, the length of two dielectric rods, which is in
total = 4 cm, is included. The simulation is performed for the distance up to 9 cm. At 9cm distance, the measured and simulated transmission coefficient is −17.5 dB. For larger
distances, the simulation environment will be too large. The simulated and measured results show a good agreement. This accordance means that the measurement environment
can mimic the ideal absorbing boundary condition (i.e. Perfectly Matched Layer (PML)
with the estimated reflection coefficient of 10−4 ) in the simulation environment.
Now, the Friis equation (see Eq. (2.28)) with the measured gain of the 20-mm-high
rod antenna, i.e. 14 dBi, is used to calculate the transmission coefficient. As can be
expected, based on the equation, the transmission coefficient is pessimistic compared to
the simulation and measurement. This can be explained by the fact that the rod pair acts
as a waveguide for small distances. Thus, more power is confined and, finally, transferred
to the receiving rod. For distance between 4 and 4.5 cm, the measured transmission
coefficient is about 5.5 to 5 dB better than the transmission coefficient obtained from
Friis equation (see Eq. (2.28)). This nearfield path gain (for electric antennas) P GEl has
to be considered as well.
At a distance R = 16 cm and onwards, the transmission coefficients calculated using
Eq. (2.28) and measured ones start to coincide. The distance, which is measured from
the base of the rod, defines the farfield distance of this rod antenna. By using Eq. (2.16),
a 20-mm high rod antenna has a farfield distance Rf f of 16 cm which is verified by
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this comparison. Figure 6.5 illustrates that, for most scenarios of the wireless-connector
application, the distance of the antenna pair will not be in its farfield region. Therefore,
the apparent gain of the antenna will be higher than what is simulated and measured.

6.1.2

Reflection from far-end ground plane

To investigate the cause of the reflected or scattered wave from the remote antenna structure, the time signal will be studied in this section. The same setup and antenna as in
the previous section will be used. dtip is first set to be 0 cm.
The input wave is applied at port 1 of the antenna pair. This wave has been traveling
through the dielectric rods and reflected back with inverse polarization orientation. The
time signal is figuratively provided in Figure 6.6(a). It is observed that, at 0.45 ns, the
first reflected wave component is recorded at port 2. As expected, S21 is now influenced
by this delayed wave component. When the time signal is time-gated, e.g. at 0.3 ns, and
post-processing, i.e. Fast Fourier Transform (FFT), is performed, S21 as in the standalone antenna characterization is obtained. In Figure 6.6(b), an attempt to reduce this
structural reflection (without using the time-gating technique) is described. By reducing
the ground-plane size and bending the antenna structure, the impact of the structural
multiple reflections can be minimized, and the original S21 can be obtained. Bending the
antenna will reduce the lateral dimension of this antenna seen by the incoming wave. The
bend is made possible by incorporating the flexible laminate. In fact, this bending also
allows the antenna to fit inside the 12-mm diameter housing of the wireless connector.
The delay spread in a multipath environment (or channel) depends on the difference
between the weighted magnitudes of the first arriving wave and the weighted magnitude of
the last arriving wave. In this end-to-end antenna experiment, the coherence bandwidth
of this reflecting environment is determined by the arrival-time difference of the waves.
The notch width in Figure 6.6(b) is determined by the quality factor of this reflecting
environment, and the relative depth of the notch is influenced by the difference in path
gain (or loss). For example, when the size of the reflecting environment is large, the
relative depth of the notch is small. In Figure 6.6(b), it is shown that, for a (larger)
distance dtip = 1 cm, the effect of the multiple reflections becomes less as compared to
dtip = 0 cm.
Although it is not shown here for brevity (see in author’s work in [194]), the transmitted wave is recorded at the Rx port after 0.29 ns. Further, another component of the
transmitted wave is recorded at the same port after 0.6 ns. Therefore, approximately
0.15 ns is the traveling time from one node to another node. In Figure 6.7, the optimized
wireless-connector antenna pair incorporating the small ground plane and bent laminate
is shown.

6.1.3

Radar Cross Section (RCS)

The Radar Cross Section (RCS) study of the antenna will be presented here. The RCS is
a measure of a target’s ability to reflect an incident wave in the direction of the sender’s
receiver [195]. Therefore, a reduced RCS of the wireless-connector antenna will reduce the
effect of multiple reflections. The monostatic RCS will be utilized in this study because
the sender is co-located with the receiver. This condition fits the practical implementation
of the wireless connector.
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Recorded signal at the isolated port
(input signal is not plotted)
1st reflected wave
component

2nd reflected wave
component

IFFT

Stand-alone
antenna

FFT

Paired antennas
dtip = 0 cm

Time-gated

sim.
meas.

(a)
dtip = 0 cm

dtip = 1 cm

notch width

Large GP
and not bent

rel. depth

Structure optimization
dtip = 0 cm

dtip = 1 cm

Small GP
and bent

(b)

Figure 6.6: (a) Time gating to remove the effect of multiple reflections in the paired rod antennas, (b)
Optimization of the antenna structure (i.e. small ground plane (GP) (3.4 × 5.2 mm2 ) and bent carrier)
to reduce the effect of multiple reflections. The dimensions of the manufactured antenna’s GP (large GP)
are 32 × 35 mm2 . The influence from the structure of the measurement fixture is minimized by placing
the absorber.
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6.1. Wireless connector using dielectric rod antenna
Rx2 (port 4)
Tx2 (port 3)

Tx1 (port 1)
Rx1 (port 2)

Figure 6.7: Optimized wireless-connector antenna pair to minimize the multiple reflections. An implementation example using the narrowband rod antenna is shown. A small GP and bent carrier are
incorporated. Port 2 and port 4 denote the local Rx and remote Rx, respectively. Txn or Rxn indicate
transmitter or receiver of node n, respectively.
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Figure 6.8: Simulated absolute monostatic-scattering RCS at 61 GHz in the 0◦ -plane for the narrowband
rod antenna (see Figure 4.6). For obtaining this RCS, the dimensions of the large GP are assumed to be
7 × 8 mm2 for the simulation purpose. The dimensions of the small GP are 3.4 × 5.2 mm2 .

As described in Section 6.1.2, reducing the ground-plane size and bending the antenna
structure can reduce the antenna structure’s RCS. The structural-mode RCS and antennamode RCS are taken into account in this investigation, while the Antenna Under Test
(AUT) itself is terminated with the 50-Ω load. The structural-mode RCS is concerned
with the effect of the reflection from the structure. The antenna-mode RCS is related to
the effect of the reflection from the antenna, transmission line, and input-port matching.
The RCS comparison of the antenna with different dimensions of the ground plane
(GP) is shown in Figure 6.8. The CSTr MWS studio (i.e. integral-equation solver) is
used to numerically analyze the structure, in order to obtain this RCS. A plane-wave
(circular polarization) excitation is applied at a distance of 5 mm above the AUT. dBsm
(dB(m2 )) is the decibel relative to one square meter. For a large GP, an RCS of −30
dBsm is recorded at θ = 0◦ . By reducing the GP size, it can be seen that the RCS is 3
dB lower at θ = 0◦ . For −20◦ < θ < 20◦ , this RCS is considered important. Only those
angles are in fact relevant for the implementation of the wireless connector.
With this knowledge, the reduction of the GP size is also implemented in the wideband
antenna design. The required RCS should be <−30 dBsm (see Table 2.5). The simulated
RCS for the wideband antenna with the Type-A coupler (as in Figure 5.14) is shown in
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Figure 6.9: Monostatic-scattering RCS in the 0◦ -plane for the wideband rod antenna with Type-A coupler
(see Figure 5.14).

θ

(c) At 65 GHz.

Figure 6.10: Monostatic-scattering RCS in the 0◦ -plane for the wideband rod antenna with DEC (see
Figure 5.20).

Figure 6.9 for different frequencies. A plane-wave RHCP incident field is used. It can be
observed that for all frequencies, the RCS contribution mainly results from the switched
polarization orientation, in this case the LHCP field. For larger frequencies, the RCS
is larger, namely from −38 (57 GHz) to −30 dB (65 GHz) at θ = 0◦ . Since the planar
structure of this wideband antenna is almost the same as that of the narrowband antenna,
the RCS is also similar.
For the wideband antenna with DEC (as in Figure 5.22), the RCS is reported in
Figure 6.10. Apparently at 57 GHz, the RCS is relatively flat with increasing θ, and
the contribution of both RHCP and LHCP wave is present. This phenomenon can be
explained from the axial ratio of the reflected wave in Figure 6.11. For the wideband
antenna with DEC, there is a turning point where the polarization orientation changes
(around θ = 10◦ ), whereas, for the wideband antenna with the Type-A coupler, the axial
ratio is quite constant for different θ. At 61 GHz and 65 GHz, the RCS of this antenna
is similar to the RCS of the wideband antennas with Type-A or Type-B coupler.
To summarize, most of the cases, the reflected wave will influence the local antenna’s
isolation. Therefore, the antenna-mode and structural-mode RCS of the antenna has to
be reduced. The antenna-mode RCS reduction can be done by employing a wideband
antenna system with good impedance matching, and the structural-mode RCS reduction

6.2. Experimental demonstration using wideband antenna
35
30

57 GHz
61 GHz
65 GHz

20

20 ◦

15 ◦

0◦

0

10 ◦

10

5◦

Axial ratio [dB]

194

θ
(a)

(b)

Figure 6.11: Monostatic-scattering axial ratio in the 0◦ -plane for (a) the wideband rod antenna with
Type-A coupler and (b) wideband rod antenna with DEC.

can be realized by reduction of the GP size. This GP reduction should also not reduce the
antenna performance. With a low RCS (<−30 dBsm), the multiple reflections between
the paired rod antennas can be avoided.

6.2

Experimental demonstration using wideband antenna

The experimental demonstration using the manufactured wideband antennas will be presented. These wideband antennas have been characterized and reported in Chapter 5.
The knowledge from Section 6.1.3 about how to reduce RCS of the antenna is also put
into consideration here. In addition to that, instead of identical antennas as in Section
6.1.1, complementing antennas are used. Therefore, the data transmission can be implemented simultaneously from port 1 to port 4 and from port 3 to port 2 (see Figure
6.12).
As mentioned in previous chapters, each transmission and reception of the signal will
be performed by a dedicated RF chip, and each antenna will be connected to two RF chips
(i.e. Tx chip and Rx chip). Each port in an antenna/node will be uniquely connected to
the Tx and Rx path of the RF chip. Preferably, the position of this path is identical for
both local and remote node. Port 1 and port 3 are connected to their outgoing port of
the Tx chip whereas port 2 and port 4 are connected to their ingoing port of the Rx chip.
In this way, the LHCP operation mode of the system is linked from end-to-end, and the
RHCP operation mode is also linked. For naming convention in this work, port 1 and
port 2 belong to the local node while port 3 and port 4 belong to the remote node.
The experimental demonstration is performed for various use cases, i.e. range (in
Figures 6.12(a) and (b)), misalignment, rotation, and yaw (in Figure 6.12(c)). An example
of the use of wideband patch antennas with Type-A and Type-B coupler is shown in Figure
6.12(a). The pair of wideband antennas with DEC and HEC is shown in Figures 6.12(b)
and (c).
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(a)

(b)

(c)
Figure 6.12: Application of the wideband rod antenna for multi-gigabit short-range wireless communication. Setup for the range (or distance) implementation of the wideband rod antenna pair with (a)
one-antenna excitation and (b) two-antenna excitation. (c) Setup for misalignment, yaw (or tilt), and
rotation (or roll) implementation. dtip is the tip-to-tip distance, dmis misalignment distance, φr rotation
angle, and θy yaw angle. For consistent naming, port 1 and port 2 are assumed in the local antenna/node
while port 3 and port 4 are assumed in the remote node (see also Figure 6.1).
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One-antenna excitation with improved isolation

In the implementation of the wireless connector, misalignment, yaw/tilt, and rotation of
this connector may occur. Therefore, it is of great importance to investigate the effect of
these different use cases in the considered full-duplex communication system. This section
serves to answer this research question. These different use cases will be investigated
using both simulations and measurements. In the one-antenna excitation configuration,
the antenna with the Type-A coupler is identified by port 1 and 2, while the antenna with
the Type-B coupler is identified by port 3 and 4.
Distance (dtip = 0 mm)
The simulated and measured results for the use case of dtip = 0 mm will first be discussed. The simulated reflection coefficients (S11 and S33 ), transmission coefficient (S41 ),
near-end crosstalks or NEXTs (S21 and S43 ), and FEXT (S31 ) are shown in Figure 6.13.
This is to evaluate the ideal system performance in the case of no manufacturing tolerances. The improved NEXT (i.e. of at least 20 dB) can be observed from 59.5 GHz
to 63.5 GHz. The measured transmission coefficient of the narrowband antenna pair is
also included for comparison in Figure 6.13(b). The FEXT is lower as compared to the
transmission coefficient due to the axial ratio <3 dB of desired circular polarization. The
simulated wideband rod antenna with one-antenna excitation can still maintain a similar
transmission coefficient as in the narrowband antenna, which is around −8 dB. With this
information, SIR of about 12 dB (= 20 − 8) is obtained, considering frequencies from 57
to 64 GHz (i.e. worst case SIR).
Generally, the reflection coefficient and FEXT (and essentially transmission coefficient)
do not limit the performance of the paired antennas, but NEXT. An example of the
measured result of the transmission coefficient and FEXT is shown in Figure 6.14. It can
be seen that the measured transmission coefficient is −14 dB at 60 GHz. The discrepancy
between the simulation and measurement results is mainly due to larger axial ratio as
reported in Chapter 5. The measured reflection coefficient and NEXT are similar to the
results in Chapter 5. This similar result is due to small multiple reflections because the
small ground-plane area is employed in the designed antennas. Hence, no difference occurs
when the antennas are paired.
Distance and misalignment (dtip = 5 mm, dmis = 5 mm)
Here, the effect of distance and misalignment on the transmission coefficient is presented
in Figure 6.15. 5-mm increase of both range and misalignment simulataneously results
in 4-dB reduction in the transmission coefficient at 60 GHz, whereas 5-mm increase of
(only) the range results in 2-dB reduction. Based on the system requirement (see Table
2.5), it can be concluded that the influence of this misalignment is not significant.
Distance and yaw (dtip = 5 mm, θy = 0◦ , 10◦ , 20◦ , 30◦ )
The effect of yaw (or tilt) on the transmission
For θy = 10◦ , the transmission coefficient at 60
transmission coefficient when no yaw is applied.
of the transmission coefficient of >8 dB occurs.

coefficient is presented in Figure 6.16.
GHz is 4-dB lower as compared to the
Apparently, for θy > 20◦ , the reduction
Furthermore, a 20-dB reduction of the
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(a)
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(b)

Figure 6.13: Simulated S-parameters of the wideband antenna pair with one-antenna excitation: (a)
Reflection coefficients and NEXTs. (b) Transmission coefficients and FEXTs. All data are obtained for
dtip = 0 mm. The structure and port assignment are as in Figure 6.12(a).

S41

S31

meas.
sim.

Figure 6.14: Measured transmission coefficients and FEXTs of the wideband antenna pair with oneantenna excitation for dtip = 0 mm.

dtip = 0 mm

dtip = 5 mm dtip = 5 mm &
dmis = 5 mm

Figure 6.15: Measured transmission coefficients of the wideband antenna pair with one-antenna excitation
for dtip = 5 mm and dmis = 5 mm .
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Figure 6.16: Measured transmission coefficients of the wideband antenna pair with one-antenna excitation
for dtip = 5 mm and various θy .

transmission coefficient occurs for θy = 30◦ . In this case, a low-BER communication
system can still be realized (because of SN Rmar > 30 dB), but a separate frequency
channel for transmit and receive is mandatory.
To summarize, the full-duplex wireless connector using the wideband rod antennas
with one-antenna excitation is limited by NEXT. Manufacturing tolerances can further
reduce the SIR performance. Furthermore, the effect of misalignment and yaw can reduce
the transmission performance. Therefore, either FDD or TDD scheme for bi-directionality
is recommended whenever this one-antenna excitation technique is used.

6.2.2

Two-antenna excitation

The experimental demonstration for the wideband rod antennas with two-antenna excitation will be presented. The result from the following experiments will answer the question
whether the two-antenna excitation configuration can solve the issue in the one-antenna
excitation configuration and thus support full-duplex communication. For naming convention, the antenna with DEC is identified by port 1 and 2 while the antenna with HEC
is identified by port 3 and 4.
Distance (dtip = 0 mm)
The simulated S-parameters of the antenna pair are first shown in Figure 6.17. It can be
seen that the isolation of at least 26 dB can be obtained from 56.5 GHz to 65 GHz (for
both communication directions). Unlike in the one-antenna excitation, the antennas for
both directions are not symmetrical.
The simulated transmission coefficients of this wideband antenna pair and those of
the narrowband antenna pair are shown together for comparison in Figure 6.17(b). A
reduction of about 6 dB in the transmission coefficient (for both directions) is observed.
This reduction results from the off-center position of the rod excitation. In addition
to that, approximately half (i.e. −3 dB) of the transmitted power is captured by the
undesired antenna at the remote node. This power is not delivered to the chip’s port but
reflected at the grounded microvia of the coupler. Finally, SIR of about 13 dB (= 26 −
13) is obtained for the frequency band of interest. SIR at 66 GHz is 2 - 3 dB less though.
This SIR is somehow comparable to the case of the rod antenna pair with one-antenna
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(a)
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(b)

Figure 6.17: Simulated S-parameters of the wideband antenna pair with two-antenna excitation: (a)
Reflection coefficients and NEXTs. (b) Transmission coefficients and FEXTs. All data are obtained for
dtip = 0 mm. The structure and port assignment are as in Figure 6.12(b).

S41, meas.

S41, sim.

S23, meas.

S23, sim.

Figure 6.18: Measured transmission coefficients of the wideband antenna pair with two-antenna excitation
for dtip = 0 mm.

excitation, yet this one has more isolation bandwidth. Measured transmission coefficients
for both communication directions are provided in Figure 6.18. A reduced performance
for frequencies lower than 61 GHz is attributed to the smaller antenna gain and larger
axial ratio due to manufacturing tolerances.

Distance (dtip = 5 mm)
The investigation for dtip = 5 mm will be described here through simulations and measurements. Figure 6.19 summarizes the simulated S-parameters. The isolation of at least 28
dB is obtained from 56.5 GHz to 65 GHz (for both communication directions). The transmission coefficient is approximately −16 dB. A reduction of the transmission coefficient
of about 3 dB occurs because of dtip = 5 mm. In Figure 6.20, the measured S-parameters
are presented. The simulated and measured isolations are shown for both paired antennas. A good agreement between the simulated and measured results is observed. The
transmission coefficient and FEXT are also given.
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(a)

(b)

Figure 6.19: Simulated S-parameters of the wideband antenna pair with two-antenna excitation: (a)
Reflection coefficients and NEXTs. (b) Transmission coefficients and FEXTs. All data are obtained for
dtip = 5 mm.

S41

S31
S21, meas.
S21, sim.

(a)

(b)

S43, meas.
S43, sim.
S23

S13

(c)

(d)

Figure 6.20: Measured S-parameters of the wideband antenna pair with two-antenna excitation for dtip
= 5 mm.
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Figure 6.21: Measured transmission coefficients of the wideband antenna pair with two-antenna excitation
for dtip = 5 mm and φr = 90◦ , 270◦ .

Rod 1

Rod 2

Axial position: Rod 2

Axial position: Rod 1
Rotation axis

Figure 6.22: Measurement setup for rod-to-rod transmission (see also Figure 6.1(a)). The yaw implementation is demonstrated in this figure.

Distance and rotation (dtip = 5 mm and φr = 90◦ , 270◦ )
The measured S-parameter when the rotation of the wireless connector is applied are
presented in Figure 6.21. At 60 GHz, a reduced transmission coefficient of about 2 dB as
compared to no rotation is introduced. This is as predicted in Figure 2.8 for Tx antenna
with AR = 4.5 dB (see Figure 5.51) and Rx antenna with AR = 6 dB (see Figure 5.55).
Distance and yaw (dtip = 5 mm and θy = 0◦ , 10◦ , 20◦ , 30◦ )
In this section, the use case with distance and yaw angle is briefly investigated. The
measurement setup (see Figure 6.22) enables to perform the S-parameter measurement
of the wireless-connector antenna pair for different yaw angles θy . Figure 6.23 shows the
measured transmission coefficients for both communication directions.
Distance, misalignment, and yaw
In this section, a combination of different use cases, namely range, misalignment, and
yaw, is introduced in the antenna system. Figure 6.24 shows the measured transmission
coefficient. The transmission coefficient is −22 dB at 60 GHz. The animation of the
E-field at 61 GHz is shown in Figure 6.25. Here, the misalignment can be seen, and how
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(a)

(b)

Figure 6.23: Measured transmission coefficients of the wideband antenna pair with two-antenna excitation
for dtip = 5 mm and various θy . The yaw is implemented as in Figure 6.12(c) and Figure 6.22.

Figure 6.24: Measured transmission coefficients of the wideband antenna pair with two-antenna excitation
for dtip = 5 mm, dmis = 5 mm, and θy = 0◦ , 10◦ .

the field is captured by the opposite rod can also be seen. For further viewing, more
animation results of this antenna pair are reported by the author in [188].

6.3

SIR performance for different antennas and use
cases

First, the presence of interference is illustrated in Figure 6.26. Subsequently, the summary
of the previous tests and experiments is shown in Table 6.1. SIR here defines the SIRself
because it is assumed that the influence of the external interference Iext is smaller as
compared to the self interference Iself (see Figure 2.17(b)). This self interference power
can be reduced if the isolation is made higher.
It can be observed in Table 6.1 that, based on the isolation and its isolation bandwidth,
the rod antenna pair with two-antenna excitation is superior to the rod antenna pair with
one-antenna excitation. However, the rod antenna pair with one-antenna excitation still
performs better than the narrowband rod antenna pair, i.e. for the wideband antenna
pair, 20-dB isolation bandwidth is wider.
For the rod antenna pair with two-antenna excitation, the rotation of the wireless
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Table 6.1: Summary of the available SIR, S-parameters, and isolation bandwidth for different use cases.
Allocation of frequency channel (Ch.) follows the illustration in Figure 6.26.

Antenna technique and
use case

Narrowband antenna,
dtip = 0 mm, (sim. and
meas.)
Narrowband antenna,
dtip = 50 mm (sim. and
meas.)
One-antenna excitation,
dtip = 0 mm (sim.)

20-dB
isolation
bandwidth
[GHz]
60.4 - 61.6
(Ch. 2)

Isolation
[dB]

Transmission
coeff. [dB]

SIR [dB]

20

−8

12

60.4 - 61.6
(Ch. 2)

20

−17

3

59.5 - 63.5

18 (Ch.1),
20 (2, 3),
16 (4)
26 (Ch.1,
4), 28 (2),
27 (3)
25 (Ch.1),
30 (2, 3),
29 (4)
25 (Ch.1),
30 (2, 3),
29 (4)
25 (Ch.1),
30 (2, 3),
29 (4)
25 (Ch.1),
30 (2, 3),
29 (4)

−8 (Ch.1),
−7 (2), −10
(3), −14 (4)
−19 (Ch.1),
−17 (2, 4),
−14 (3)
−20 (Ch.1),
−19 (2), −16
(3), −18 (4)
−20 (Ch.1),
−22 (2), −17
(3, 4)
−21 (Ch.1),
−21 (2), −18
(3), −21 (4)
−21 (Ch.1),
−22 (2), −20
(3), −23 (4)

10 (Ch.1,
3), 13 (2),
2 (4)
7 (Ch.1),
11 (2), 13
(3), 9 (4)
5 (Ch.1),
11 (2, 4),
14 (3)
5 (Ch.1), 8
(2), 13 (3),
12 (4)
4 (Ch.1), 9
(2), 12 (3),
8 (4)
4 (Ch.1), 8
(2), 10 (3),
6 (4)

Two-antenna excitation,
dtip = 0 mm (meas.)

from <50
up to >67

Two-antenna excitation,
dtip = 5 mm (meas.)

from <50
up to >67

Two-antenna excitation,
dtip = 5 mm, φr = 270◦
(meas.)
Two-antenna excitation,
dtip = 5 mm, θy = 10◦
(meas.)
Two-antenna excitation,
dtip = 5 mm, dmis = 5
mm (meas.)

from <50
up to >67
from <50
up to >67
from <50
up to >67
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DEC antenna

HEC antenna

kV/m
4
3.6
3.2
2.8
2.4
2
1.6
1.2
0.8
0.4
0

Figure 6.25: Transmission (at 61 GHz) from the wideband rod antenna with HEC to the wideband rod
antenna with DEC. The E-field amplitude is shown in the (100) cutplane, for dtip = 5 mm, dmis = 4 mm,
and φr = 90◦ .
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Figure 6.26: RF-channel illustration for the corresponding received signal power S, self interference (or
NEXT) Iself , and signal to interference ratio due to self interference SIRself in Channel 1.

connector does not limit the SIR. In Table 2.5, the range and lateral misalignment
tolerances have been assumed dtip = 5 mm and dmis > 1.2 mm (i.e. >10 % of the housing
diameter), respectively.
The yaw or tilt angle has also been specified, i.e. <30◦ . From the experiment with
θy = 10◦ , there is no significant difference in the measured SIR as compared to no yaw,
except for Channel 4. For θy > 20◦ , it is recommended to employ the Frequency Division
Duplex (FDD) scheme, shown in Figure 6.27, since SIR is too small to ensure low-BER
communication system. The effect of misalignment is demonstrated for the extreme case
of dmis = 5 mm, which is much larger than the expected misalignment. The impact of
this very large misalignment is similar to the yaw. Therefore, it can be concluded that
the yaw is more limiting the performance of this wireless connector. Moreover, due to the
poor axial ratio (due to manufacturing tolerances) for Channel 1, the SIR will always be
limited.
To summarize, the full-duplex wireless connector using the wideband rod antennas
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Figure 6.27: Frequency Division Duplex (FDD) scheme for transmit and receive.
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with one-antenna excitation is limited by NEXT. However, the transmission coefficient
is comparable to the case with the narrowband antenna pair. The rod antenna pair
with two-antenna excitation has a better NEXT performance (i.e. large Tx-Rx isolation)
from 57 - 66 GHz. In addition, the improvement of the Tx-Rx isolation can prevent the
desensitization of the local LNA. Therefore, it is recommended to use the rod antenna
pair with two-antenna excitation, and therefore that will be used for the subsequent
wireless-connector demonstration.

6.4

60-GHz wave propagation through media

The introduction of a dielectric medium (i.e. a slab) between the wireless connectors will
influence the wave propagation between the local and remote antennas. The discussion on
the propagation through low- and high-loss dielectrics can be read in [196]. The dielectric
slab, although it is not as severe as the metallic slab, will also scatter or reflect the
incoming wave. Multiple reflections inside and outside this slab will also occur. For such
dielectric media, these multiple reflections have been discussed in [197].
In the following section, performance investigation such as S-parameters of the antenna
system in the presence of various media will be presented. All of the media under investigation will be non-magnetic materials, a.o. plastic, glass, concrete, oil, and water. Those
materials are common in the industrial environment where the wireless connector will be
used. The wireless connector can be operational up to a distance of 5 mm. The distance
is limited due to another required functionality, i.e. non-contact power transfer, in this
wireless-connector application. Knowledge about the propagation through those materials
is necessary, and based on that, a matching layer will be introduced and evaluated in the
next section. This is in order to improve the S-parameters of the paired antenna system.
In this investigation, the wideband rod antenna with two-antenna excitation will be used
because of its superiority over the wideband rod antenna with one-antenna excitation, as
described in the previous section. These paired antennas (i.e. wideband antenna with
DEC and HEC) are assumed to have identical transmission and isolation coefficients.

6.4.1

Propagation through plastic, glass, and concrete wall

To analyze the influence of the propagation medium on the 60-GHz (circularly polarized)
wave, the relative permittivity εr and loss tangent tan δ of this particular medium have to
be known at 60 GHz. However, this information is not always readily available. Therefore,
a literature study was performed to find the value of this complex permittivity.
The dielectric properties of typical plastic materials can be seen in Table 4.1. Usually, at 60 GHz, plastic material has a relative permittivity of between 2 and 3.5 and
is inherently low loss. For example, the complex permittivity of Polystyrene is 2.54 −
j0.003 [143]. The simulation setup follows the setup in Figures 6.1 and 6.41. In the following investigation, no disturbing effects such as rotation or yaw are introduced in the
system.
Figure 6.28 shows the S-parameters of the antenna system when this type of plastic
with a thickness tmed of 5 mm is the propagation medium between two paired wireless
connectors. Most of the time, the reflection coefficient S11 and FEXT S31 will not limit
the system, but the NEXT S21 and transmission coefficient S41 will do. Apparently, any
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S31
S41

S11
S21

(a)

(b)

Figure 6.28: Simulated S-parameters of the wideband antenna pair with two-antenna excitation. The
medium is a slab of Polystyrene plastic with the thickness tmed of 5 mm: (a) Reflection coefficient S11
and NEXT S21 . (b) FEXT S31 and transmission coefficient S41 .

reflection from the propagation medium will end up in the local Rx port (i.e. port 2)
because the polarization orientation is inverted. This will affect the isolation performance
of that local node. The typical isolation is approximately 24 dB for the frequency band
of interest (57 - 66 GHz), while the transmission coefficient is −17 dB (or insertion loss of
17 dB). From these parameters, the (worst-case) SIR can be calculated to be 7 dB. This
small SIR cannot ensure full-duplex communication with a low BER, for example when
QPSK modulation is used. Nevertheless, when a FDD or TDD scheme is employed, the
system margin (SN Rmar ) is, in fact, abundant i.e. >40 dB.
To support full-duplex communication in a common frequency band (i.e. bi-directional
communication), a matching layer is required. This is in order to keep S21 < −30 dB as
demonstrated in Figure 6.19. Since this plastic exhibits low loss, no visible reduction of
S41 by introducing this propagation medium will occur.
Another propagation medium to be evaluated is a concrete wall made from cement, i.e.
cement concrete. Currently, the test for this wall is for a thickness tmed of 5 mm. At 60
GHz, the dielectric properties of cement concrete (6.03; 0.1318) are reported in [198]. The
complex permittivity is thus 6.03 − j0.795. The corresponding S-parameters are reported
in Figure 6.29. For this cement concrete, the degradation of isolation and transmission
coefficient is more obvious (compared to the case of Polystyrene) due to higher permittivity
and loss.
The complex permittivity of glass has been investigated in [199], but only up to 30
GHz. In [200], glass at 100 GHz is known to have dielectric properties (5.5; 0.02). Hence,
glass can be assumed to have a dielectric permittivity of approximately 5 at 60 GHz.
The loss tangent can also be assumed to be 0.05 at 60 GHz. Therefore, its complex
permittivity becomes 5 − j0.25. As the dielectric property of this medium is on a par
with the dielectric property of cement concrete, the matching layer is needed and will be
discussed in the following sections.

6.4. 60-GHz wave propagation through media
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S11
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(a)

(b)

Figure 6.29: Simulated S-parameters of the wideband antenna pair with two-antenna excitation. The
medium is a slab of cement concrete with a thickness of 5 mm: (a) Reflection coefficient and NEXT. (b)
FEXT and transmission coefficient.

6.4.2

Propagation through oil, alcohol, and water

The propagation of the 60-GHz wave through amorphous materials such as oil, alcohol,
and water will be discussed in this section. The influence of the changing temperature
is more obvious for this material type. In other words, different operating temperatures
will lead to different S-parameters, because of changing dielectric properties. At X-band
around 11 GHz (at 25 ◦ C), oil has dielectric properties of (2.2; 0.014) [201]. Up to 17.9
GHz, the relative permittivity εr is quite constant (i.e. 2.25) [202]. Therefore, these values
will be used here.
Simulated S-parameters of the antenna system with oil as propagation medium are
reported in Figure 6.30. As can be seen, the resulting S21 and S41 leave an ample signalto-interference ratio margin SIRmar of about 17 dB for a very wide frequency band. No
matching layer is required here. Important to note is that the isolation is maintained
>30 dB for the frequency band of interest. This is partly due to the similar relative
permittivities of this medium and the material of the rod (i.e. TPX). Oil also exhibits a
low loss at 60 GHz.
The complex permittivity of pure water (or distilled/deionized water) at mm-wave
frequencies (25 ◦ C) has been reported in [203,204]. εr for water is 81 at radio frequencies,
for instance 0.9 GHz, and about 1.8 at optical frequencies. At 60 GHz, εr of pure water
should lie between those values. Figure 6.31 shows the relaxation model of pure water
at that particular temperature of which the result has also been confirmed from the
experiment. Therefore, in this work, the used complex permittivity of pure water (25 ◦ C)
at 60 GHz is 12.4 − j21.36 [203, 204].
Without the presence of a matching layer, penetration of the 60-GHz wave into pure
water is hardly possible. Using this antenna system, the signal propagating through
the water medium with a thickness tmed of 1 mm and captured by the remote antenna
will undergo the power reduction of about 48 dB (see Figure 6.32(b)). Increasing the
transmitted input power Pin will not help because the self interference power Iself will
also proportionally increase. As discussed in Chapter 2, this coupled self interference
becomes large enough, to some extent, to desensitize the LNA if no precaution has been
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S31
S41

S11
S21

(a)

(b)

Figure 6.30: Simulated S-parameters of the wideband antenna pair with two-antenna excitation. The
medium is oil with a thickness of 5 mm: (a) Reflection coefficient and NEXT. (b) FEXT and transmission
coefficient.

Figure 6.31: Dielectric relative permittivity ε′ , dielectric loss ε′′ , and loss tangent tan δ for pure water at
25 ◦ C, based on the relaxation model in [203, 204].
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S31
S41

S11
S21

(a) Reflection coefficient and NEXT.

(b) FEXT and transmission coefficient.
S31
S41

S11
S21

(c) Reflection coefficient and NEXT.

(d) FEXT and transmission coefficient.

Figure 6.32: Simulated S-parameters of the wideband antenna pair with two-antenna excitation. Pure
water at 25 ◦ C is tested as the propagation medium (i.e. slab, not surrounding) with different thicknesses.
Figures (a), (b) show S-parameters for medium thickness tmed = 1 mm. Figures (c), (d) are for the case
of tmed = 0.1 mm.

taken. This desensitization may occur if this interference is around or larger than the
input power of the LNA at which 1-dB compression of the output power starts to occur in
the LNA. In this way, the LNA will no longer be sensitive to the relatively weak received
desired signal. Therefore, the TDD or FDD scheme has to be used if there is no attempt
to reduce the reflected wave from the propagation medium. If the sensitivity of the chip
is given to be −55.8 dBm (see Section 2.3.2), for the transmitted power of 0 dBm and
1-mm pure water, there is still an available margin SN Rmar of 7.8 dB. For different water
thicknesses, the resulting S-parameters are reported in Figure 6.32. As can be observed,
S21 is degraded (larger) as compared to the case of the stand-alone antenna. Standing
waves, instead of propagating waves, occur between the local antenna and medium because
of the reflection from that medium.
In addition to pure water, the propagation medium of interest is sea water. At 60
GHz, sea water with a salinity of 35 ppt at the temperature of 0 ◦ C has the dielectric
properties of (6.8; 2) [205]. Also, typical alcohols, a.o. ethanol, at 60 GHz (25◦ C) have
dielectric properties of (3.5; 0.3) [204]. Thus, its complex permittivity is 3.5 − j1.05. The
system performance for the last two propagation media will be later briefly discussed in
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Table 6.2: Summary of the (simulated) available SIR, S-parameters, and isolation bandwidth for different
propagation media. The wideband rod antenna pair with two-antenna excitation is utilized. No matching
layer is applied.

Medium (Thickness)

Polystyrene plastic (5
mm)

20-dB
isolation
bandwidth
[GHz]
from <50
up to >67

Cement concrete (5 mm)

56 - >67

Oil, 25 ◦ C, (5 mm)

55 - >67

Pure water, 25 ◦ C, (1
mm)

64 - >67

Pure water, 25 ◦ C, (0.1
mm)

64 - >67

Isolation
[dB]

Transmission
coeff. [dB]

SIR [dB]

25 (Ch.1,
4), 24 (2,
3)
23 (Ch.1),
22 (2, 3, 4)

−15 (Ch.1),
−16 (2), −18
(3), −23 (4)
−26 (Ch.1,
2), −24 (3),
−30 (4)
−14 (Ch.1,
2), −17 (3),
−24 (4)
−47 (Ch.1),
−49 (2, 3),
−55 (4)

10 (Ch.1),
8 (2), 6
(3), 1 (4)
−3 (Ch.1),
−4 (2), −2
(3), −8 (4)
17 (Ch.1),
16 (2), 13
(3), 10 (4)
−29
(Ch.1),
−32 (2, 3),
−36 (4)
−3 (Ch.1,
2), −5 (3),
−10 (4)

31 (Ch.1),
30 (2, 3),
34 (4)
18 (Ch.1),
17 (2, 3),
19 (4)
18 (Ch.1,
2, 3), 20
(4)

−21 (Ch.1,
2), −23
(3),−30 (4)

the performance summary in Section 6.7.
Finally, Table 6.2 summarizes the S-parameters, isolation bandwidth, and available
SIR. Except of the case of Polystyrene plastic and oil, it is noteworthy to mention that,
without the matching layer, the available SIR is negative.

6.5

Layered dielectric slabs: Analytical model

Introducing a propagation medium with arbitrary dielectric constant (permittivity) between the paired rod antennas will result in reflection. This medium’s dielectric constant
is often different from the rod material’s dielectric constant. As in the transmission-line
case, there is a one-to-one correspondence between this reflection and impedance mismatch ratio [206]. To minimize the reflection, first, the intrinsic impedance Zb of the
matching medium (see Figure 6.33) should follow:
Zb =

p

Za Z c ,

(6.1)

where Za and Zc are the media to be matched, for example the rod material and water,
respectively. Equivalently, the dielectric constant of the matching slab should be equal
to the geometric mean of the dielectric constant of the medium and the rod material.
The matching slab with thickness tb = λg /4 can be applied, for example at the tip of
the rod antenna. λg is the guided wavelength. These requirements are effective with the
assumption of normal incident waves on the said media interfaces.
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Figure 6.33: Multiple reflections between two dielectric boundaries.

The matching material with a specific dielectric constant (and thickness) is not always
available. An analysis to model these layered dielectric media will be discussed here.
First, the model for the single-layered medium is described, also using the illustration in
Figure 6.33. Now, the propagation medium thickness tmed = tb , and the three dielectric
media are defined by alphabets a, b, and c in Figure 6.33. kb is the complex propagation
constant of the medium b. rab (in scalar unit) is the reflection coefficient of the a to b
boundary. The incident, reflected, and transmitted waves are illustrated with the arrow
as the direction of propagation. A plane wave within medium a is normally incident on
the ab boundary. Following that, multiple reflections occur inside medium b. The wave is
partially transmitted to medium c and partially reflected inside medium b and so forth.
Since the incident wave amplitude is unity, the total reflection in medium a can be
regarded as the total reflection coefficient. In order to be consistent with the medium
naming, the total reflection in medium a will be defined as r[A] . It is derived as follows
[207]:



2
2
2
r[A] = rab + rbc 1 − rab
exp (−2kb tb ) + (−rab ) rbc
1 − rab
exp (−4kb tb ) + ...

2
= rab + rbc 1 − rab
(6.2)
exp (−2kb tb ) [1 + (−rab ) rbc exp (−2kb tb ) + ...] .

Eq. (6.2) can be simplified using

1
1−x

r[A] = rab +

=

= 1 + x + x2 + ... into:

2
rbc (1 − rab
) exp (−2kb tb )
1 + rbc rab exp (−2kb tb )

rab + rbc exp (−2kb tb )
.
1 + rbc rab exp (−2kb tb )

(6.3)

Similar manipulation can be used to derive the total transmission coefficient in medium
c or t[C] , total incident wave on the ab boundary or s[AB] , and total incident wave on the
bc boundary or s[BC] as follows [207]:
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Figure 6.34: Three-layered dielectric structure including the corresponding reflection coefficients. tmed is
the thickness of the propagation medium, and tmatch is the thickness of the matching layer.

t[C] =

(1 + rbc ) (1 + rab ) exp (−kb tb )
,
1 + rbc rab exp (−2kb tb )

s[AB] =

(6.4)

rbc (1 + rab ) exp (−2kb tb )
,
1 + rbc rab exp (−2kb tb )

(6.5)

(1 + rab ) exp (−kb tb )
,
1 + rbc rab exp (−2kb tb )

(6.6)

s[BC] =

respectively.
For the three-layered dielectric model, Eq. (6.3), (6.4), (6.5), and (6.6) can be used
and extended for the formulation as demonstrated by Alabaster in [207]. This model is
illustrated in Figure 6.34. Moreover, transmission and reflection coefficients for threelayered dielectric materials with similarity in the dielectric properties and thicknesses for
slab b and d are also defined and reported by Ma et al. in [208].
For implementation of the matching layer, the three-layered dielectric model will be
used. The matching material (for its dielectric properties) is first chosen from any available
dielectric material. Given the propagation medium with a thickness tmed , the matching
material thickness tmatch can be varied to optimize the scattering performance. Using this
model, the total scattering performance can be efficiently optimized.

6.6

Propagation medium with matching layer

The scattering performance will be evaluated and tested in the presence of the matching
layer, using CSTr MWS simulator. The analytical model for three dielectric layers will
be used to determine the thickness tmatch of the matching layer.
For the use case such as in the presence of yaw or tilt, the incident wave will not
be normal to this medium. In this case, the condition of the total reflection angle and
Brewster angle have to be considered. The latter is important when circular polarization
is of interest. The incident angle might influence the axial ratio of the (transmitted)
circularly polarized wave. Here, because the system performance has already been limited
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Figure 6.35: Reflection and transmission coefficients from the analytical model for propagation through
pure water (25 ◦ C) using Alumina matching layer (i.e. the mentioned indices in the graphs describe
thicknesses of the matching layer tmatch ). Various medium thicknesses tmed are: (a) 0.1 mm, (b) 0.5 mm,
and (c) 1.5 mm.

for a yaw angle θy = 10◦ (see Table 6.1), the normal incident wave is always assumed in
this work. For further viewing, the analysis and discussion about the oblique incident
wave to the medium and the internal reflections thereof can be found in [209, 210].

6.6.1

Matched pure/distilled water

The reflection and transmission coefficients from the (three-layered) analytical model are
obtained and reported in Figure 6.35. The investigation is performed for different pure
water thicknesses tmed from 0.1 to 1.5 mm. The matching layer (for the demonstration) is
realized by using Alumina (Al2 O3 ) mainly due to its low loss at 60 GHz and its relativelyhigh relative permittivity which is suitable for this propagation medium. In this analysis,
the complex permittivity of Alumina at 60 GHz is 9.8 − j0.00098 [143].
From Figure 6.35, it can be seen that the transmission coefficient becomes less fluctuating for thicker propagation medium. This phenomenon implies that the second and
higher transmission contributions from multiple reflections inside the medium and matching layers become less influential, compared to the first transmission contribution. In this
lossy medium, the wave power is dissipated (into heat) quickly which leaves the first
transmission contribution (relatively) significant. Another important observation is that
the resulting reflection coefficient is better for thicker propagation medium. The power of
reflected waves (after summing up all internal reflections) is less dissipated for a thinner
lossy medium. At the same time, the power of transmitted waves is also less dissipated.
In Figure 6.35(c), the transmission coefficient is approximately −40 dB at 60 GHz
for tmed = 1.5 mm. Moreover, Table 6.1 shows that, for a distance dtip = 0 mm, the
transmission coefficient is −13 dB port to port. Considering both transmission coefficients,
it can be expected that the total transmission coefficient will be approximately −53 dB.
Assuming that the Tx power of the chip Pin is 0 dBm, and the sensitivity Psens of a chip
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is given to be −55.8 dBm, the available margin SN Rmar will be 2.8 dB. It is important
to note that because the undesired coupling power (i.e. S21 or S43 ) for the case of 1.5-mm
pure water is much larger than the desired received power, no full-duplex operation in
the same frequency channel can be realized. The use of FDD or TDD scheme is thus
recommended. However, the desensitization of the LNA needs to be avoided. Hence, the
matching layer is still required.
Based on the analysis, the optimum thickness tmatch of the matching layer for different
medium thicknesses tmed can be found. Figure 6.36 shows the simulated S-parameters for
different thicknesses of pure water. The investigated thicknesses are 0.1 mm, 0.5 mm,
and 1 mm. Correspondingly, the Alumina matching layer has a thickness of 1.07 mm, 0.3
mm, and 0.345 mm. The thickness of 1.5 mm has been evaluated analytically and will
not be numerically analyzed here.
In Figures 6.36 (b) and (f), it can be observed that the matching layer improves the
transmission coefficient S41 up to 5 dB over a wide frequency band. From this result,
the matching layer is demonstrated to be transparent to the circularly polarized waves.
Moreover, the antenna isolation benefits from the presence of this matching layer. Its
improvement ranges from 10 dB up to 20 dB for a wide frequency band.
For a water thickness of 0.1 mm, the transmission coefficient S41 is reduced of about
2 dB as compared to the case of without water in between the antennas (see Figure
6.17). In fact, this value has been predicted analytically and reported in Figure 6.35(a).
For full-duplex communication in a common frequency band, it is necessary to have a
sufficient signal power over the self-interference power (SIR). For the case of 0.5-mm
water thickness, using tmatch = 0.345 mm, SIR is present (non-negative), yet it is very
limited. For the case of 0.1-mm water thickness, SIR of at least 11 dB (for QPSK with
BER = 10−7 ) is obtained in the frequency band of interest (57 - 66 GHz).

6.6.2

Matched cement concrete

Another example of the medium to be matched with a matching layer (i.e. for the test,
LCP is used as the matching layer) is a slab made up of 5-mm cement concrete. The
complex permittivity of cement concrete at 60 GHz is 6.03 − j0.795 [198]. The complex permittivity of the LCP at 60 GHz is 3.16 − j0.00632. Figure 6.37 depicts the
S-parameters for this case.
As can be seen, S2 is suppressed as low as −29 dB at 60 GHz after incorporating the
matching layer into the system. It is interesting to see that the transmission coefficient
does not increase more than 1 dB by introducing the matching layer. In contrast, in the
case with 0.1-mm pure water, the transmission coefficient can improve for about 5 dB
when the matching layer is introduced (see Figure 6.36(d)). This measurement can be
explained from the analyzed transmission coefficient of the medium (i.e. pure water or
concrete) with and without the matching layer (see Figure 6.38). From this analysis, there
is no significant improvement in the transmission coefficient when the matching layer is
introduced in the case of cement concrete. This is because concrete has a lower loss
tangent (0.1318) as compared to the case of pure water (2). Lastly, for the not-matched
case of pure water (see Figure 6.38(b)), increasing tmed from 0.1 mm to 1 mm introduces
an additional loss of about 25 dB. Regardless the use of matching layer or not, this result
(i.e. difference of 25 dB) confirms the difference of transmission coefficients obtained in
Figures 6.36(b) and (f).
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S31
S41
S41 w/o
matching layer

S11
S21
S21 w/o
matching layer

(a) Reflection coefficient and NEXTs.

(b) FEXT and transmission coefficients.
S31
S41

S11
S21

(c) Reflection coefficient and NEXT.

(d) FEXT and transmission coefficient.

S11

S31

S21
S21 w/o
matching layer

S41
S41 w/o
matching layer

(e) Reflection coefficient and NEXTs.

(f) FEXT and transmission coefficients.

Figure 6.36: Simulated S-parameters of the wideband antenna pair with two-antenna excitation. Pure
water at 25 ◦ C is tested as the medium for propagation with different thicknesses. A matching layer is
introduced and optimized for each medium thickness. Figures (a) and (b) show S-parameters for medium
thickness tmed = 1 mm. Figures (c) and (d) are for tmed = 0.5 mm. Figures (e) and (f) are for tmed =
0.1 mm. In figures (a), (b), (e), and (f), each corresponding result without the matching layer is included
for comparison.
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S31
S41
S41 w/o
matching layer

S11
S21
S21 w/o
matching layer

(a)

(b)

Figure 6.37: Simulated S-parameters of the wideband antenna pair with two-antenna excitation. The
propagation medium is cement concrete with tmed = 5 mm. The LCP matching layer with tmatch = 0.65
mm is incorporated: (a) Reflection coefficient and NEXT. (b) FEXT and transmission coefficient.

5 mm, not-matched
5 mm, matched

0.1 mm, not-matched
1 mm, not-matched
0.1 mm, matched

(a) Pure water.

(b) Concrete.

Figure 6.38: Reflection and transmission coefficients from the analytical model of the propagation through
(a) pure water (25 ◦ C) and (b) cement concrete. The not-matched result uses the single-dielectric model
as illustrated in Figure 6.33. The matched result uses the three-dielectric model.
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(a)
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(b)

Figure 6.39: E-field Ey (a) amplitude and (b) phase in the (001) cutplane, at dtip = 0 mm. The (vertical)
linearly-polarized rod antenna is being employed.
20×20 mm2

10×10 mm2

S41
S21

Figure 6.40: Comparison of the isolation S21 and transmission coefficient S41 for different lateral dimensions of the medium model. In this case, 0.1-mm thick pure water with matching layer is used.

6.6.3

Impact of simulated medium dimensions

To evaluate the correctness of the simulation setup and result, this section will describe
the radiation or propagation of the wave from the rod antenna. Figure 6.39 shows the
E-field amplitude (and phase, for completeness) at the tip of the rod. The black circle
indicates where the cross-section rod is.
In the simulation, the used lateral dimensions of the media (and the matching layers)
are 20 × 20 mm2 . It is considered large enough to have an accurate result. The wireless
connector itself will reside inside a 12-mm diameter metallic tube. For not losing generality
of the result in this work, a large (20 × 20 mm2 ) matching layer is used. A comparison
of the simulated S-parameters for different dimensions 20 × 20 mm2 and 10 × 10 mm2
is shown in Figure 6.40. The latter represents the dimensions which suit better for the
practical implementation of the wireless connector inside a metallic tube. It can be seen
that there is no significant difference in the resulting S-parameters in these two cases. As
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Figure 6.41: E-field amplitude at 61 GHz and the configuration of the simulation setup for medium
dimensions of 20 × 20 mm2 . In this example, the propagation medium is pure water with tmed = 0.1
mm.

expected, for smaller medium lateral dimensions, the transmission coefficient is slightly
better. This increase is mainly because of the diffracted waves at the edge of the medium
model which will be intercepted by the remote antenna port. In Figure 6.41, the animation
of E-field amplitude with the setup of 20 × 20 mm2 is shown. It can be observed that,
in this case, the amplitude of diffracted waves (that later are captured by the remote
antenna) is approximately 22 dB smaller than the amplitude of the (penetrating-medium
or desired) waves in the core of dielectric rod.

6.7

SIR performance for different matched media

Eventually, the summary of the available SIR, S-parameters, and isolation bandwidth
for various propagation media with their matching layer is listed in Table 6.3. The listed
propagation media have relatively high εr . For that reason, the matching layer needs to
be incorporated and implemented at the tip of the rod or wireless connector’s cap.
It can be seen that the most challenging medium to penetrate by 60-GHz wave is
pure water, because of its high εr and loss tangent. Therefore, more tests with different
thicknesses are included here. However, at 60 GHz, sea water with certain salinity is less
reflective than pure water (yet is still lossy). The complex permittivity of sea water (0
◦
C, 35 ppt) at 60 GHz is 6.8 − j13.6 [205].
A negative SIR (worst-case) may suggest that, for those particular media (and thickness), full-duplex communication in a common frequency band might only be supported
for few channels. Frequently, the SIR can be achieved as high as e.g. 17 dB only for fewgigahertz bandwidth. Other than this, this full-duplex communication has to be realized
using another scheme such as FDD (see Figure 6.27) or TDD.
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Table 6.3: Summary of the available SIR, S-parameters, and isolation bandwidth for different propagation media. The wideband antenna pair with two-antenna excitation is used. The matching layers are
incorporated. Unless otherwise specified, the result from the worst-case channel (except Channel 4) is
shown.

Medium (Thickness);
Matching layer
(Thickness)
Cement concrete (5
mm);
LCP (0.65 mm)
Glass (5 mm);
LCP (0.65 mm)
Alcohol, e.g., Ethanol,
25 ◦ C, (5 mm);
LCP (0.45 mm)
Sea water, 0 ◦ C, 35 ppt,
(0.5 mm);
Alumina (0.23 mm)
Pure water, 25 ◦ C,
(1 mm);
Alumina (1.07 mm)
Pure water, 25 ◦ C,
(0.5 mm);
Alumina (0.3 mm)
Pure water, 25 ◦ C,
(0.1 mm);
Alumina (0.345 mm)

20-dB
isolation
bandwidth
[GHz]
from <50
up to >67
from <50
up to >67
from <50
up to >67

Isolation
[dB]

Transmission
coeff. [dB]

SIR [dB]

29 (Ch.1,
2), 34 (3),
25 (4)
26 (all)

−25 - −24
(Ch.1, 2, 3),
−28 (4)
−17 (Ch.1, 2,
3), −21 (4)
−30 (Ch.1,
2), −31 (3),
−35 (4)
−24

4 (Ch.1), 5
(2), 10 (3),
−3 (4)
9 (Ch.1, 2,
3), 5 (4)
−3 (Ch.1,
3), −5 (2),
−10 (4)
0 (worstcase)
−20
(worstcase)
−5 (worstcase)

55 - >67

27 (Ch.1),
25 (2, 4),
28 (3)
24

57 - >67

24

−44

from <50
up to >67

24

−29

55- >67

26

−17

11 (Ch.1),
10 (2), 17
(3), 3 (4)
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Concluding remarks

The end-to-end antenna experiment for the application of wireless connector has been
performed. The initial study reveals that the RCS of the antenna has to be reduced
to avoid the multiple reflections between the antennas. This multiple reflections reduce
the isolation performance of the local antenna. The structural-mode and antenna-mode
scattering influences the RCS of the antenna. It is found that, by reducing the metallic
area (by bending or partially removing ground-plane area) of the antenna, this RCS can
be reduced.
Using this knowledge, the wideband antennas with trimmed ground plane are designed and tested through measurement. From the end-to-end antenna measurement, the
wideband rod antenna pair with two-antenna excitation shows its superiority over the
wideband rod antenna pair with one-antenna excitation, in terms of its isolation. The
simulation results for different distances are in good agreement with the measurement results. The case of rotation, misalignment, and yaw are also investigated. The requirement
for range, rotation, misalignment, and yaw can be met using this antenna pair.
The analytical model for layered dielectric media has been briefly discussed. The
model can be used to calculate reflection and transmission coefficients of the matching
layers together with the propagation medium. In this way, the matching layer with its
dielectric properties and thickness can be studied and optimized. The result obtained
from this model can be used as input for the evaluation using the 3-D full-wave EM
simulation software.
Except Polystyrene and oil, the propagation medium such as plastic, concrete, glass,
and water requires the use of a matching layer, when full-duplex communication in the
same frequency channel is targeted, and the LNA desensitization needs to be prevented.
For example, with the matching layer, this antenna system can support 60-GHz signal
transmission through pure/distilled water with a thickness of 0.1 mm and still have the
available SIR of up to 17 dB. For pure water with a thickness of ≫0.1 mm up to 1.5 mm,
the use of FDD (or TDD) scheme for bi-directional communication is recommended.

Chapter 7
mm-Wave Multibeam Antenna with
Large Scan Range
The developed rod antenna described in the previous chapters is extended for multibeam
applications. The proposed multibeam antenna array is suitable for several emerging mmwave applications. These applications include future 5G wireless communication, indoor
802.11ad multimedia streaming, and outdoor mm-wave backhaul communication. In addition to data communication, generally, the multibeam antenna also finds its potential
use in radar applications for automotive market.
First, the introduction and motivation for developing the multibeam antenna array is
given in Section 7.1. The design of its array element and a technique to obtain a large
scan angle is then given in Section 7.2. Following that, the design and characterization
of the feed network and bondwire interconnection is described in Section 7.3. Finally,
the simulation and measurement results are presented in Section 7.4 and Section 7.5,
respectively. A comparison with some state-of-the-art antennas is also provided at the
end of this chapter.

7.1

Introduction of the multibeam antenna

There are several techniques to realize a large scan range of an antenna. Two major concepts are the switched-array technique and phased-array technique. These two techniques
can support multibeam applications. In addition to having a large gain and coverage, this
multibeam antenna can provide immunity to blockage, e.g., by exploiting additional paths
from reflecting walls.
The demonstration of the multibeam antenna using switched-array technique at 11
GHz was published by the author in [154]. In [211], another technique to realize a large
scan range using the different deflector elements is investigated. Moreover, the phasedarray antenna finds its versatility in many applications and is capable to create beams with
relatively large scan range. Also, recent development of Beam-Forming Networks (BFNs)
with overlapped sub-arrays for multibeam application is demonstrated by Petrolati et
al. in [212]. Analogue BFNs can be realized in many ways, incorporating complex feed
network such as corporate, Rotman, Blass, Nolen, and Butler matrices.
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ȱ

ȱ

(a)

(b)

Figure 7.1: Grating-lobe-free scan volume (in gray color) for (a) distance between array element in x-axis
dx = 0.5λ and in y-axis dy = 0.5λ and (b) dx = 0.4λ and dy = 0.7λ. The center circle is the possible
visible space that can be achieved by the phased-array antenna. The small rectangle in that center circle
is the main beam. The other circles represent the possible space in which the grating lobes exist. The
rectangular grid array is assumed [174].

7.1.1

Motivation

One of the important considerations in realizing such coverage using a phased-array antenna is the presence of grating lobes. This grating lobe appears on the opposite side of the
scan plane when the array is steered too far. The array element has to be spaced properly
in order to avoid grating lobes. The illustration of this grating lobe for different element
spacing is shown in Figure 7.1. The sine space coordinate system has been discussed in
Chapter 4 (see Figure 4.31(a)). Here, it will be used for explaining the presence of the
grating lobe that is inherently possessed by the phased-array antenna. The scan volume
depicted in a circle with a diameter from −1 to +1 denotes the possible visible space that
can be achieved by the phased-array antenna. In this illustration, it is assumed that the
scanned beam of this array antenna is capable to scan up to the scan angle θscan = 90◦
(i.e. the circle coincident with u or v = 1 or −1). The maximum of the scanned beam is
a distance of sin(θ) from (u, v) = (0, 0). An element spacing of λ/2 or less avoids grating
lobes in the visible space for all possible scan angles. When the expected maximum scan
angle θscan < 90◦ , the element spacing can be enlarged.
A demonstration using the simulation of the linear array is shown in Figure 7.2. The
element spacing is defined in Figure 7.2(a). Each patch antenna is excited by a coaxial
probe. Three different element spacings are tested. The directivity is used here to interpret
the effect of element spacing, scan angle, and maximum scan range on the radiation
pattern.
In Figure 7.2(b), for θscan = 40◦ , it can be seen that the mainlobe direction is 36◦ .
The difference between the expected and resulting mainlobe direction becomes larger for
larger θscan . The directivity reduces with increasing θscan , while the HPBW enlarges.
The presence of grating lobe is observed for larger θscan , though the element spacing
is λ/2. In Figure 7.2(c), the scanned beam for smaller element spacing is presented.
No grating lobe is observed for all θscan . However, due to undesired mutual coupling
between the patch elements, the scan range is further limited, and an erroneous mainlobe
direction is observed as soon as θscan is set for 20◦ . In Figure 7.2(d), the scanned beam
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Figure 7.2: Simulated scanned beam of the phased-array antenna in the 0◦ -plane, for different element
spacings. (a) The array structure. The radiation pattern for element spacing: (b) λ/2, (c) λ/4, and (d)
3λ/4 with different scan angle θscan = 0◦ , 20◦ , 40◦ , 60◦ , and 80◦ at 60 GHz. (e) Frequency-dependent
scanned beam of the phase-array antenna, e.g. for element spacing = λ/2 and θscan = 20◦ .
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Antennas

Antennas
RF
switch
(a)

RF
Transceiver

RF
Transceiver
RF
Transceiver
RF
Transceiver

(b)

Figure 7.3: Block diagrams of the switched-beam antenna system with different architectures: (a) Array
elements, RF switch, and RF transceiver; and (b) Array elements and multiple RF transceiver.

for element spacing = 3λ/4 is shown. The grating lobe is present (already) for θscan =
20◦ . The issue with the limited scan range needs to be tackled while the grating lobe
has to be avoided. In addition to that, the beam broadening is an inherent challenge in
this electronic-scanned antenna array. The changing HPBW as a function of frequency
is another challenge to design the phased-array antenna as illustrated in Figure 7.2(d).
Furthermore, the quantization effect of the implemented phase shift causes the phase
error. In other words, the staircase approximation to the required phase causes this effect
which produces undesired sidelobes. These sidelobes have the periodicity similar to the
grating lobe [213].
Another elegant approach to realize large scan range is by using a conformal patch
array for which each array element will contribute to the radiation pattern differently
[214]. The cause of this different element contribution is because the unit normal of each
element is oriented in a different direction. At boresight, each element corresponds to a
different point in its patch pattern, resulting in a different radiation contribution than
its neighboring patch. Compared to the planar phased-array antenna, this conformal
array antenna might have a larger SLL and more minor lobes for the same number of
array elements. These characteristics become more pronounced when the bending radius
grows.
In this work, the switched-beam array with conformal rod elements will be designed
and demonstrated in order to show its scan-range extension with almost uniform radiation
patterns. The block diagram of this structure can be seen in Figure 7.3. The dielectric
rod is responsible to enhance the radiation characteristic of each array element. In Figure
7.3(a), an RF switch is incorporated and will select the signal path to/from which array
element the signal will be delivered. No grating lobe will be expected in this structure,
and no frequency dependency occurs for different scan angle θscan . The drawback is that,
as in most of BFN-based technique, the contribution of the loss in the feed network will
be large. Because of this, the best architecture to avoid the high losses is to use a separate
RF transceiver for each rod element and perform switching in the IF or digital domain
as illustrated in Figure 7.3(b). However, for demonstration purposes, the architecture in
Figure 7.3(a) will be used.

7.2

Design of antenna array and array element

To realize an antenna array, the array element has to be developed. The dielectric rod
antenna is a strong candidate because of its high directivity. The rod will be excited
by a linearly polarized patch antenna. In the following section, the design of this patch
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l1
l2
w1

Figure 7.4: Structure of the rod antenna excited by the linearly-polarized (square) patch antenna. The
information about the stackup thickness can be seen in Table 4.6.
Table 7.1: Dimensions of the planar structure.

Parameter
l1
l2

Dimension
[mm]
1.16
0.24

Parameter
w1

Dimension
[mm]
0.24

antenna will be discussed.

7.2.1

Linearly polarized patch antenna

The patch antenna is known to be a promising antenna candidate, due to its efficiency
to couple EM energy to/from the dielectric rod. This characteristic has been discussed
in Chapters 4 and 5. The technique of electromagnetic coupling is employed here. The
detailed dimensions of the planar structure are shown in Figure 7.4 and Table 7.1. The
thickness of each stackup layer is similar as is described in Table 4.6. The blue- and greencolor lines correspond to the top- and bottom-layer metal, respectively. The black-color
line corresponds to the m1 metal. The position of each metal layer is also illustrated.
The LCP substrate is used due to its mechanical flexibility and low loss. The dimensions
of the rod are similar to the design in Figure 4.2. The manufactured structure of this
patch antenna is shown in Figure 7.5. This patch antenna will be used for the initial
characterization of the array element with the rod on top of it.

0.5 mm

Figure 7.5: Manufactured planar structure of the linearly polarized rod antenna.
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l5
l3
l6
w2

l4
w3

(a)


(b)

¢

Microvia Cavity

(c)

Figure 7.6: (a) Top view of the antenna structure, with the (square) main and parasitic patches. The
information about the stackup thickness can be seen in Table 4.6. Two approaches to create the cavity
for the RF switch are illustrated: (b) Cavity I and (c) Cavity II.

7.2.2

Patch antenna with wideband input impedance

The linearly polarized antenna with an improved impedance response is also proposed
for the array element in this work. It is preferable to implement the patch antenna on a
thin carrier stackup, i.e. to support the carrier (bend) flexibility. In this way, not only
will the array have a uniform and good radiation characteristic for each scan angle, but
the wideband performance is also obtained. A parasitic-element approach is utilized here,
in order to produce that wideband input impedance. The detailed planar structure is
described in Figure 7.6(a) and Table 7.2. Two symmetrical parasitic square patches are
placed along the 0◦ -plane. The main patch is also a square patch with bigger dimensions
than the parasitic patch. The gap between the main patch and parasitic patch w3 is 0.07
mm.
At the carrier laminate, several cavities will be created in which the RF switch chip
will be positioned. The cavity ensures that the bondwire interconnection is robust and
electrically short, in order to avoid the parasitic effect at 60 GHz. Therefore, two potential
realizations of this cavity are ilustrated in Figures 7.6(b) and (c). In Figure 7.6(b), the
deep cavity (Cavity I) gives an advantage such as a shorter bondwire. In Figure 7.6(c),
the shallow cavity (Cavity II) requires a longer bondwire. However, Cavity II is easier to
realize, less prone to crack, and gives a better yield result. Therefore, Cavity II will be
used here.
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Table 7.2: Dimensions of the wideband planar structure.

Parameter

Dimension
[mm]
1.16
0.34
1.09

l3
l4
l5

Parameter
l6
w2
w3

Dimension
[mm]
1.09
0.24
0.07
D1

L2

L1

90°-plane
y z
0°-plane
x

D2

T1

D3

(a)

(b)

Figure 7.7: Dimensions of the dense-dielectric-rod antenna array: (a) Top view and (b) side view. The
single rod dimensions are as reported in Table 4.4.

7.2.3

Optimization of the radiation pattern: Dense-rod array element

An investigation to improve the radiation performance while keeping the axial length of
the rod constant is performed. Not only is the maximum achievable gain important, but
the SLL also influences the multibeam array performance. This SLL will determine the
coupling characteristic of the array element towards its neighboring elements.
The use of several rod elements to improve the radiation pattern has been introduced
and demonstrated. The work on closely-spaced rods is reported in [215–218], and the
coupling between the rods is investigated in [219]. The rod antenna array using the
Substrate Integrated Waveguide (SIW) structure is demonstrated by Kazemi et al. in
[220–222]. In those works, each rod is excited by a dedicated feed line. In this work, the
dense-rod array will be tested as the array element. Hence, one patch antenna will excite
several closely-spaced rods.
Several topologies of this dense-rod array have been investigated. One approach to
improve the gain is by positioning several rods with the topology as illustrated in Figure
7.7. In this example, a square topology is shown. Besides, the star topology will also be
investigated. Using this approach, the lateral dimensions of the array element becomes 9
× 9 mm2 . The single rod dimensions are kept as reported in Table 4.4. Other topologies
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of the array such as horizontal, vertical, and extended star have also been studied, but
their performance is considered inferior as compared to the star and square topology.
Therefore, they are not included here.
Several antenna structures with different patch structures (i.e. wideband and narrowband) and rod topology are summarized in Table 7.3. As for the first structure, the
single rod is excited by either a narrowband or wideband patch antenna. A comparison
to the radiation characteristics is also provided in Table 7.3. The measured narrowband
antenna and simulated wideband antenna have a coincident maximum gain of around 15
dBi. It also can be observed that the wideband antenna, due to the presence of parasitic
elements, has a smaller SLL of about 2 dB.
The second structure is the narrowband patch antenna exciting the star-topology rod.
The simulated co-polarization radiation pattern is in a good agreement with the measured
one. The gain increase of 2 dB (as compared to the narrowband patch with the single
rod) is obtained using this star-topology rod (i.e 17 dBi). Apparently, this gain increase
is followed by a comparable SLL increase of 2 dB. The use of this dense-rod array element
does not spoil the cross-polarization gain.
The third structure is the wideband patch antenna exciting the star-topology rod. As
is expected by using the parasitic patch antennas, the SLL is reduced by 2 dB (comparing
the third and second structure). However, the single-rod topology with the same wideband
patch antenna still has a 2-dB lower SLL as compared to the star-topology rod with the
wideband patch (comparing the third and first structure). The advantage of using the
star-topology rod is that the maximum gain is 16.5 dBi, which is 1.5 dB larger than using
the single-rod topology, at the expense of the SLL.
The fourth structure is the same narrowband patch antenna exciting the squaretopology rod. The simulation and measurement results of this antenna are provided.
An increase of the gain for about 0.5 dB is obtained. However, the SLL dramatically
increases. This increase can be caused by the radial arrangement of the parasitic rods.
The refracted waves from these corner rods (i.e. the rods with the larger radius from
the center rod) generate a large SLL. This large SLL will create a significant undesired
coupling in this corresponding scan angle.
It can be concluded that the introduction of the parasitic rods can increase the gain,
though the SLL and the routing length of the microstrip line will also increase. The use of
parasitic patches (i.e. wideband patch antenna), on the other hand, can slightly suppress
the SLL, in addition to its wideband input impedance. The presence of the parasitic rods
does not influence the performance of the input impedance. Based on this, the singlerod topology with the wideband patch antenna is still preferred and will be used as the
array element in this demonstration. In addition to the aforementioned benefit (i.e. a
smaller SLL), the single-rod topology does not require a large distance between the array
elements. In this way, the routing length of the microstrip line can be minimized. This
will be discussed further in the next sections. However, if the SLL is not a major system
limitation, those different topologies of the rod parasitic can give a reduction of the rod
axial length of 1λ - 2λ for the same maximum gain (see Figure 4.7).
In Figure 7.8, the E-field amplitude and phase (at 61 GHz) of a single-rod antenna
(i.e. an array element) are presented. In order to avoid coupling between array elements
(see the E-field in the rod’s surrounding in Figure 7.8(a)), a sufficient distance between
those elements is required. Using the single-rod topology, the pitch distance (i.e. the
distance between element’s centers), when the substrate carrier is not bent, is 6 mm. If
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Table 7.3: Pattern comparison for different rod and antenna structures in the 0◦ -plane at 61 GHz.

Structure

Radiation pattern
meas. narrowband
sim. wideband

Narrowband

Wideband

Dielectric rod

meas. co-pol.
sim. co-pol.
Cross-pol.

Patch
antenna

Transmission line

sim.

90°-plane
y z
0°-plane
x

meas.
sim.
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(a)

(b)

Figure 7.8: E-field Ey (a) in amplitude and (b) phase in the 0◦ -plane. The (vertical) linearly polarized
rod antenna is being employed.

another topology (either star- or square-topology) is used, the pitch distance of at least 9
mm is needed. In Figure 7.8(b), it can be seen that a flat phase front is maintained along
the rod. For less than 5 mm after the rod tip, a spherical phase front emerges.

7.2.4

Conformal antenna array

The 3-D (conformal) approach to realize the array is proposed in this design to enable a
large scan range. Figure 7.9 shows the structure of this antenna where the array-element
angle θel = 25◦ is illustrated. By having a total of 8 elements, the scan range of this
array can reach the scan angle θscan = ±87.5◦ in the 0◦ -plane. The port assignment is
described in Figure 7.9(a), and, due to the structural symmetry, some array elements
perform similar to other elements.
The simulated S-parameters of the structure in Figure 7.9 are shown in Figure 7.10.
The reflection coefficient S11 for each element is quite similar. The −10-dB impedance
bandwidth of each array element is 8 GHz (from 56 to 64 GHz). The coupling between the
closest elements, e.g., S21 is <−30 dB within this impedance bandwidth. The coupling
between the farthest elements S21 is <−55 dB.

7.3

Design of feed network and bondwire interconnection

As discussed in Section 7.1.1, for demonstration purposes, the configuration of the antenna
array with the RF switch will be used. The layout of this antenna array with the switching
circuit is shown in Figure 7.11. Eight wideband patch antennas are placed at the upper
region of the layout. The pitch distance between the antennas is 6 mm, giving sufficient
room to position the rod. Alignment marks are given for ease of the rod assembly. Thanks
to the LCP technology, the PCB can be bent to realize the 3-D structure. Bent structures
using the LCP technology have also been tested in [223, 224]. The microstrip lines (see
m1 layer in Figure 7.12) are used as the transmission line. The ground plane is built on
the bottom layer in Figure 7.12. Some part of the ground plane is removed in order not
to block the rod antenna’s radiation.
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Figure 7.9: Structure of the conformal antenna array: (a) Side view and (b) top view. The array-element
angle θel is defined.
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Figure 7.10: Simulated S-parameters of the antenna array in Figure 7.9.
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Figure 7.11: Layout of the planar structure of the antenna array.

In order to switch the RF path to each of this eight array element, essentially a SP8T
switch is needed. However, there is no commercially available 60-GHz switch which has
eight outgoing paths. The author proposes a design of a 60-GHz SPNT switch based
on RF Microelectromechanical System (RF-MEMS) technology in [225]. The design has
been characterized using the full-wave EM simulator and exhibits a good performance
(i.e. low loss and reflection) for a wide frequency band. However, the manufacturing
process is usually a major challenge in designing RF-MEMS and, hence, needs to be
further investigated. Therefore, for this switched-beam demonstration, several GaAs PIN
MMIC Single Pole Double Throw (SPDT) switches from Hittite are used [226]. As can
be seen in Figure 7.11, seven SPDT switches are required to support these eight array
elements. These switches will be placed on the cavities, and, finally, wirebonding will be
performed during the assembly process. This bondwire connects between the pads of the
die and carrier. Also, some switches are connected to each other through the bondwire
between the die pad of one chip and the die pad of another neighboring chip. Each switch
needs two DC biases (±5 V) each with a decoupling capacitor. This capacitor should
be placed no farther than 0.75 mm from the switch. The thickness of the switch die is
0.1 mm while its length and width are 2.01 mm and 0.975 mm, respectively. The SPDT
switch can operate from 55 to 90 GHz with good isolation and loss performance. At 60
GHz, the typical insertion loss of the switch is 1.2 dB, and the isolation is 33 dB. The
reflection coefficient at 60 GHz is between −11 and −13 dB.
Figure 7.13 shows the perspective view of the antenna array including the stand fixture
(for the measurement convenience). The 3-D printing technology is used to create this
fixture. The planar antenna is then taped on top of this fixture. The detailed structure of
the bondwire transition is also provided in Figure 7.13. hbw is the bondwire’s arc height.
dd−d is the pitch distance between the interconnecting die pads. pbw is the position of the
arc maximum. In this design, pbw is always assumed to be in the middle of the arc. hµv
is the height of the microvia from the bottom layer to the ground plane (on m1) of the

Figure 7.12: Exploded view of the multibeam antenna array.
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Figure 7.13: Structure of the feeding network, bondwire transition, and assembly of the antenna array.
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(a) Bondwire’s height.

(b) (Return-path) via position.
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Figure 7.14: Simulated S-parameters for optimizing bondwire transition. (a) and (b) are related to the
die-to-carrier interconnection whereas (c) is for die-to-die interconnection. For (a) and (b), port 2 is
located in the transmission line while port 1 is located at the die pad. The port assignment is described
in Figure 7.13. For (c), both port 1 and 2 are placed in the respective die pad.

chip. dµv is the pitch distance of those microvias. hac is the height of the chip from the
carrier surface after the assembly. lgp is the extrusion length of the ground plane from
the chip area. The bondwire is made up of aluminum with a diameter of 25 µm. The
copper can be also used as the wire material, but it suffers oxidation. The gold bondwire
is commonly used, but the assembly process is more complex than the process for the
aluminum bondwire. Therefore, the aluminum bondwire is used in this work.
The design and optimization of this transition is provided in Figure 7.14. CSTr MWS
is used to perform this optimization. In Figure 7.14(a), the reflection coefficient S11 for
various bondwire’s arc heights is given. It can be seen that higher bondwire will lead to
more reflections.
Another important aspect in designing this transition at 60 GHz is its return path,
which is usually realized by (micro) vias. For example in Figure 7.14(b), if the returnpath via is closer to the signal line, the reflection coefficient is reduced. Sufficient numbers of parallel microvias can minimize the effect of parasitic inductance and improve
the S-parameter performance (the study is not shown here for brevity). Moreover, the
bondwire’s (bridging) length has to be as short as possible for 60-GHz application. For
instance in Figure 7.14(c), the pad-to-pad pitch distance dd−d should not be larger than
0.16 mm. In this case, the loss contribution of the sole bondwire (on GaAs) is negligible
(i.e. <0.3 dB at 60 GHz). The Electroless Nickel Electroless Palladium Immersion Gold
(ENEPIG) finish is applied on the copper trace, due to its suitability and benefit for the
wirebonding process. Also of great importance is the realization of the microstrip corners. In this work, if the corner’s angle is less than 45◦ , a chamfer (a symmetrical sloping
surface at an edge or corner) is applied to the corner. This approach will improve the
high-frequency response of the microstrip line, such as less reflection.
Figure 7.15 plots the simulated reflection coefficient of the planar structure as illustrated in Figure 7.13. It can be seen that, for all ports, the reflection coefficient is less
than −10 dB. The transmission coefficients are also investigated and reported in Figure

Reflection [dB]
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Figure 7.15: Simulated reflection coefficient for the switched-beam planar structure illustrated in Figure
7.13. The black line represents Sn,n while the gray line represents Sn+1,n+1 . The port assignment refers
to its use in Figure 7.13.
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Figure 7.16: Simulated transmission coefficient for the switched-beam planar structure illustrated in
Figure 7.13. The port assignment refers to its use in Figure 7.13.
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Table 7.4: Loss contribution in the feed network and RF switches. The result is obtained from simulation.

Structure
Three RF switches
Transmission line &
bondwires for θscan = 12.5◦
Transmission line &
bondwires for θscan = 37.5◦
Transmission line &
bondwires for θscan = 62.5◦
Transmission line &
bondwires for θscan = 87.5◦

Insertion loss [dB]
56 GHz
60 GHz
64 GHz
3
3.6
4.5
8.2
9.2
9.5
7.7

8.2

9.8

7.7

8.2

9.5

9

10.2

11

Table 7.5: Dimensions of the optimized bondwire transition as illustrated in Figure 7.13.

Parameter
hbw
pbw
lbw
dd−d

Dimension [mm]
0.04
0.09 (middle of
arc)
0.16
0.16

Parameter
hµv
dµv

Dimension [mm]
0.14
0.23

hac
lgp

0.05
0.15

7.16. In Figure 7.16(a), the common loss contribution of the feed network can be deduced. Approximately, 3.7-dB insertion loss at 60 GHz (or the common loss) is present
at each microstrip line from port 1 to the ingoing SPDT chip in port 4. This insertion
loss includes the bondwire loss but excludes the insertion loss of the SPDT chip. Other
loss contribution from the microstrip line will be from the outgoing SPDT chip to each
corresponding array element, reported in Figures 7.16(b) and (c). These results already
include the insertion loss of the bondwires. As can be observed, the insertion loss of the
microstrip line between port 8 and port 12 is the largest, i.e. approximately 6.5 dB at
60 GHz. The insertion loss of each chip is 1.2 dB at 60 GHz [226]. Therefore, the total
loss will be (3.7 + 1.2 + 1.2 + 1.2 + 6.5 =) 13.8 dB. On the other hand, the microstrip
line between port 6 and port 10 exhibits an insertion loss of 4.5 dB at 60 GHz. This loss
contribution will sum up to a total loss of 11.8 dB. The summary of the loss contribution
in the feed network and RF switches for different frequencies is tabulated in Table 7.4.
Because of this high losses, the alternative configuration (see Figure 7.3(b)) would be to
use a separate transceiver chip for each rod antenna.
The investigation of the mutual coupling between the microstrip lines that feed each
array element is also of great importance. Figure 7.17 summarizes these couplings. The
worst case is the coupling S9,6 followed by S10,5 with −17 dB and −20 dB, respectively, at
60 GHz. The corresponding insertion loss of the microstrip line to port 9 is 5.5 dB that
leaves a level difference (or suppresion) of 11.5 dB (= −17 + 5.5). Because of this, it is
expected that the SLL of the switched-rod array will be slightly affected. The stand-alone
rod’ SLL is approximately −14 dB. Finally, the optimized bondwire dimensions with the
transition technique using (return-path) microvias are shown in Table 7.5.
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S4,5
S6,5

(a)

S10,5

(b)

S14,5
S9,6

(d)

S11,5

S12,5
S13,5

(c)

S10,7
S12,7
S11,8

S11,6
S12,6

(e)

(f)

Figure 7.17: Simulated coupling coefficient (i.e. leakage) for the switch-beam planar structure illustrated
in Figure 7.13. Only the essential and representative mutual couplings are displayed here. The port
assignment refers to its use in Figure 7.13.
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Simulated radiation pattern

In this section, the simulated radiation pattern of the antenna array will be presented
and discussed. The structure of this array can be seen in Figure 7.9. The co-polarization
pattern for different frequencies is shown in Figure 7.18. The corresponding S-parameters
can be seen in Figure 7.10. Important to note is that no feed network is included in this
pattern characterization.
At 56 GHz, the maximum (realized) gain of each element is approximately 14.5 dBi.
Note that this gain is obtained for the array structure only (see Figure 7.9) and does not
include the loss of the feed network. The HPBW is approximately 24◦ , and the SLL is
approximately −14 dB. The beam crossover is −3.1 dB. At the peak of any arbitrary lobe,
the adjacent-lobe suppression reaches 10 dB. A similar investigation is also performed at
60 GHz and 64 GHz. At 64 GHz, the mainlobe becomes more directive, and the SLL
increases. The gain at 64 GHz is approximately 13.5 dBi.
To investigate the uniformity of the array elements, Table 7.6 summarizes the simulated radiation characteristic, i.e. gain, HPBW, and SLL. While there is no significant
variation for the gain value, the HPBW increases for about 3◦ for the outermost (excited
at port 4) antenna. However, the overall radiation characteristic for each array element
can be considered as uniform, from 56 GHz to 64 GHz. The total radiation efficiency ηtot
is better than 85 % up to 62 GHz. The summary of the efficiency is reported in Figure
7.19.
To conclude, the antenna array can assure the uniformity of each array element’s radiation characteristic for a wide frequency band. The best option for the system architecture
is to use a separate RF transceiver chip for each rod antenna.

7.5

Experimental demonstration

The multibeam antenna system is designed and manufactured to demonstrate a large
scan range with a uniform radiation characteristic. The complete planar element of the
array structure to demonstrate this switched-beam operation is given in Figure 7.20(a).
There will be seven RF-switches assembled on this LCP carrier, in order to support eight
switched beams. Figure 7.20(b) shows seven RF switches assembled and wirebonded to
the carrier pads. Two decoupling capacitors are assembled surrounding each switch die.
In Figure 7.20(c), the zoom-in view of the bondwires in Switch 1 is given. The height
hbw of the bondwire is around 0.15 mm, which is different than the expected height
(see Table 7.5). The antenna array on top of a mechanical fixture (made of plastic) is
illustrated in Figure 7.20(d). The DC cables are attached there to bias the RF switches.
The antenna is measured inside the anechoic chamber shown in Figure 7.20(e). The plane
definition is given in this figure.

7.5.1

Reflection coefficient

The measured reflection coefficient of the antenna system is exemplified in Figure 7.21.
This includes the presence of the bondwires, RF switches, feed network, and RPC connector. In Figure 7.10, the impedance bandwidth of the stand-alone antenna array spans
from 55 - 64 GHz. As can be seen in Figure 7.21, between 58 and 60 GHz, the reflection coefficient is >−10 dB. Furthermore, for >62 GHz, the reflection coefficient is poor.
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10 dB

3.1 dB

(a) At 56 GHz.
11.3 dB

3.3 dB

(b) At 60 GHz.

10.6 dB

3.8 dB

(c) At 64 GHz.
Figure 7.18: Radiation pattern (co-pol.) in the 0◦ -plane for different frequencies.

Antenna element,
(excitation port)
port 1,
θscan = 12.5◦
port 2,
θscan = 37.5◦
port 3,
θscan = 62.5◦
port 4,
θscan = 87.5◦
15.3
15.5
15.3
15.1

14.3

14.6

14.4

13.4

13.4

13.4

13.6

Gain [dBi]
60 GHz 64 GHz

14.7

56 GHz

27.6◦

23.6◦

23.8◦

23.2◦

56 GHz

26.1◦

23.3◦

22.2◦

22.7◦

HPBW
60 GHz

22.9◦

20.8◦

21.4◦

21.1◦

64 GHz

−14

−14.3

−14

−14.2

56 GHz

−15.4

−15

−14.9

−15.5

−12.1

−12.5

−12.8

−12.8

SLL [dB]
60 GHz 64 GHz
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Table 7.6: Summary of radiation characteristics (co-pol.) of the array element. Note that due to the
structural symmetry, the performance of remaining four elements is not shown here for brevity. The port
assignment refers to its use in Figure 7.9.
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Total radiation efficiency [%]

90
85
80
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70
65
60
55
50
56

58

62
60
Frequency [GHz]

64

66

Figure 7.19: Total (radiation) efficiency ηtot for excitation at port 1. The port assignment refers to its
use in Figure 7.9.

This is attributed to the dimensions of the manufactured bondwire. The height of this
manufactured bondwire hbw = 0.15 mm, and the length lbw = 0.275 mm. Those are
larger than what are expected, namely hbw = 0.04 mm, lbw = 0.16 mm (see Table 7.5).
In order to manufacture with the expected bondwire’s dimensions, more assembly tests
are required. Therefore, more SPDT switches are needed to perform those tests, which
were not present during the assembly. However, the antenna system still demonstrates a
satisfactory reflection coefficient to demonstrate the radiation pattern with a large scan
range.

7.5.2

Radiation pattern

The radiation measurement is performed in the 0◦ -plane. From post-processing of the
measured data, the gain of the antenna can be obtained. The post-processing includes
the de-embedding of the loss contribution (see also Table 7.4) of the transmission lines,
bondwires, RF switches, micro-coaxial cable, and connector. The switch area (the green
area in Figure 7.20(c)) is covered with an absorber in order to minimize the effect of
undesired radiation from the bondwires and other discontinuities (in the switch circuit).
In Figure 7.22, the measured radiation pattern of the antenna array is presented at 56
GHz and 60 GHz. It can be observed that the obtained gain is around 15 dBi and 16 dBi
at 56 GHz and 60 GHz, respectively. At 56 GHz, most switched antennas have the SLL
< −10 dB. The HPBW is around 20◦ - 24◦ . The gain variation between the elements is
<2 dB.
At 60 GHz, the HPBW of θscan = ±12.5◦ is broader than the rest. The measured
result at 56 GHz and 60 GHz is generally in a satisfactory agreement with the simulated
result. Only for the element with θscan = −87.5◦ , the measured radiation pattern is still
influenced by the undesired radiation of the switch circuits. For the element with θscan =
37.5◦ , the mainlobe’s maximum direction is at θ = 45◦ for both frequencies. This is due
to the roughness of the mechanical fixture.
If the de-embedding is not included, the absolute gain needs to be subtracted in order
to take into account the losses in the feed network, bondwires, and RF switches. As
can be observed, the effect of undesired radiation from the feed network and bondwire
(i.e. switch circuit) becomes significant here, because the input power in the ingoing
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Decoupling
capacitors

Microstrip lines

20 mm
60-GHz line

Switch
cluster 2

DC
lines

Switch
cluster 1
1 mm
2 mm

DC lines

Switch 1

60-GHz lines

Bondwire [A]
(a)

(b)

Mechanical fixture
(d)

ref. line

z 90°-plane
y

~0.15 mm

x 0°-plane

(e)

Switch in cavity

(c)
Figure 7.20: (a) Manufactured antenna array. The cavities are still empty and have no assembled switches.
(b) Assembled switches inside the cavities. This area is called ’switch circuit’ in this Dissertation. (c)
Zoom-in view of the bondwire in Switch 1. (d) The antenna system with the biasing cables and 60-GHz
micro-coaxial cable. (e) The antenna is being measured inside the 60-GHz anechoic chamber.
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Figure 7.21: Measured reflection coefficient (S11 ) during activated RF switches. The provided result is
for θscan = −12.5◦ .

port of the rod antenna is relatively small and has experienced the insertion losses in the
switch circuit. Therefore, the use of the absorber on top of the switch area is mandatory.
Important to note is that the absorber position should not be too close to the switch area,
in order not to attenuate the desired signal.
The cross-polarization pattern is also reported in Figure 7.23. There is no significant
variation for different frequencies. As can be observed, the best cross-polarization gain
is −36 dBi, which occurs at θ = 12.5◦ for the excitation at port 1. Figure 7.23 shows a
relatively strong cross-polarization gain for −60◦ < θ < −30◦ . This is also due to the
radiation in the switch area, e.g. bondwire radiation that is orientated in the 90◦ -plane
(see Switch cluster 2 in Figure 7.20(b)). It can be seen that the undesired radiation
becomes more significant for higher frequencies, albeit the use of the absorber.
In Figure 7.24, the measured radiation pattern at 64 GHz is presented. A poor radiation characteristic is measured here. As mentioned earlier, manufacturing tolerances of
the bondwires limit the performance of reflection coefficient of the antenna system at 64
GHz (see Figure 7.21). As a result, the antenna radiation at 64 GHz is strongly influenced by and becomes comparable with the undesired radiation of the switch circuit. The
antenna radiation for different frequencies from 58 to 63 GHz is shown in Figure 7.25. It
can be seen that, at 63 GHz, the gain decreases and is around 10 dBi.

7.5.3

Minimizing radiation effect from switch circuit

The source of this undesired radiation needs to be investigated. First, the radiation from
a bondwire using the manufactured dimensions is investigated. This can be done through
measurement by closing the outgoing ports of Switch 1 in Figure 7.20(b). In this way,
the radiation from the bondwire [A] can be measured and is presented in Figures 7.26(b),
(c), and (d). This will also verify the simulated result of the bondwire structure in Figure
7.26(a). It can be seen that the radiation from this bondwire is less significant at 56 GHz,
but it grows for about 10 dB and 15 dB at 60 GHz and 64 GHz, respectively. The absorber
can reduce the power of this undesired radiation, but only for about 5 - 10 dB. Important
to notice is that this result is only for the undesired radiation from one bondwire.
The proposed solution to minimize or even remove the effect of undesired radiation
from the switch circuit is by placing the feed network and RF switches on the other side
of the LCP carrier. In Figure 7.27, the measured gain of the switch circuit (i.e. thus not
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Simulated

(a) At 56 GHz.

Simulated

(b) At 60 GHz.
Figure 7.22: Measured radiation pattern (co-pol.) in the 0◦ -plane. The obtained gain only considers the
antenna part (as in Figure 7.9). The insertion losses from the RF switches and feed network are thus
de-embedded.
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meas.
sim.

meas.
sim.

(a)

(b)

Figure 7.23: Measured cross-polarization gain in the 0◦ -plane for θscan = 12.5◦ : (a) 56 GHz and (b) 60
GHz.

Simulated

Figure 7.24: Measured radiation pattern (co-pol.) in the 0◦ -plane at 64 GHz. The obtained gain only
considers the antenna part. The insertion losses from the RF switches and feed network are thus deembedded.
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θ

(d) At 63 GHz.

Figure 7.25: Measured radiation pattern (co-pol.) in the 0◦ -plane for different frequencies. The case
for θscan = 37.5◦ is shown. The obtained gain only considers the antenna part (as in Figure 7.9). The
insertion losses from the RF switches and feed network are thus de-embedded.
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Figure 7.26: Measured radiation pattern of the antenna system when all RF switches are turned off (i.e.
blocked outgoing ports): With (black line) and without (gray line) the absorber on top of the RF switches
and feed network. The measurement fixture (e.g. connector, coaxial cables) is de-embedded. An example
of the simulated gain of the stand-alone bondwire as manufactured is shown in dashed line in figure (c).
The bondwire structure is shown in (a) where hbw = 0.15 mm, lbw = 0.275 mm, and pbw = 0.14 mm.
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On bottom layer
On top layer
On top layer + absorber

Figure 7.27: Measured undesired gain of the switch circuit with mitigation to reduce it, namely (1) putting
absorber and (2) creating the switch circuit on different layer from the antenna. The measurement is
taken in the 0◦ -plane for θscan = 12.5◦ at 60 GHz.

only one bondwire) is shown. In this case, the outgoing ports of Switch cluster 1 in Figure
7.20(b) are closed. The reduction by using the absorber is not significant. However, when
the whole antenna structure is rotated upside down (indicated by the line for ’On bottom
layer’), the reduction of the undesired gain is larger than 10 dB.

7.5.4

Comparison of different multibeam techniques

In Tables 7.7 and 7.8, the comparison of the radiation characteristic of different antenna
techniques to generate multibeam is summarized. The current work (both simulated
and measured performance) is indicated by bold case. The comparison focuses more on
the radiation characteristic of the antenna, such as directivity, SLL, HPBW, scan-angle
resolution, and, finally, the maximum achievable scan range. Whenever it is available,
the directivity is being reported instead of the gain. Using the directivity of an antenna,
a fair comparison between multibeam concepts can be satisfied, regardless the operating
frequency and the used materials.
Because some antenna techniques can have different radiation characteristics for different scan angles, the scan-angle dependence of the radiation pattern is also investigated.
Sometimes, the frequency can be used to intentionally control the scan angle such as the
work in [227]. The last characteristic is not investigated here. Furthermore, the complexity
accounts for, e.g., the complexity of the feed network (or BFN) and radiator arrangement,
sensitivity, and manufacturability.
In Table 7.7, the techniques using, a.o., the dielectric rod, lens, substrate integrated
waveguide (SIW), and leaky-wave structure are reported. In Table 7.8, the techniques
using the horn, phased-array, and sub-array are briefly reported. The four-sided Rotman
lens and slot array with SIW [228] are demonstrated to have a scan range from 0◦ to 360◦ .
However, the radiation characteristic varies from one scan angle to another. The planar
tapered-slot with lens [229] can also achieve ±90◦ with a uniform radiation characteristic
up to 75◦ . However, the complexity of the structure is relatively high. In this work, using
the proposed technique a large scan range is achievable with a relatively simple structure
and almost scan-angle-independent radiation.

Planar tapered-slot w/
lens [229]
Planar tapered-slot w/
SIW [236]
Extended
hemispherical
lens [237]

−10
−9
−30
−7
−18.5
−15
−17.5
−20
<−17.5
−10
−11

10 - 11.5

NA

48

9 - 12

21

21 - 23

13.8 - 18.5

12.9 - 15.8

39.5 - 42

12 - 13.5

30

−15 (sim.)
−12 - −7
(meas.)

16 (sim.)
15.2 - 17
(meas. gain)

Switched-beam w/
conformal rods

Switched-beam w/
tilted rods [230]
Four-sided Rotman
lens [231]
Aperiodic active lens
w/ reflector [232]
Leaky-wave w/
SIW [227]
Coplanar cylindrical
lens w/ SIW [233]
Slot array w/
SIW [228]
Rotman lens slot
array w/ SIW [234]
Cylindrical EBG [235]

SLL [dB]

Directivity
[dBi]

Antenna technique,
[ref.]
24◦ (sim.)
20◦ - 32◦
(meas.)

5◦

36◦

1.4◦ - 1.9◦

54◦

14◦ - 22◦

15◦ - 25◦

30◦

10◦

0.6◦

25◦

<5◦

18◦

15◦

20◦

14◦

15◦

±30◦

±60◦

±90◦

±20◦

±42◦

360◦

±32◦

±56◦

<5◦
16◦

±1◦

360◦

±40◦

±87.5◦

yes

yes

no
yes, up to
75◦

no

no

yes

no

yes

no

no

yes

Maximum Scan-angleindependent
scan
range
radiation

<5◦

15◦

40◦

25◦

HPBW

40◦

Scan-angle
resolution

yes

no

yes

no

yes

yes

yes

no

yes

no

no

no

Complexity
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Table 7.7: Comparison of antenna techniques to generate multibeam: Part I. The proposed technique is
indicated by bold case (observed at 60 GHz).
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Concluding remarks

A conformal array of dielectric rod antennas has been designed and integrated with the 60GHz switches to support switched-beam operation. The summary of the measured result
compared with the design requirement is given in Table 7.9. The practical significance of
the present study, in particular with regard to the uniform radiation characteristic over
scan angles, is emphasized. The maximum gain deviation is < 2 dB between the array
elements. The scan range of this array can reach the scan angle θscan = ±87.5◦ in the
0◦ -plane. A similar performance is also observed at 56 GHz. An almost uniform radiation
characteristic can be achieved for a large scan range (i.e. wide angular coverage) using
the manufactured antenna. In order to avoid the high losses of the switching circuit, a
separate RF transceiver chip for each rod can be used. In addition to that, the issue of
radiation effect from the switch circuit can be avoided.

21 - 22

14

NA

NA

25

12.5 - 13.8

−18 −10

−19

−15;
−13
−15;
−13

−20

−13.5 −11

−15 −8

−9

16
7 - 15

−11

9.8

2 × 3 phased-array
planar [239]
4 × 6 phased-array
planar [240]
6-element
circular-array
planar [62]
2×8
cylindrically-bent
array [214]
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planar [241]
9 × 9 dual-band
planar array [242]
7 × 7 dual-band
planar array [243]
Spherical
deflector [244]
Mechanically-steerable
lens [245]

−9

14 - 17

2 × 2 horn array [238]

SLL [dB]

Directivity
[dBi]

Antenna technique,
[ref.]

20◦ 30◦
20◦ 30◦

15◦ ; 10◦

15◦ ; 10◦

8◦

NA

20◦

20◦

40◦

20◦

HPBW

10◦

15◦

(both) 10◦

(both) 10◦

<5◦

<5◦

30◦

<5◦

30◦

10◦

Scan-angle
resolution

±45◦

±75◦

±60◦

±60◦

±20◦

±60◦

±60◦

±7◦

±45◦

±10◦

no

no

no

no

yes

yes, up to
60◦

no

yes

no

no

Maximum Scan-angleindependent
scan
radiation
range

yes

yes

no

no

yes

yes

no

no

no

no

Complexity
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Table 7.8: Comparison of antenna techniques to generate multibeam: Part II.
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Table 7.9: Design requirements of the multibeam antenna. The measured performance (at 60 GHz, in
the 0◦ -plane) is compared with the requirements.

Parameter
−10-dB impedance
bandwidth
Antenna directivity
HPBW
Scan range
Gain deviation for each
beam
Communication distance

Required value
7 - 9 GHz

Obtained value
55 - 64 GHz (sim.)

>10 dBi
<30◦
Large scan range
<3 dB

16 (meas. gain)
20◦ - 30◦ (meas.)
−87.5◦ - 87.5◦
2 dB (max.)

10 m

Yes, with SN Rmar of 9
dB (see Section 2.5.2)
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Chapter 8
Conclusions
The goal of this Dissertation is to answer the following research questions. First, what
antenna type is the best choice for the wireless-connector application in the mm-wave
frequency band. Secondly, how the propagation through different media can be accomplished using the employed technology. Lastly, how the antenna solution can be extended
for the multibeam application in which a large scan range can be supported.
Before answering the first question, the system level analysis is of great importance and
needs to be performed. Link budget and interference analyses are carefully discussed. For
example, the interference may cause data loss, signal distortion, and LNA malfunction.
Dimensioning of the system to arrive at the specified BER requirement is a major concern
and thus derived. From this, the system requirements for both wireless-connector and
multibeam applications are deduced. For the wireless-connector application, important
antenna parameters such as the isolation and axial ratio of circular polarization have to
be optimized, and different propagation media have to be supported. For the multibeam
application, a large scan range has to be supported with a uniform radiation performance.
Several antenna concepts that have potential to meet the requirements have been studied.
The hybrid concept of the dielectric rod and planar structure is seen to be able to meet
the design requirements.

8.1

Wireless-connector antenna

To first study the wireless connector, the 2.4-GHz small loop antenna has been designed
and manufactured for non-contact data communication. This electrically small loop antenna is intended for a very short distance (i.e. in the nearfield region) application. The
matching circuit has been designed in order to match the antenna impedance with a
2.4-GHz RF-chip impedance. From this first experiment, the bandwidth of the antenna
system is 70 MHz (with the RF-chip’s channel bandwidth of 1 - 2 MHz). Therefore, the
implementation of the wireless connector for high data rates (i.e. >1 Gbps) using the
60-GHz technology is indispensable.
The advantage of using the 60-GHz frequency band, in addition to its free license band,
is its large available bandwidth and small antenna dimensions. The dielectric rod antenna
can thus be used to create a high gain radiation pattern. In comparison to the 2.4-GHz
non-radiative approach, this rod antenna gives an example of a radiative approach for
the wireless-connector application. Circular polarization (CP) can be generated using
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a quadrature branch-line coupler that excites a patch antenna under the rod. Manufacturing tolerances regarding the rod assembly have been tested through measurement
and simulation in this work. Nonetheless, using this CP antenna, the 20-dB isolation
bandwidth is only 1.1 GHz. Therefore, full-duplex communication in the same frequency
channel can only be supported at that particular channel. In order to support the whole
60-GHz ISM band (57 - 66 GHz), a wideband antenna and coupler need to designed.

8.1.1

60-GHz wideband antenna system

Several wideband antenna and coupler structures to generate CP radiation have been
investigated and optimized. The first antenna structure is based on stacked coupled and
lateral parasitic elements. The cascaded coupler with defected ground structure is also
designed and proposed to support the wideband isolation. The isolation can be as high as
20 dB for nearly 8 GHz using this wideband CP rod antenna with one-antenna excitation.
The reflection coefficient is also minimum for those frequencies. The SLL is better than
−10 dB at those frequencies. The gain is similar to the gain of the narrowband antenna but
is reduced to around 11 dBi for higher frequencies, e.g. 64 GHz. Unlike using this TypeA coupler, while the reflection coefficient, gain, and SLL are maintained, the wideband
antenna using the coupler with shunt phase shifter (i.e. Type-B coupler) exhibits a lower
isolation bandwidth. The isolation is larger than 20 dB from 59 GHz to 64 GHz. This
Type-B coupler allows the excitation of the opposite orientation of circular polarization
while the excitation port is the same as in the Type-A coupler (i.e. two complementary
wireless-connector systems). The axial ratio fulfills the design requirement, i.e. <3 dB,
at least up to 63 GHz for those antennas.
Since the antenna system’s limitation for the wireless-connector application is the selfinterference, the Tx-Rx isolation needs to be enhanced further. In the second antenna
structure, the wideband CP rod antenna with two-antenna excitation (i.e. two patch
antennas excite a common dielectric rod) is proposed. Each patch antenna is basically
the wideband antenna with the Type-A coupler explained earlier. With this approach,
the antenna can obtain 30-dB isolation for the whole 9-GHz frequency band. This can
not only improve the signal-to-interference ratio but also prevent the desensitization of
the local LNA. Though these two CP patch antennas are positioned very close (centerto-center distance <0.5λ), the optimized phase cancellation minimizes the coupling. Two
complementary excitation configurations, namely diagonal and horizontal excitation configurations (DEC and HEC, respectively), are proposed. The drawback of this antenna
is its degraded radiation characteristic, especially SLL. The concept overview of the rod
antennas is shown in Table 8.1. As can be seen, the wideband rod antennas with twoantenna excitation have a large isolation over a large bandwidth. Therefore, it is advised
to use this two-antenna excitation concept for the wireless-connector antenna pair.
Manufacturing tolerances reduce the performance of the fabricated antenna structure.
In the presence of these manufacturing tolerances, the use of single-antenna excitation
suffers the issue of a small isolation between the Tx and Rx port. However, the radiation
characteristic remains intact and excellent (and comparable with the simulated result).
The wideband rod antennas with two-antenna excitation, on the other hand, can preserve
the isolation albeit manufacturing tolerances. Nonetheless, some radiation characteristics,
such as the axial ratio and gain, are degraded, particularly at the lower frequencies of the
60-GHz ISM band. These radiation characteristics are, in fact, better for larger frequencies

8.2. End-to-end experiment and propagation through media

257

Table 8.1: Concept overview of the rod antenna excitation for the wireless-connector application., shown
at 61 GHz.

Concept

Narrowband antenna
and coupler
Wideband antenna
with Type-A coupler
Wideband antenna
with Type-B coupler
Wideband antennas
with DEC
Wideband antennas
with HEC

20-dB
isolation
bandwidth
[GHz]
1.1

Gain [dBi]

SLL [dB]

AR [dB]

14.5

−9.5

0.2

7

14.4

−12

2

5

14.3

−14

0.5

>17

8.8 & 12

−5 & −9

3 & 1.5

>17

11.5 & 11

−3.7 &
−8.8

3.5 & 1.5

than the simulated one. Furthermore, the assembly of the rod (i.e. rod position) may
result in a larger SLL.
The investigation of the flip-chip using co-design analysis has been performed. There
is no significant impedance mismatch (and thus reflection) introduced by solder bumps
of this flip-chip process. Moreover, it is observable from the manufactured and assembled
flex LCP board that, due to, a.o., a long dwell time at the peak temperature during
the assembly process, this LCP board slightly bent, and the Under Bump Metallization
(UBM) dissolved. The latter may potentially cause the interface of the solder bumps to
be brittle and crack easily.

8.2

End-to-end experiment and propagation through
media

The end-to-end antenna setup and experiment are devised to test the performance of
the manufactured wireless-connector antennas. The wideband rod antennas with oneantenna excitation are paired (the wideband antenna with Type-A coupler and Type-B
coupler) to test the S-parameters. The wideband antennas with Diagonal Excitation
Configuration (DEC) and Horizontal Excitation Configuration (HEC) have also been
tested and demonstrated. The wideband rod antennas with two-antenna excitation were
found to be superior to the wideband rod antennas with one-antenna excitation, in terms
of the isolation.
For different use cases such as rotation, misalignment, and yaw (or tilt), the antenna
pair is most limited to the yaw. In order to support the yaw case with large angles, a
FDD scheme is needed. This is due to the limited available SIR margin. On the other
hand, the SN Rmar is large in this short-range application. For propagation media other
than free-space, the end-to-end test has also been performed. Except Polystyrene and oil,
propagation media such as plastic, concrete, glass, and water requires the use of matching layer, when full-duplex communication is targeted. The analytical model for layered
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Figure 8.1: Planar structure with FSS ground plane.

dielectric media has been briefly discussed. The model can be used to calculate reflection and transmission coefficients of the matching layers together with the propagation
medium. In this way, the matching layer with its dielectric properties and thickness can
be studied and optimized. For example, with the matching layer, this antenna system
(i.e. wideband rod antenna pair with two-antenna excitation) can support the 60-GHz
signal transmission through pure/distilled water with a thickness of 0.1 mm and still have
a sufficient available SIR for several frequency channels. The test using the matching
layer is demonstrated using a 3-D full-wave CSTr MWS. The matching layer in the final
product of wireless connector can be realized in the cap of the connector.

8.3

Multibeam antenna

Due to its directive radiation pattern, the rod antenna was used to realize a multibeam
antenna. A conformal antenna array has been designed and manufactured. The use of
60-GHz semiconductor RF switches enables the switched-beam operation of this antenna.
The SLL and HPBW are −15 dB and 24◦ , respectively. The maximum gain variation
between the array elements is approximately 2 dB. The major advantage of this array is
that each array element, for a particular scan angle, has a uniform radiation characteristic.
In this way, the beam at the edge of the scan range will not be severely degraded, such
as in the case of a planar patch array. The effect of grating lobe is not present using this
conformal antenna array. It is definitely very advantageous to have a broad scan-range
antenna with uniform performance, remembering that the ITU criterion for an antenna’s
maximum allowed EIRP is determined from how large the maximum gain of an antenna
can be during operation. The antenna is suitable for applications such as future 5G
wireless communication, indoor 802.11ad multimedia streaming, and outdoor mm-wave
backhaul communication.

8.4

Recommendations

In the final product of the wireless connector, an integration of the antenna with the
60-GHz RF chips using flip-chip technology is required. During the flip-chip process, it
is observed that a bend occurs on the populated LCP carriers. A technique, so-called
balancing copper, needs to be incorporated to minimize static bending. However, such
copper can increase the RCS of the antenna system. Therefore, a Frequency Selective
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Surfaces (FSS) technique can be used to act as the balancing copper. An illustration is
given in Figure 8.1. Moreover, the possible causes of the crack during the flip-chip process
need to be further investigated in order to avoid it and produce a high-yield result.
For the conformal rod array, the recommended system architecture is to use a separate
RF transceiver chip for each rod antenna. This can avoid not only the high loss but also
the radiation effect of the switching circuit in the antenna radiation characteristics.

8.5

Impact of research and demonstrators

In the framework of these projects, five prototype antennas have been manufactured.
Four of them are realized at 60 GHz. Moreover, the work described in Chapter 6 was
awarded with an ’Innovation and Entrepreneurship Award’ from EIT ICT Labs, Eindhoven, Netherlands.
The work described in this Dissertation has led to a number of international publications. Furthermore, the research developed within this work has had an important role
at TE Connectivity Nederland B.V. in the framework of the following projects:
•
•
•
•

Contactless Connector Platform LP1 (CCP-LP1),
Contactless Connector Platform LP2 (CCP-LP2),
Transperent High-Speed Bi-Directional Data Link (THIDL), and
Wicon ITEA2 Catrene.

Moreover, one of the designs has been realized into a product.
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Appendix A
Transmission Line
This section will explain the design of the used transmission line in this Dissertation.

A.1

Microstrip line

For W /h ≥ 1 [246], the effective permittivity is expressed as:




εr + 1
εr − 1
1

+
· q
εef f =
 − A,
2
2
12h
1+

(A.1.1)

W

where

• A=

εr −1
4.6

√t/h ,
W /h

• εef f is the effective permittivity of the substrate material,
• εr is the relative permittivity,
• h is the height of the metallic strip from the ground plane,
• W is the width of the strip, and
• t is the thickness of the strip.
The characteristic impedance is given by [22, 246]:
120π
Z0 = √
εef f



Wef f
+ 1.393 + 0.667 · ln
h



Wef f
+ 1.444
h

 −1

,

where the term with the effective width Wef f for W /h ≥ 1/2π is defined as:


Wef f
2h
W
1.25 t
1 + ln
.
=
+
h
h
π h
t

Figure A.1: Structure of the microstrip transmission line.
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(A.1.2)

(A.1.3)
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A.2. Coplanar waveguide line
Table A.1: Dimensions and impedances of the used transmission lines.

A
(1.1 GHz,
less critical)
B
(60 GHz,
critical)
C
(60 GHz,
critical)
D
(60 GHz,
critical)

Impedance
(Ω)

250

Line
separation
[µm]
78

Differential surface
microstrip

120

50

104.1

Single-ended
embedded
microstrip
Grounded coplanar
waveguide
(GCPW)

240

NA

46.5

640

380
(signalground
separation)

48.6

Line type

Line width
[µm]

Differential surface
microstrip

98.5

Figure A.2: Structure of the CPW transmission line.

The effect of the strip thickness t in εef f and Z0 is insignificant for small values of t/h.
However, t is significant on conductor loss in the microstrip line. This copper thickness,
albeit its secondary importance, has to be communicated and agreed by the manufacturer.
Often, the manufacturer will register different copper thickness than requested because
of its availability in their case. This discrepancy will result in the unpredictability of the
conductor loss.

A.2

Coplanar waveguide line

The in-depth analysis of the CPW structure has been summarized in [247]. The characteristic impedance Zchar of the CPW line used in the demonstration board (see Figure
5.68(b)) is 49.9 Ω. The manufactured board has h = 0.701 µm. This results in Zchar =
48.1 Ω.
Table A.2: Dimensions of the single-ended CPW transmission line.

Parameter
W
S
h

Dimension [mm]
1
0.26
0.8

Parameter
t
εr

Value
0.025 mm
4.3

Appendix B
60-GHz RPC-1.85mm Connector
The impedance of the used RPC connector is reported in Figure B.1. During the measurement, the connector is connected to the board (i.e. a board with an open termination)
to see the realistic impedance variation due to the pressure of the connector’s signal
pin/probe onto the board. As expected after 0.2 ns, the steep growing impedance is
caused by the open termination. The transmission line with Zo = 50 Ω is observed before
that open termination. The typical high impedance (due to the inductive behavior) of
the signal probe inside the connector reaches up to 55 Ω, observed at 0.1 ns.
The calibration and measurement in this Dissertation were performed using the RPC
connectors with the ID: #5, #15, #19, and #25. Those selected connectors have an
almost uniform impedance profile which is essential for performing the de-embedding, in
order to remove the systematical, a.o., error, loss, and reflection.
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RPC #1
RPC #2
RPC #3

RPC #6
RPC #7
RPC #8

RPC #4
RPC #5

(a)

RPC #11
RPC #12
RPC #13

(b)

RPC #14
RPC #15

RPC #16
RPC #17
RPC #18

(c)

RPC #19
RPC #20

(d)
60

RPC #24
RPC #25

50

Impedance [Ω]

RPC #21
RPC #22
RPC #23

RPC #9
RPC #10

40
30
20
10
0
−0.1

0

0.1

0.2

0.3

Time [ns]

(e)

(f)

Figure B.1: (a)-(e) TDR characterization of the RPC connectors. Uniques IDs for each connector are
assigned. (f) Few connectors are not in proper condition, e.g. short-circuited.

Appendix C
Comparison of Circular-Polarization
Measurement Methods
The comparison of two measurement methods, namely the three-magnitude method and
the phase-amplitude method, for the circularly polarized (CP) antenna is carried out.
Using the three-magnitude method, the amplitude in the semi-major axis a and semiminor axis b can be obtained (see Figure 4.34), while taking into account the tilt angle of
polarization ellipse. The phase-amplitude method via Eq. (2.23) and (2.24) may overlook
the impact of the ellipse’s tilt angle τ for obtaining the actual maximum and minimum
amplitudes in those axes. This is because the measurement is, most of the time, done for
the standard gain horn (SGH) with 0◦ and 90◦ positions, without finding out the spatial
distribution of field polarization.
The measured radiation pattern of the rod antenna (see Chapter 4) in the presence
of the void, case I (see also Section 4.8.3), using both measurement methods, is given in
Figure C.1(a). It is shown that the measured result using the phase-amplitude method
exhibits a too-optimistic sidelobe pattern (see Figure C.1(a)). Similarly for the case of no
void, the comparison of the radiation pattern is provided in Figure C.1(b).
The three-magnitude method takes into account actual field polarization, especially if
the tilt angle τ of the polarization ellipse is not at 0◦ and 90◦ positions as seen in Figure
4.34. The indication letters A, B, C, and D in Figure C.1(a) represent several elevation
angles in which their polarization ellipses will be investigated.
To find the spatial distribution of field polarization, the orientation of the polarization
ellipse needs to be found. The tilt angle τ of a polarization ellipse is given by [28, 248]:
 

2
b2
1 − e2 1 − G45
 ,

(C.0.1)
tan (2τ ) =
b2
1
1
−
2
e
G0
G90
where e is the eccentricity, and b is the semi-minor axis. G0,90,45 is the gain for 0◦ , 90◦ ,
and 45◦ positions, respectively. Subsequently, the polarization-ellipse level rθs for each
spatial angle θs is described as:
rθ s =



b2
1 − e2 cos2 (θs + τ )

1/2

.

The magnitude at any θs point on the polarization pattern is given by:
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(C.0.2)
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Three-magnitude method
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Figure C.1: Comparison of the measured radiation pattern carried out using different methods for a
circularly polarized rod antenna (see Chapter 4). The measurement is done in the 0◦ -plane at 61 GHz:
(a) In the presence of void, case I, and (b) no void inside the dielectric rod. A, B, C, and D points
correspond to θ = −60◦ , −32◦ , 80◦ , and −26.5◦ , respectively.

Rθs = (a · cos (τ − θs ))2 + (b · sin (τ − θs ))2

1/2

.

(C.0.3)

In Figure C.2(a), the normalized polarization ellipse (using Eq. (C.0.2)) of the antenna’s radiation pattern in Figure C.1(a) is shown for some elevation angles θ. The
polarization ellipse and polarization pattern (using Eq. (C.0.3)) for θ = −26.5◦ are shown
in Figure C.2(b). Taken over the antenna’s radiation sphere for a specific elevation and
azimuth angle, the polarization pattern shows the spatial distribution of field polarization.
For this example, because it has elliptical polarization, the polarization pattern with a
dumbbell shape (with gapped ditches) is obtained. From the polarization ellipse, the axial
ratio and its tilt angle τ can be easily determined.
The tilt angle τ of each polarization ellipse for θ = −60◦ , −32◦ , 80◦ , and −26.5◦ is
−31.9◦ , 36.6◦ , −21.4◦ , and 42.9◦ , respectively. It can be seen that at those elevation
angles, the tilt angle is relatively far from 0◦ and 90◦ positions, while the axial ratio at
each of those elevation angles is >3 dB. At θ = −60◦ , the axial ratio is 11 dB (see Figure
4.40(a)), and its calculated τ is −31.9◦ . Its polarization ellipse is illustrated in Figure
C.2(a).
Eventually, Figure C.3 depicts the comparison for other void scenarios (see Section
4.8.3). It can be seen that the three-magnitude method can provide more accurate sidelobe
pattern. However, the disadvantage of this technique is that, since no phase information
is included, the orientation of circular polarization cannot be determined. In order to
determine this orientation, the phase-amplitude method can be used.
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Figure C.2: 0◦ -plane polarization ellipse and pattern (at any θs ) in the presence of void, case I, at 61
GHz, obtained using the three-magnitude method: (a) Normalized polarization ellipse for some elevation
angles θ. The tilt angle of the polarization ellipse τ for θ = 80◦ is shown. (b) Polarization pattern and
ellipse for θ = −26.5◦ .
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Figure C.3: Comparison of the measured radiation pattern carried out using different measurement
methods for the circularly polarized antenna in Section 4.8.3. The measurement is done in the 0◦ -plane
at 61 GHz: (a) In the presence of voids, case II, (b) case III, and (c) case IV.
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Appendix D
Demonstration Board
The schematics of the demonstration board will be presented. The WiGigTM schematic
is described in Figure D.1. The ASK (or OOK) schematic is basically similar to the
WiGigTM schematic and has the difference only in the Tx baseband I and Q paths. This
difference is shown in Figure D.2. It can be seen that the DC input is provided to give a
voltage level for, e.g., OOK-modulated input signal.
The power part and VRM are shown in the schematic in Figure D.3. Bias voltages 0.9
V, 1.1 V, 1.8 V, and 3.3 V DC are supplied to the chips and other board functionality.
For example, the crystal oscillator and voltage translator (GTL) require +3.3 V DC.
The schematic of the module board is shown in Figure D.4. The module board for onechip and two-chip approach is basically similar, but the latter has more routing traces
because of the presence of the second chip. This second chip is dedicated for the Rx
operation (while the first chip is for the Tx operation). Moreover, it can be seen that the
ZIF connector exists in both demonstration and module board schematics.
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aitssuoR.W.M

Figure D.1: Schematic of the demonstration board for the WiGigTM implementation.

Appendix D. Demonstration Board

Figure D.2: Schematic of the Tx-input part for the ASK (or OOK) implementation.

Figure D.3: Schematic of the power regulator.
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(a) One-chip approach for the Tx/Rx operation.

(b) Two-chip approach for Tx/Rx operation.
Figure D.4: Schematic of the (flex) module boards.

Nomenclature
Acronyms
2-D
3-D
3WB
5G
8-PAM
ADC
Al2 O3
AR
ASIC
ASK
AWGN
BER
BFN
BT
B.V.
CMOS
CMRR
CP
CPW
CSAM
CSTr MWS
CSTr DS
CTE
DC
DEC
DGS
dBsm
EBG
EIRP
EM
EMC
ENEPIG
ENIG
ESA
F-Parameters

Two-Dimensional
Three-Dimensional
Three Wire Bus
Fifth Generation Wireless Systems
8-Pulse Amplitude Modulation
Analog-to-Digital Converter
Aluminium oxide or Alumina
Axial Ratio
Application-Specific Integrated Circuit
Amplitude Shift Keying
Additive White Gaussian Noise
Bit Error Rate
Beam Forming Network
Bismaleimide triazine
Besloten Vennootschap
Complementary Metal-Oxide Semiconductor
Common Mode Rejection Ratio
Circular Polarization
Coplanar Waveguide
Confocal Scanning Acoustic Microscopy
Computer Simulation Technology - Microwave Studio
Computer Simulation Technology - Design Studio
Coefficient of Thermal Expansion
Direct Current
Diagonal Excitation Configuration
Defected Ground Structure
dB(m2 )
Electromagnetic Band Gap
Effective Isotropic Radiated Power
Electromagnetic
Electromagnetic Compatibility
Electroless Nickel Electroless Palladium Immersion Gold
Electroless Nickel Immersion Gold
Electrically Small Antenna
Active Scattering Parameters
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Nomenclature
FBW
FDD
FDTD
FEXT
FFT
FIT
FPC
FR-4
FSS
GaAs
Gbps
GCPW
GFSK
GHz
GP
HDTV
HE11
HEC
HPBW
I
IC
ID
IEEE
IFFT
IMD
ISM
LCP
LHCP
LNA
LO
LOS
LP
LTCC
Mbps
MEMS
MgAl2 O4
MGE
MgF2
Mg2 TiO4
MHz
MUT
NEXT
NLOS
ns
OOK
PA
PC

Fractional Bandwidth
Frequency-Division Duplex
Finite-Difference Time-Domain
Far-End Crosstalk
Fast Fourier Transform
Finite Integration Technique
Flexible Printed Circuit
Flame Retardant-4
Frequency Selective Surfaces
Gallium arsenide
Gigabit per second
Grounded Coplanar Waveguide
Gaussian Frequency Shift Keying
Giga Hertz
Ground Plane
High-Definition Television
Hybrid mode
Horizontal Excitation Configuration
Half-Power Beamwidth
Inphase
Integrated Circuit
Identification
Institute of Electrical and Electronics Engineers
Inverse Fast Fourier Transform
Intermodulation Distortion
Industrial, Scientific, and Medical
Liquid Crystal Polymer
Left-Hand Circular Polarization
Low Noise Amplifier
Local Oscillator
Line-of-Sight
Linear Polarization
Low-Temperature Co-fired Ceramic
Megabit per second
Microelectromechanical System
Magnesium aluminate or spinel
Maxwell’s Grid Equation
Magnesium fluoride
Magnesium titanate
Mega Hertz
Material Under Test
Near-End Crosstalk
Non Line-of-Sight
nano second
On-Off Keying
Power Amplifier
Personal Computer

Nomenclature
PCB
PI
PML
PMP
ppt
ps
PTFE
Q
QAM
Q factor
QPSK
RCS
RF
RFIC
RHCP
RMS
RPC
Rx
SAC
S-Parameters
SGH
Si
Si3 N4
SiO2
SIW
SLL
SMD
SPDT
SPNT
TDD
TDR
TE
THIDL
TL
TPX
TRL
TRP
TU/e
Tx
UBM
VNA
VRM
WiGigTM
ZIF
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Printed Circuit Board
Polyimide
Perfectly-Matched Layer
Polymethylpentene
part per trillion
pico second
Polytetrafluoroethylene
Quadrature
Quadrature Amplitude Modulation
Quality factor
Quadrature Phase Shift Keying
Radar Cross Section
Radio Frequency
Radio Frequency Integrated Circuit
Right-Hand Circular Polarization
Root Mean Square
Rosenbergerr Precision Connector
Receiver
SnAgCu
Scattering Parameters
Standard-Gain Horn
Silicon
Silicon nitride
Silicon oxide or Quartz
Substrate Integrated Waveguide
Sidelobe Level
Surface-Mounted Device
Single-Pole Double-Throw
Single-Pole N-Throw
Time-Division Duplex
Time-Domain Reflectometry
Transverse Electric
Transparent High-Speed Bi-Directional Data Link
Transmission Line
see PMP
Through Reflect Line
Total Radiated Power
Eindhoven University of Technology
Transmitter
Under Bump Metallization
Vector Network Analyzer
Voltage Regulator Module
Wireless Gigabit
Zero Insertion Force
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Nomenclature

Symbols
a
â
Aef f
an
ARa
ARw
b
b
B
~ B
~
(B),
bn
C
C
CM
Cn
Cs
d
D
~ D
~
(D),
dd−d
ddip
dmax
dµv
dmis
dtip
e
e
~ ~
(E),
E
Eb
Eb /No
E h , E 0◦
Eh
ELHCP
ERHCP
Ev , E90◦
Ev
Ey
F
fc
fo
G0,90,45
GLHCP
GRHCP
Gr

Semi-major axis in polarization ellipse
[−]
Unit normal vector
[−]
Effective aperture
[m]
Incident wave at port n
[V/m]
Axial ratio of receiving Antenna
[−]
Axial ratio of transmitted Wave
[−]
Semi-minor axis in polarization ellipse
[−]
Magnetic facet flux
[Vs/m2 ]
Bandwidth
[Hz]
(Time-harmonic), magnetic flux density vector
[Vs/m2 ]
Reflected wave at port n
[V/m]
Capacitance
[F]
Discrete curl operator
[−]
Mutual capacitance
[F]
Capacitance of capacitor with index n
[F]
Spectral efficiency or capacity
[bits/s]
Electric facet flux
[As/m2 ]
Directivity
[dBi]
(Time-harmonic), electric flux density vector
[As/m2 ]
Pitch distance between interconnecting die pads
[mm]
Length of small dipole
[mm]
Maximum dimension of antenna
[mm]
Pitch distance between microvias
[mm]
Misalignment distance
[mm]
Tip-to-tip rod distance; or distance from rod tip
[mm]
Eccentricity
[−]
Electric grid voltage
[V/m]
(Time-harmonic), electric field strength vector
[V/m]
Energy per bit
[dBm]
Energy per bit to noise power spectral density ratio or SNR per
[dB]
bit
Horizontal component E-field amplitude
[V/m]
Instantaneous horizontal component E-field amplitude
[V/m]
LHCP component E-field amplitude
[V/m]
RHCP component E-field amplitude
[V/m]
Vertical component E-field amplitude
[V/m]
Instantaneous vertical component E-field amplitude
[V/m]
y-component E-field amplitude
[V/m]
Noise figure
[dB]
Center frequency
[GHz]
Operating frequency
[GHz]
Gain for 0◦ , 90◦ , and 45◦ positions, respectively
[dBi]
Left-hand circularly-polarized gain
[dBi]
Right-hand circularly-polarized gain
[dBi]
Rx antenna gain
[dBi]

Nomenclature
Gtot
Gt
h
~ H
~
(H),
hac
hbw
hµv
I
Iext
Iself
j
j
~
(~
J), J
k
K
L
La
lbw
lgp
Ln
ltl
ltrunc
M
~
(M),
~
M
Mn
Mε
Mκ
Mµ
n
N
nint
nmed
No
Pb
pbw
PG
P GEl
P GEu
P GHl
Pin , Pt
PL
P L(R0 )
Pr
Prad

Total realized gain
Tx antenna gain
Magnetic grid voltage
(Time-harmonic), magnetic field strength vector
Chip height from carrier surface after assembly
Bondwire’s arc height
Microvia height
Interference signal power
External interference signal power
Self
√ interference signal power or cross-talk power
−1
Discrete electric current density
(Time-harmonic), electric current density vector
Propagation constant
Coupling factor
Inductance
Inductance of small loop
Bondwire’s bridging length
Extrusion length of ground plane
Inductance of inductor with index n
Transmission-line length
Truncation length of patch antenna
Mutual inductance
(Time-harmonic), magnetic current density vector
(Mutual) coupling coefficient with index n
Discrete permittivity
Discrete conductivity
Discrete permeability
Path-loss exponent
Noise power
Number of external-interference sources
Refractive index of medium
Background noise
Bit error probability or BER
Position of arc maximum of bondwire
Path gain
(Nearfield) path gain of like electric-electric antenna
(Nearfield) path gain of unlike magnetic-electric (or vice versa)
antenna
(Nearfield) path gain of like magnetic-magnetic antenna
Accepted antenna input power or transmitted power
Path loss
Average path loss at reference distance R0
Received power at receiver (see also S)
Total radiated power
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[dBi]
[dBi]
[A/m]
[A/m]
[mm]
[mm]
[mm]
[dBm]
[dBm]
[dBm]
[−]
[A/m2 ]
[A/m2 ]
[−]
[−]
[H]
[H]
[mm]
[mm]
[H]
[mm]
[mm]
[H]
[V/m2 ]]
[−]
[F/m]
[S/m]
[H/m]
[−]
[dBm]
[−]
[−]
[dBm/Hz]
[−]
[mm]
[dB]
[dB]
[dB]
[dB]
[dBm]
[dB]
[dB]
[dBm]
[dBm]
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Psens
q
Q
R
R0
Ra
Rdip
Rf f
Rint
Rloss
Rloss_dip
rmn
Rn
Rprst
rθ s
Rθ s
R(θ, φ)
smn
S
S
SCCmn
SCCnn
SCDmn
Scsmn
SDDmn
SDDnn
Sdsmn
SIN R
SIR
SIRmar
SIRreq
SIRself
Sloop
Smn
Snn
SN R
SN Rmar
SN Rreq
t
T
tmatch

Nomenclature
Receiver sensitivity
Discrete electric charge density
Quality factor
Distance between transmitter and receiver
Reference distance, usually at 1 meter
Radiation resistance of small loop
Radiation resistance of small dipole
Farfield distance
Interference distance
Dissipative (loss) resistance of small loop
Dissipative (loss) resistance of small dipole
Reflection coefficient from medium n to m
Resistance of resistor with index n
Series parasitic resistance
Polarization-ellipse level for each spatial angle θs
Magnitude of polarization-ellipse level for each spatial angle θs
Radiation pattern
Total incident wave on mn medium boundary
(Received) signal power at receiver (see also Pr )
Discrete divergence operator
Common-mode transmission coefficient (from port n to port m)
Common-mode reflection coefficient (from port n to port n)
Conversion-mode (e.g. differential at port n to common-mode at
port m) transmission coefficient
Transmission coefficient of single-ended-mode at port n to
common-mode at port m
Differential-mode transmission coefficient (from port n to port m)
Differential-mode reflection coefficient (from port n to port n)
Transmission coefficient of single-ended-mode at port n to
differential-mode at port m
Signal-to-Interference-Noise Ratio
Signal-to-Interference Ratio
Available SIR margin
Required SIR
SIR, only considering the cross-talk interference
Encircling loop area
Transmission coefficient (from port n to port m) (i.e. mutual
coupling, NEXT, FEXT, −(isolation), −(insertion loss))
Reflection coefficient (at port n ) (i.e. mutual coupling, NEXT,
FEXT, −(isolation), −(insertion loss))
(output) Signal-to-Noise Ratio
Available SNR margin
Required SNR
Time
Temperature
Thickness of matching layer

[dBm]
[As/m3 ]
[−]
[m]
[m]
[Ω]
[Ω]
[m]
[m]
[Ω]
[Ω]
[−]
[Ω]
[Ω]
[V/m]
[V/m]
[dBi]
[−]
[dBm]
[−]
[dB]
[dB]
[dB]
[dB]
[dB]
[dB]
[dB]
[dB]
[dB]
[dB]
[dB]
[dB]
[mm2 ]
[dB]
[dB]
[dB]
[dB]
[dB]
[s]
[K]
[mm]

Nomenclature
tmed
T n , tn
tan δ
U (θ, φ)
X
XL
Z
Zin
Zl
Zmn
Znn
Zo
Zs
Γant
Γpol
ε

Thickness of propagation medium
Transmission coefficient with index n (see also Smn )
Loss tangent
Power radiated per unit solid angle
Reactance
Inductive reactance
Impedance, intrinsic impedance
Input impedance
Load impedance
Open-circuit transfer impedance (from port n to port m)
Open-circuit input impedance (at port n)
Characteristic impedance, intrinsic free-space impedance
Source impedance
Antenna mismatch
Polarization loss
Permittivity

εo

Vacuum permittivity = 8.854... · 10−12

εef f
εr , ε′r
ε′′r
ηrad
ηtot
θ
ϑ
θel
θcom
θs
θscan
θy
κ
λ
λg
µ

Effective permittivity
Relative permittivity
Loss factor
Radiation efficiency
Total (antenna) efficiency
Elevation angle
Relative orientation between polarization ellipses
Array-element angle
Common phase delay
Spatial angle
Scan angle
Yaw angle
Conductivity
Wavelength
Guided wavelength
Permeability

µo

Vacuum permeability = 4π · 10−7

µr
π
ρa
ρe
ρm
ρw
σ
τ
φ

Relative permeability
≈ 3.14159
Circular polarization ratio of receiving antenna
Electric charge density
Magnetic charge density
Circular polarization ratio of transmitted wave
Standard deviation of P L(d0 )
Tilt angle of polarization ellipse
Azimuth angle
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[mm]
[−]
[−]
[dBm]
[Ω]
[Ω]
[Ω]
[Ω]
[Ω]
[Ω]
[Ω]
[Ω]
[Ω]
[−]
[dB]
[A · s/(V · m)]
or [F/m]
[A · s/(V · m)]
or [F/m]
[−]
[−]
[−]
[%]
[%]
[◦ ]
[◦ ]
[◦ ]
[◦ ] or [rad]
[◦ ]
[◦ ]
[◦ ]
[S/m]
[m]
[m]
[V · s/(A · m)]
or [H/m]
[V · s/(A · m)]
or [H/m]
[−]
[−]
[−]
[As/m3 ]
[Vs/m3 ]
[−]
[dB]
[◦ ]
[◦ ]
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Nomenclature
φr
ω
/ loop
O
/ void
O

Roll angle
Angular frequency
Loop diameter
Void cross-section diameter

[◦ ]
[rad/s]
[mm]
[mm]
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